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I. INTRODUCTION 

The fifth-generation (5G) network has been being rolled out 

and has exhibited a remarkable performance, such as a higher 

data rate, larger network capacity, lower latency, and ubiquitous 

mobile coverage, compared to its predecessors [1]; however, the 

exponential growth in data usage demand and the number of 

wireless devices creates new challenges for the 5G network as 

well as the next-generation networks [2]; especially, in the era of 

Internet of Things (IoT), this problem becomes more critical. 

Numerous technical efforts have been done for enlarging the 

network’s capability and enhancing the quality of service toward 

advanced communication applications. For instance, massive 

multiple-input-multiple-output (MIMO) technology, which 

uses a large number of antennas to achieve higher coverage and 

capacity, was introduced. A large millimeter-wave (mmWave) 

spectrum band is exploited to allow high-speed connectives and 

high network capacity. Moreover, non-orthogonal multiple ac-

cess (NOMA), which uses a power-domain multiplexing tech-

nique to accommodate several users within an orthogonal re-

source block, showed a significant improvement in spectrum 

efficiency [3]. 

Recently, the intelligent reflecting surface (IRS), which is ca-

pable of reflecting electromagnetic waves with a controllable 

phase-shift and direction, has emerged as a promising technique 

to realize a smart and programmable wireless environment [4]. 

The key idea of the IRS is based on special electromagnetic 

properties on repetitive artificial subwavelength structures [5]. 

For convenience in manufacturing and deployment, the IRS 

consists of a large number of independent reflecting tiles (RTs)  
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Abstract 
 

The intelligent reflecting surface (IRS) is expected to be a promising technique to achieve a robust spectrum and energy efficiency. This 

paper investigates the advantages of IRS in enhancing performance of non-orthogonal multiple access (NOMA) communications in the 

presence of imperfect successive-interference-cancellation (SIC) and phase distortion (PD) caused by a non-ideal IRS. Specifically, aver-

age achievable rates (AARs) of the users are the target performance metrics. For performance evaluation, the probabilistic characteriza-

tions of signal-to-interference-plus-noise ratios (SINRs) at the users are studied. These results allow for deriving the theoretical formulas 

for the AAR. Monte Carlo simulations are adopted to verify the accuracy of these theoretical results. The numerical results show the ef-

fects of various key system parameters, such as source transmit power, NOMA power allocation (PA) factors, reflecting tile (RTs) alloca-

tion, the SIC imperfection factor, and the PD factor, on the AAR that provide useful information for the system’s design. 
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that are interconnected and controlled by a programmable con-

troller. To verify the advantages of the IRS, the performance of 

IRS-aided wireless systems has been studied. The works on 

IRS’s physical channel modeling and channel estimation were 

done in [6–8], allowing for a performance evaluation of IRS-

aided communication systems. In [9–12], the authors proposed 

potential applications of the IRS in various communication sys-

tems, such as wireless powered networks, secure communica-

tions, terahertz communications, cognitive radio systems, and 

MIMO systems, and showed that these systems gain a signifi-

cant improvement in performance. 

In this paper, we study the advantages of the IRS on enhanc-

ing performance of a practical indoor NOMA communication 

with imperfect successive-interference-cancellation (SIC) and in 

the presence of phase distortion (PD) caused by a non-ideal IRS. 

Unlike other approaches, where extravagant state variations are 

required at the IRS, our approach evaluates average performance 

metrics, i.e., the average achievable rates (AARs) at users, to 

significantly reduce IRS’s state variations, hence achieving ro-

bust power efficiency. First, we adopt a novel channel model 

proposed for indoor IRS-aided wireless communications in [10] 

to derive the signal-to-interference-plus-noise ratios (SINRs) 

for each signal at each user. Next, we study the distribution char-

acterization of relevant performance metrics. Finally, the theo-

retical AAR formulas can be obtained using the above results. 

Numerical results are presented for analysis verification and per-

formance evaluation. Moreover, these results point out the ef-

fects of system parameters, such as source transmit power, 

NOMA power allocation (PA) factors, RT allocation, the PD 

factor, and the SIC imperfection factor, on system performance. 

The rest of this paper is organized as follows. The system and 

channel models are described in Section II. The SINR’s distri-

bution and theoretical AAR formulas are studied in Section III. 

Numerical results and discussions are presented in Section IV. 

Finally, conclusions are presented in Section V. 

Notation: Rice(Ω, 𝐾)  denotes the Rice distribution with 

scale parameter Ω and shape parameter K; 𝐶𝑁(0, 𝛿 ) denotes 

the complex Gaussian distribution with zero mean and variance 𝛿 ; 𝔼 ∙  is the expectation of a random variable (RV) X. 

II. SYSTEM AND CHANNEL MODELS 

We consider an IRS-aided NOMA communication, as illus-

trated in Fig. 1, in which a source S communicates with two 

users, a near user 𝑈  and a far user 𝑈 , with the help of an IRS 

attached to a wall. All nodes are single-antenna devices. The 

NOMA technique is used for data transmission for the users. 

The IRS includes N RTs, 𝑅 , 𝑛 = 1, … , 𝑁, and each RT is a 

reconfigurable metasurface and can independently direct the 

signal to a user under the control of a programmable controller. 

The channel model proposed for indoor IRS-aided wireless 

communications in [10, 13] is adopted to characterize the wire-

less channels of our system. For instance, the received signal at 𝑈 , 𝑚 ∈ 1,2, comprises of (i) the signals propagating over the 

line-of-sight (LoS) (or the direct link) and reflecting links, both 

are the dominant links, and (ii) scattering signals caused by mul-

ti-path fading or multiple reflections on the IRS. Let ℛ  be 

the set of RTs allocated to 𝑈 , m = {1, 2}; hence, the channel 

between S and 𝑈  is expressed as 
 ℎ = ℎ + ℎ + ∑ ℎ∈ℛ ,        (1) 

 

where ℎ  and ℎ  are channel coefficients for the LoS 

link between S and 𝑈  and for the reflecting link between S 

and 𝑈  via 𝑅 , i.e., the 𝑆 − 𝑅 − 𝑈  link, respectively, and ℎ ~𝐶𝑁(0, 𝛿 ) is the channel coefficient representing the 

effect of multi-path fading and/or multi-reflection on the RTs. 

Let 𝐺 (𝜃, 𝜙) and 𝐺 (𝜃, 𝜙), respectively denote directivi-

ty patterns of the transmit antenna of S and the receive antenna of 𝑈  where 𝜃 and 𝜙 are respectively the zenith and azimuth 

angles. For given locations of S and 𝑈  and given antenna’s 

orientations, we can calculate the values for 𝜃 and 𝜙, hence 

obtaining the values for transmit/receive directivities for wireless  

links. Let 𝐺 → ≜ 𝐺 (𝜃 , 𝜙 ) be the transmit directivity for the 

link from S to a given point X, and let 𝐺 → ≜ 𝐺 (𝜃 , 𝜙 ) 

be the receive directivity for the link from a given point Y to 𝑈 . 

Using these transmit/receive directivities and the free-space path  

loss (FSPL) model, we can determine ℎ  and ℎ  as 
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Fig. 1. The system model. 
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where  and  are the loss factors for the FSPL 

model with the wavelength 𝜆 ; 𝑑  is the distance between S 

and 𝑈 ; 𝑑 = 𝑑 + 𝑑  is the distance of the 𝑆 −𝑅 − 𝑈  link; 𝑑  and 𝑑  are the distances between S 

and 𝑅  and between 𝑅  and 𝑈 , respectively; R
RR

n
nn

je ϕβψ =  

is the reflecting coefficient of 𝑅  with 𝛽 ≤ 1 and R [0,2 )
n

ϕ π∈ ; 

and SU

0

2
SU

m
m

dπ
λϕ =  and 

SR U

SR U 0

2 mn

mn

dπ
λϕ =  are the phase shifts 

caused by wave propagation over the distances 𝑑  and 𝑑 . 

As shown in (1), ℎ  is a Rice distributed RV. Let h ∼ 

( )Rice , KΩ  be a general Rice distributed RV, then the cumu-

lative distribution function (CDF) of 2| |h  is expressed as [10]: 
 

( ) ( )0
0

, ,; 1 kx
k

k
F x K e xμ μ

∞
−

=

Ω = − B
          (4) 

 

where 2
Fadμ σ −=  and ( )1

!0
1 !ikK K

k ii
e k−−

=
= − B . 

Next, we study the effect of PD caused by non-ideal RTs on 

the received signal at the users. Regarding the NOMA principle, 

S transmits a combined signal 1 1 1 2Sx x xα α= +  to the 

users where 2
1 1 0{| | } ,,x x P=E  and 2

2 2 0{| | } ,,x x P=E  are 

respectively the desired signals for 𝑈  and 𝑈 ; 𝛼  and 𝛼  are 

the PA factors of NOMA satisfying 𝛼  + 𝛼  = 1. When xs is 

reflected from the RTs, the PD caused by the non-ideal RTs 

make it distorted. The effect of non-ideal hardware on system 

performance has been widely studied in [14–16] and is charac-

terized as a complex Gaussian noise PD
R R 0 )~ (0,

n n
Pκ τCN  with 

the PD factor 𝜏 ≪ 1. Using (1), the received signal for 𝑈  

in the presence of PD is given by 
 

LoS Fad Ref
SR U

R

ˆ ,
n m

n m

mm s sm s my h x h x h x n
∈

 
= + + +  

 


R        (5) 

where 𝑛  ~ 𝐶𝑁(0, 𝑁 ) is the additive white Gaussian noise 

(AWGN) at the receive antenna, and 𝑥 ≜ 𝑥 1 − 𝜏 + 𝜅  

is the distorted signal reflected on 𝑅 . The factor 1 − 𝜏   

is the power-constraint factor for guaranteeing 𝔼 |𝑥 | =𝔼 |𝑥 | = 𝑃 , or equivalently, the IRS does not add any power 

to the reflected signal. We can rewrite (5) as 
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It is seen from (6) that ˆ ˆ ˆ~ Rice( , )m m mh KΩ  is still a Rice 

distributed RV, and  2
0 PD~ (0, )mn N σ+CN  is the total noise 

including the AWGN and the noise caused by the PD. The 

values for ˆ ˆ,m mKΩ , and 2
PDσ  are calculated as the follows. 

The phase shift of each RT, i.e., 𝜑 , plays an important 

role in system performance. It defines whether the received sig-

nals at Um via the dominant links are constructive or destructive. 

Let us consider the distance-propagation phase shift of the LoS 

link, i.e, 𝜑 , as the standard reference in the phase shift at 𝑈 , the signal-combining phase shift denoted by 𝜑 , which 

measures the difference between the distance-propagation phase 

shift on the S-Rn-Um link and 𝜑 . 𝜑  is calculated as 

follows [17]. 
 𝜑 = mod(𝜑 + 𝜑 − 𝜑 , 2𝜋).     (7) 
 

Using 𝜑 , Rn
ψ , Fad

mh , and the formulas for channel coeffi-

cients 
LoS
mh  and 

Ref
SR Un m

h  (given in (2) and (3)), we can calculate  Ω  

and  𝐾  using a similar approach in [10]: 
 Ω = 𝜎 + → → +

∑ → →∈ℛ𝓂 +
∑ → →∈ℛ𝓂 ,

    (8) 

 𝐾 = Ω /σ .                  (9) 

 

Then, using the fact that the sum of independent complex 

Gaussian RVs is a complex Gaussian RV with its variance being 

the sum of all variances, we can calculate 
2
PDσ  as 

 σ , = ∑ → →∈ℛ𝓂 .
    (10)

 

 

III. SINR DISTRIBUTION CHARACTERIZATION AND  

AVERAGE ACHIEVABLE RATE ANALYSIS 

For convenience in analyzing the SINRs, we rewrite (5) as 
 

 1 1 2 2( .ˆ)ˆ
m m my h x x nα α= + +              (11) 

 

According to the SIC principle of NOMA, the SINRs for 

the signal 𝑥  at both users, i.e., 𝑈 , m = {1, 2}, are given by 
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where 2
0 0 PD,( ),m mNPγ σ= +  and the SINR for the signal 𝑥  

at 𝑈  is given by 

 2
1 1

2
1 2

1 .
1

| |
| |

X h
g

γ α
γ α+

=
           (13) 

 

Using Shannon’s law, we can calculate the achievable rates 

(also known as the ergodic capacities) in bits/s/Hz for the signal 𝑥  at both users as 
 

 ( )2 2log 1 ,R Y= +                  (14) 
 

and for the signal 𝑥  at 𝑈  as 

( )
1 11 | 2log 1 ,x UR R X= = +               (15) 

 

where ( )1 2min ,Y Y Y=  is the condition for guaranteeing suc-

cessfully decoding 𝑥  at both users (note that 𝑈  must decode 𝑥  before decoding its information 𝑥 ), and ( )ImSIC~ 0,g λCN  

in (13) represents the residual signal of 𝑥  caused by the im-

perfect SIC receiver at 𝑈  with variance { }1

2
SICIm SU| |hλ ζ= E  

and the SIC imperfection factor ζ ≤ 1.  

Proposition 1. The CDF of X denoted by ( ) ( )PrXF t X t= <  

is approximated as 
 

 

( )

( )
( )( )

1
1

0

11

1

1, ,

X k
k

k

k

F t e

t k t
t

ηρ

η
η

ρ

ρ

∞

=

+

= −

× Γ + +
+

B

      (16) 
 

where 1 )(m mρ μ α γ= , and ImSIC 1 2( )λ α μαη = . 

Proof. The approximate CDF of X is calculated as FX (t)  

 ( )( )2 2
1 1 11 2| | | |r 1 ( )P h g tγ α γ α+≈ < . Using the probability density 

function (PDF) of the exponential distribution given by 

( ) ( )2 ImSIC ImSIC| |
exp

g
f t tλ λ= −  and (4), we obtain ( )XF t  via 

solving the following equation. 
 𝐹 (𝑡) = λimSIC∞ e imSIC F 1γ α (1 + γ α x)t; Ω , K dx = 1 − η ∑ ℬ∞ (ρ ) e t 𝑒 ( ) 𝑦 dy∞ ,    (17) 

 

Using [18, Eq. (3.381.3)] and some manipulations, we obtain 

(16). The proof for Proposition 1 is completed. □ 

Proposition 2. The CDF of Y denoted by ( ) ( )PrYF t Y t= <  

is equal to one if 2 1 ,t α α>  and otherwise, it is calculated as 
 𝐹 (𝑡) = 1 − 1 − 𝐹 𝑡𝛾 (𝛼 − 𝑡𝛼 ) ; Ω , 𝐾  × 1 − 𝐹 ( ) ; Ω , 𝐾            

(18)
 

Proof. Since ( )1 2min ,Y Y Y= , we can rewrite ( )YF t  as 

( ) ( ) ( )1 21 Pr PrY t tF t Y Y>= − > . Then, substituting (4) into it 

yields (18). The proof for Proposition 2 is completed. □ 

Using Propositions 1 and 2, we can obtain the theoretical re-

sults for AARs as follows. 

Proposition 3. The theoretical AAR expressions for the signals 𝑥  and 𝑥  are respectively given in the equations (19) and (20) 

shown in the top of the next page, where ( ) ( )1, 2, 1 20

k q k q
k q k qq

γ γ− − +
−=

=C B B . 

( ) ( )( )
( )( )11 110
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1 1,
ln 12
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t t
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+
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              (19) 

( ) ( )( )
( )

2 1
1 2 2 1

2
0 0 2 1

1
ln 2 1

t
t

k
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k k
k

tC e dt
t t

μ μ
γ γ α α

α α

μ
α α

−
 + ∞ − 
 

=

=
+ −

 C

       
(20) 

Proof. According to [19], the AAR for the signal 𝑥 , m = {1, 

2}, is calculated as 
 

 
{ } ( )

( )
0

11 .
ln 2 1

m
m m

F t
C R dt

t

+∞ −
= =

+E
         (21) 

 

Substituting (16) and (17) into (21) and using some manipu-

lations, we can obtain (19) and (20). The proof for Proposition 

3 is completed. □ 

IV. NUMERICAL RESULTS AND DISCUSSION 

In this section, we present the numerical results for the AAR 

and discuss the effect of different key parameters on it. The the-

oretical results are derived for a general system, such as any type 

of transmit/receive directivity of the device antennas, frequency, 

wireless indoor environment, and device locations. For the sim-

ulation, we chose a specific setup for our system. Without loss 

of generality, we set the phase shifts of the IRS as nRϕ =  

SR R U SU 0 02 mod ,( )
n m mn

d d dπ λ λ× + − to gain the strongest re-

ceived signal strengths (RSSs) at the users, 0.9
nRβ =  and 

0.1
nRτ =  where col1, , 2n N= … . The coordinate setups are 

shown in Fig. 2, and the setup of other parameters is listed in 

Table 1 [20]. The transmit antenna is a half-wavelength dipole 

with its orientation illustrated in Fig. 2, and its directivity pat-

tern is given in Table 1. The receive antennas have the same 

directivity for all directions. The numerical results include the 

theoretical AARs obtained using (19) and (20), and the simula-

tion results are obtained by evaluating a simulation system using 

MATLAB. The good match between the theoretical and the 

simulation results confirms the accuracy of our study. 

In Fig. 3, we show the advantage of using the IRS to assist 

NOMA communication via examining a simple IRS, includ-

ing 2 RTs. We consider four possible cases denoted by  
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1 2 1 2IRS[ , ], , {1,2},m m m m ∈  which indicates that the first and 

the second RTs are allocated to 𝑈  and 𝑈 , respectively. 

The AARs for 𝑥 , 𝑥  and total AAR, 𝐶̅ = 𝐶̅ + 𝐶̅ , for the 

ideal-IRS scenario (without the presence of the PD) are shown 

in Fig. 3(a)–3(c), respectively, and those of the non-ideal-IRS 

scenario (with the presence of the PD) are shown in Fig. 3(d)–

 

 
(a)                         (b)                           (c) 

 
(d)                         (e)                           (f) 

Fig. 3. The results of the system’s capacities for the ideal-RT scenario: (a) AAR for signal x1, (b) AAR for signal x2, and (c) total AAR. For 

the non-ideal-RT scenario: (d) AAR for signal x1, (e) AAR for signal x2, and (f) total AAR. 

 

 
Fig. 2. The coordinate setups for the simulation. 

 

Table 1. Parameter setups for the simulation 

Parameter Value

Frequency (GHz) f0 = 6

Size  

IRS (row × column) 2 × Ncol RT

RT (m2) 0.5 × 0.5

PD factor 𝜏 = 𝜏 = 0.1
Transmit power (dBm) PS = 0

Fading & AWGN (dBm) 𝜎 , 𝑁 = {-68.7, -70} 

SIC receiver ζ = 0.04

Tx-antenna setup Orientation: S S{ {20 , 0 }, }θ ϕ = ° ° . 

  ( )3

S( , ) 1.67sinG θ φ θ= [20, Eq. (2-18)].

Note that 𝜃 is the angle between the antenna-orientation vector and

the vector from S to the considered point.  is not important, so we 

do not consider its value. 
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3(f), respectively. The AARs are displayed as increasing func-

tions of 𝑃 . Without the IRS, the received signal at each user 

propagates on the direct link and multi-path fading channel. 

Therefore, the AARs are very low, as shown as the lowest 

curves in Fig. 3. When the IRS is utilized, the AARs are signif-

icantly enhanced even with the presence of the PD. Although 

different levels of AAR enhancement are observed, these results 

still indicate the important role of the IRS in improving the 

RSSs at the users. As shown in Fig. 3(c) and 3(f), the total 

AARs for the cases of IRS[1,2] and IRS[2,1] (in these cases, 

the IRS assists the communication for both users) achieve better 

values than other cases. 
In Fig. 4, we adopt the best IRS setup for the case of PS = 0 

dBm with 𝜏  = 0.1 (found in Fig. 3, i.e., IRS[2,1]) and then 

investigate the effect of the PA factors on the total AAR. The 

advantages of the NOMA scheme are confirmed by investigat-

ing a reference orthogonal multiple access (OMA) scheme. Due 

to the advantageous location of the near user, the system 

achieves a highest or lowest total-AAR when allocating all re-

sources to the near user or the far user, respectively. When the 

SIC imperfection factor ζ increases, the total AAR becomes 

worse. For a performance comparison, we use a conventional 

OMA scheme, which defines the AAR for 𝑈 , m = {1, 2}, as 
 

( )2
OMA 2ˆ1 ,log | |m m m mR hυ γ= +

           (22) 
 

and the total AAR for OMA is given by 
 

{ } { }OMA OMA OMA
1 2 .C R RΣ += E E            (23) 

 

where 1 2(0,1), 1,mυ υ υ+∈ =  is the resource allocation (RA) 

factors for OMA (e.g., time allocation factor for TDMA or 

bandwidth allocation factor for FDMA). Compared to OMA, 

NOMA can achieve a higher total AAR in the presence of PD 

and imperfect-SIC. When ζ is sufficiently large, NOMA yields 

a lower performance compared to OMA. In Fig. 5, we show the 

joint effect of the RT-allocation strategy and PA factors, i.e., 𝛼  and 𝛼 , on the AAR. Because the size of each RT is rela-

tively small compared to the wave-propagation distances, the 

difference in distance between reflecting links is trivial. It is rea-

sonable to assume that the signal attenuations of reflecting links 

toward a user are similar. For this reason, the RT allocation 

strategy is as follows. Let 𝑁  be the number of RTs allocated 

to 𝑈 . These 𝑁  RTs are assigned from left to right and from 

top to bottom. The other 𝑁 = 𝑁 − 𝑁  RTs are assigned to 𝑈 . For a given value of 𝑁 , 𝐶̅  increases, while 𝐶̅  decreases 

when we increase 𝛼  and vice versa. This is because the power 

resource allocated for the users is defined by 𝛼 . For given PA 

factors, 𝐶̅  is shown as an increasing function of 𝑁 , whereas 𝐶̅  improves with the first increase in 𝑁  and then reaches 

the optimal value. Finally, it degrades with further increases in 𝑁 . The trend of 𝐶̅  is explained as follows. Since both users 

 
Fig. 4. The effects of PA factors for NOMA and RA factors for 

OMA on the system’s capacities.

 
(a) 

 
(b) 

Fig. 5. The joint effect of PA factors and RT allocations on (a) the 

AARs for users and (b) the total AAR. 
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need to decode 𝑥  successfully, the IRS needs assist both users 

to gain the highest value of 𝐶̅ . Therefore, using very high or 

very low values of 𝑁  does not yield good values for 𝐶̅ . Alt-

hough the highest total AAR is observed at (𝑁 = 10, 𝛼 =1), the NOMA system does not use this configuration. The 

reason is that at this point, all system resources, including PS and 

RTs, are allocated to 𝑈 ; hence, 𝑈  is disconnected from the 

network. For our proposed NOMA system, we focus on the 

points lying on the intersection curve of the two user-AAR sur-

faces denoted by ℓ 𝑁 , 𝛼∗ , on which two users can com-

municate with the source at the same AAR. Let the highest 

value observed on ℓ 𝑁 , 𝛼∗  be the optimal NOMA-AAR ℓ∗ = maxℓ 𝑁 , 𝛼∗  and its respective coordinate 𝑁∗ , 𝛼∗  

be the optimal solution for ℓ∗. The trends of ℓ∗ and 𝑁∗ , 𝛼∗  

are studied in Fig. 6. 

In Fig. 6, we consider an IRS with a size of 2-by-Ncol RTs 

and then plot the optimal NOMA-AAR as shown in Fig. 6(a) 

and its respective optimal solution, i.e., optimal PA factors as 

shown in Fig. 6(b) and optimal RT-allocation as shown in Fig. 

6(c) and 6(d), under different parameters of 𝑃  and ζ. Fig. 6(a) 

shows that the more RTs are used, the higher value for optimal 

NOMA-AAR is achieved. When the IRS’s size is sufficiently 

large, the increase in size does not gain much improvement in 

optimal NOMA-AAR. Therefore, the size of the IRS should 

be chosen carefully to achieve a reasonable trade-off between 

performance and cost. For instance, at ζ = 0.04 and 𝑃  = 0 

dBm, the 2-by-1 and 2-by-4 IRSs can support 1 bit/s/Hz and 2 

bit/s/Hz optimal NOMA-AAR, respectively. In Fig. 6(b)–6(d), 

we show the trends of the obtained optimal solutions. Regard-

ing the NOMA principle, first, both users need to decode the 

signal allocated with stronger power, which is 𝑥  for our pro-

posed system, and consider the rest signals as interference, as 

shown in (12). After successfully decoding 𝑥 , 𝑈  eliminates 

the signal 𝑥  from its received signal and then decodes its de-

sired signal 𝑥 , which is allocated with lower power. The allo-

cated power for each signal is defined by the PA factors. Com-

pared to 𝑥 , the decoding process of 𝑥  deals with lower inter-

ference, which is caused by the imperfect-SIC decoder as shown 

(a) (b) 
 

(c) (d) 

Fig. 6. The results of (a) optimal NOMA-AAR, (b) the optimal PA allocation factors, and (c, d) the optimal RT-allocation strategy.
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in (13). For this reason, the AAR for 𝑥 , 𝐶̅ , significantly de-

pends on the PA factors, and 𝐶̅  increases when 𝛼∗ decreases 

(or equivalently 𝛼∗ increases). Moreover, 𝐶̅  significantly de-

pends on the RSS at 𝑈 . Hence, 𝐶̅  is enhanced when more 

RTs are allocated to 𝑈 . Using the above assessments, it is easy 

to explain the trends of 𝛼∗ and 𝑁∗ . When the total number 

of RTs increases, the signal quality at users becomes greater, and 

the system can boost both AARs at two users by allocating 

more RTs to 𝑈  and using higher values for 𝛼∗ (or equiva-

lently using lower values for 𝛼∗). Therefore, 𝛼∗ is a decreasing 

function of Ncol, as shown in Fig. 6(b), whereas 𝑁∗  and 𝑁∗  

are increasing functions of Ncol, as shown in Fig. 6(c) and 6(d). 

Moreover, 𝑁∗  increases more significantly than 𝑁∗ . On the 

other hand, the increase in transmit power 𝑃  or the decrease 

in the SIC-imperfection factor ζ also give the same effect on the 

signal quality at the users. 
Hence, the smaller value for 𝛼∗ and higher values for 𝑁∗  

are observed when 𝑃  increases or ζ decreases. 

In Fig. 7, we show the effects of the PD factor 𝜏  and the 

reflection amplitude 𝛽  on the system performance for two 

cases: with and without the presence of the LoS links. The re-

sults for the non-LoS case are obtained by set the source-to-user 

distances in (8) by very large values, i.e., 𝑑 → ∞. The opti-

mal NOMA-AAR drops around 0.8 bits/s/Hz when the LoS 

links are not available. This indicates the importance of the LoS 

links; however, without the LoS links, the system can achieve a 

moderately optimal NOMA-AAR with the help of the reflect-

ing link and the multi-path fading channel. When 𝜏  in-

creases, the total noise at each user increases. Hence, the opti-

mal NOMA-AAR is displayed as a decreasing function of 𝜏  

as shown in Fig. 7(a). With the presence of a multi-path fading 

channel and/or LoS links, the influence of the PD on the opti-

mal NOMA-AAR can be reduced; however, when the user is 

blocked and its communication only relies on the reflecting 

links, the value of 𝜏  becomes a crucial factor to performance. 

Fig. 7(b) presents the optimal NOMA-AAR for different val-

ues of 𝛽 . When 𝛽  increases, the stronger received signal 

strengths are achieved at the users. Therefore, the optimal NO-

MA-AAR is shown as an increasing function of 𝛽 . Moreover, 

the optimal NOMA-AAR for the case using the IRS is higher 

than that for the non-IRS case. This indicates the effectiveness 

of the IRS in improving system performance. Since 𝛽  only 

affects the quality of the reflecting links, the influence of low 𝛽  values can be reduced in the case of the presence of the 

LoS links or the stronger multi-path fading channel. 

V. CONCLUSION 

This paper considered an IRS-aided NOMA communication 

in the presence imperfect SIC. The theoretical results are de-

rived and confirmed by Monte Carlo simulations. The numeri-

cal results showed that the NOMA communication achieves a 

significant enhancement in performance with the help of an 

IRS, and it outperforms the reference OMA system. The resid-

ual interference caused by the imperfect SIC leads to a remarka-

ble degradation in performance. There is an optimal setup for 

the PA factors and the number of RTs allocated to each user 

that allows the best equal capacity for both users. The effects of 

key system parameters on the trends of the optimal setup were 

studied. For instance, more RTs are allocated to the near user 

when the number of available RTs increases. Moreover, a high-

er portion of transmit power is allocated to the far user when the 

source transmit power increases. 
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(a) 

    
(b) 

Fig. 7. (a) The effect of PD and (b) the effect of reflection ampli-

tude on the optimal NOMA-AAR. Two cases, with and 

without LoS links, are considered. Other parameters: Ps = 5 

dBm for Fig. 7(b). 
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I. INTRODUCTION 

The modelling and simulation (M&S) technique could be 

crucial in the radar research to save experimental costs for the 

performance assessment of a radar system [1]. Among radar 

systems, recently, an automotive radar has received attention 

because the global autonomous commercial vehicle market is 

rapidly growing. The test of the automotive radar requires con-

siderable funds and resources, and so the M&S method is more 

beneficial, safer, and cheaper than real experiments [2, 3]. 

Commercial software (SW) is available for this kind of simula-

tion [4-6], but due to the complexity of the problem, a relatively 

simple technique, such as geometrical optics (GO), is used to 

calculate the radar echo signal from adjacent objects around the 

radar. 

Given that GO is prone to limit the SW’s accuracy, it is re-

quired to deploy more accurate and flexible technique to com-

pute the radar echo signal from diversely shaped objects, such as 

cars, buildings, trees, humans, and potholes. For the more flexi-

ble applications, the physical optics (PO) scheme is available. 

Because it is based on the surface current of the objects, the ob-

ject shape can be considered in a simpler fashion than the GO  
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scheme. The iterative PO scheme is proved to be accurate, yet it 

entails a time-consuming computation [7]. To estimate the 

time-domain echo signal from dynamic targets, the RF specifi-

cations of the vehicle radar should be considered in detail, in-

cluding frequency, polarization, chirp rate, bandwidth, and radar 

operations, such as frequency-modulated continuous wave 

(FMCW) radar. FMCW radar is prevalent among automotive 

industries [8, 9]. To calculate the backscattering by targets, the 

target geometry, material, and dynamics should be considered; 

however, most simulations have partially modeled the target 

with a small number of meshes or assumed the scattering cen-

ters of the target to create the time-domain echo signal because 

it is a substantially time-consuming job to fully account for the 

complete target geometry [10–12]. Because the operating fre-

quency of the vehicle radar is very high, the mesh number for 

the discretization of the target is very large, which limits the 

choice of the electromagnetic scattering calculation method [12, 

13]. Recently, a numerical scheme has been proposed to com-

pute the time-domain echo signal from a large target for an 

airborne radar system [7, 14]. The scheme adopts coherently 

integrated signals from the meshes inside an identical resolution 

bin. Because it ignores the interference effect among many 

meshes in the radar echo signal, we introduce a new method 

that can efficiently consider this interference effect. 

In this paper, we propose an efficient numerical method to 

calculate the radar echo signal for a dynamic scenario based on 

the first-order PO scheme. This paper is organized as follows. In 

Section II, the proposed scheme to generate the time-domain 

echo signal is formulated. In Section III, the proposed scheme is 

verified, and a dynamic scenario is simulated, for which the per-

formance of the proposed method is investigated based on the 

Range-Doppler (RD) map. 

II. SIGNAL GENERATION 

1. Scenario and Generation of a 1D Time-Domain Signal 
Fig. 1 illustrates the overall simulation scenario that considers 

the radar specification, target shape, and their dynamics. The 

position and velocity of the radar and targets are varied during 

the simulation. Triangle meshes on the target surface are also 

shown, which are grouped into several range bins. The bins are 

determined based on the relative positions of the radar and target. 

Fig. 2 presents a flow chart of the entire simulation process for a 

driving scenario. The radar echo signal is calculated at several time 

steps. At one time step, all objects are assumed to be in a sta-

tionary state until the next time step. The echo signal amplitude 

is calculated by the radar equation and the first-order PO 

scheme. The analytical formulation of the scattering matrix (S 

matrix) for an arbitrary triangle mesh is given in [15] for the PO 

scheme. The impulse response (1D signal) for a range bin con-

sists of those from many meshes inside the range bin. Then, the 

1D signal is repeatedly computed to form the 2D signal for the 

RD process. At the next time step, the radar and targets are relo-

cated based on the given scenario, and the mentioned procedure 

is repeated until the final state of the scenario. To examine the 

accuracy of the first-order PO scheme, it is compared with the 

results of GO and PO schemes in the commercial tool, FEKO, 

in Fig. 3. The GO scheme adopts the full ray-tracing method, 

and the PO scheme considers up to the third reflection. The 

first-order PO scheme shows good agreement with two results. 

To set up the driving simulation, configuration data are im-

ported, including the target mesh and the simulator parameters, 

such as radar specifications and the dynamics of the radar and 

Fig. 3. Comparison of the first-order PO scheme with full ray-

tracing GO and higher-order PO results in FEKO as a 

function of ϕ.

Fig. 1. Dynamic simulation scenario and meshes in a range bin. 

 

Fig. 2. Flow chart for proposed simulation process. 
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targets. The radar specifications consist of the carrier frequency, 

bandwidth, chirp duration time, transmission power, antenna 

gain, polarization, and its dynamics, such as the radar’s initial 

position and the velocity vector. The radar is mounted on the car, 

whose beam is not oriented toward the ground. Hence, we can 

ignore the reflected signal from the ground. In all simulations, 

automotive models are assumed to be the Tesla S. The material 

is assumed to be a perfectly electrical conductor (PEC). 

To calculate the echo signal from the targets at a chirp dura-

tion, first, the lit and shadow regions on the target surface are 

determined based on the incident angle of the radar signal on 

the target and the normal vector (n) of each triangular facet. A 

complete determination of the shadow regions requires a very 

long computation time, but this simple method can generate a 

relatively accurate backscattering for a radar application [7]. Fig. 

4(a) shows the lit and shadow regions, where lighter and darker 

colors are the lit and shadow regions, respectively, for a 

ϕ = 20.63o incidence. Around the tire and side mirror, the er-

roneous lit region is shown, but its backscattering contribution is 

small compared with that from the other lit region, as shown in 

Fig. 4(b). The S matrix for each mesh can be calculated by the 

first-order PO scheme, whose element is given by 𝑆 , where p 

and q are the transmitted and received polarization, respectively. 

Then, the received power (Pr,k) from the kth mesh can be calcu-

lated by the radar equation as 
 

      

2

, 3 4 ,
(4 )

λ σ
π

= t t r k
r k

k

PG G
P

R  (1)
 

where Pt is the transmitted power, Gr and Gt are the receiver 

and transmitter antenna gains, and λ is the wavelength. Rk is 

the range between the radar and the kth mesh. The radar anten-

na pattern is assumed to be a Gaussian pattern. The kth mesh’s 

radar cross section (RCS), σk, can be calculated by 4π Spq,k
2 

[16]. Fig. 4(b) illustrates the RCS of each mesh in the dB scale, 

which clearly shows the hot spot for the incidence wave. Based 

on Eq. (1), the amplitude (Ak) of the echo signal from each 

mesh can be expressed considering the radar polarization as 
 

Ak=
PtG2λ2

(4π)2Rk
2 Shh,k(h

i
⋅p)h

s
+Svv,k(vi⋅p)vs ⋅p, 

(2)
 

where p is the radar polarization unit vector, and h
i
 and vi 

are the h-pol and v-pol vector incidents on each mesh, respec-

tively. h
s
 and v

s are the h-pol and v-pol vectors defined in the 

radar antenna coordinate, respectively. The FMCW signal is 

continuously transmitted to the targets, and then returned to 

the radar. Hence, the return signal is delayed in the time-domain 

due to the distance between the radar and mesh, and its ampli-

tude can be estimated by Eq. (2). Its Doppler frequency shift is 

addressed in Section II-3. When the transmitted signal (st) is 

given by Eq. (3), the returned signal (sr) can be computed from 

the meshes as Eq. (4). 
 

2( ) exp 2
2
απ  = +    

t cs t i f t t
 (3)

( ) 2

1
( ) exp 2 ( )

2
απ τ τ

=

  = − + −    


N

r k c k k
k

s t A i f t t
 (4)

 

where f
c
 is the carrier frequency, N is the number of meshes on 

the targets, and α is the chirp rate. τk is the time delay of the 

return signal from the kth mesh given by 2Rk/c. Here, c is the 

speed of light. The returned signal is down-converted to the 

intermediate frequency (IF) band written as 
 

2

1
( ) exp 2 ( )

2
απ τ τ

=

  = − + −    


N

IF k IF c k k
k

s t A i f t f t

(5)
 

where f
IF

 is the intermediate frequency. Then, the range com-

pressed signal (sExact) is obtained after Eq. (5) by going through 

the matched filter with the reference signal [9] as 
 

1
( ) sinc ( )k

N
k k

Exact k k
k

t ts t A e T BW t
T T

φ τ ττ
=

−  −    = Λ − Λ    
    


,

(6)
 

where 2 ( ),φ π τ= −k IF c ki f t f  T and BW are the chirp duration 

time and bandwidth, respectively. sinc(⋅) and Λ(⋅) are the sinc 

function and triangular function, t/T + 1 (-T ≤ t ≤ 0) and 

-t/T + 1 (0 ≤ t ≤ T), respectively. Because we consider the 

(a) 

(b) 

Fig. 4. (a) Lit and shadow regions and (b) RCS of each triangular 

mesh for the incident wave at ϕ = 20.63°. 
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large structure and the high operating frequency, the Nyquist 

sampling rate (M) becomes very high. Hence, the numerical 

complexity becomes O(NM) to generate the returned signal 

from all meshes for one chirp signal, which is very time-

consuming. Thus, to generate a complete 2D radar signal for a 

dynamic simulation, the direct computation of Eq. (6) is not 

efficient. An approximation scheme is required to reduce the 

complexity of Eq. (6). 

 

2. Proposed Method 

The echo signal Eq. (6) can be re-expressed with a reference 

signal (sRef) and impulses from each mesh as 
 

2 ( )
Ref

1
( ) ( ) ( )IF c k

N
i f f

Exact k k
k

s t s t A e tπ τ δ τ−

=

= ∗ − , (7)
 

where * is the convolution operator. sRef is given by 
 

2
Re f ( ) sincIFi f t t ts t e BWt

T T
π     = Λ Λ         . (8)

 

Fig. 5 shows an overall description of the proposed scheme to 

approximate Eq. (6). Fig. 5(a) illustrates the impulses from the 

meshes on the target. As seen in Fig. 1, one range bin can con-

tain many meshes, which generate many impulses. The radar 

sample Eq. (6) or (7) at one sampling point (τs) inside a range 

bin as shown in Fig. 5(b) results in one impulse in each range 

bin shown in Fig. 5(c). Because the sampling point and the time 

locations of each impulse are different, as shown in Fig. 5(b), this 

should be compensated for. The time variable (t) in Eq. (8) is 

affected by the convolution process in Eq. (7). The exponential 

term (ei2πf
IF

t) in Eq. (8) is highly sensitive to the change of the 

time variable, but the variation of the product of the sinc and 

triangle function is small due to the small range bin size. Hence, 

a simple phase compensation may be sufficient, which can be 

given based on Eq. (5) by 
 

      
( )exp 2 c k IF si f fπ τ τ− +   . (9)

 

Eq. (9) is multiplied to every integrated impulse inside one 

range bin. The approximated impulse can be simply obtained as 

   

2 ( )
Imp

1
( ) ( ) IF s c l

P
i f f

s l
l

s t t Ae π τ τδ τ −

=

= −  , (10)
 

where P is the number of the impulses in a range bin. Then, the 

received signal for the nth range bin is calculated as 
 

       Int Ref Imp( ) ( ) ( )ns t s t s t= ∗ . (11)
 

Finally, the approximated expression of Eq. (6) is given by 
 

      
Approx Int( ) ( )

Q
i

i
s t s t=  , (12)

 

where Q is the number of the range bins. Eq. (12) is much more 

efficient than Eq. (6) from a numerical point of view. 

In summary, the impulses from all meshes on the target sur-

face are exactly computed in time-domain, whose time position 

and magnitude are given by 2Rk/c and Eq. (2). Then, the im-

pulses are grouped into range bins. The grouped impulses are 

combined into one impulse as Eq. (10) at the range sampling 

point. The returned signal from a whole target structure is re-

constructed by Eq. (12), whose complexity is substantially de-

creased to O(QS), where S is the sampling rate of the resolution 

for the range bin. So far, the radar and target are assumed to be 

stationary. To consider a dynamic scenario, the Doppler fre-

quency shift should be considered to generate a correct RD map. 

 
3. Doppler Processing with a 2D Signal 

To apply the relative velocity effect of a dynamic target on the 

radar echo signal, the Doppler effect should be included in the 

signal. For Doppler processing, several signals are transmitted 

and received at the given period, which are stacked along the 

slow time (η) axis [17]. Here, we send 128 chirp signals for pro-

cessing in each period. For the transmitted signal at each period, 

the Doppler shift frequency is assumed as [14], and then re-

ceived signal Eq. (12) can be modified as Eq. (13) 
 

       

2
Doppler Approx( ) ( ) Di fs t s t e π η−= × . (13)

 

The Doppler frequency should be calculated over all meshes, 

but the computational time is very large due to the number of 

meshes; however, as seen in Fig. 4(b), the largest contribution to 

the radar echo signal comes from a relatively small region of the 

target. A few percentage variations (< 10%) of the radial velocity 

over the whole meshes can be observed for the Fig. 4 simulation. 

To reduce the computational complexity, we use a mean Dop-

pler frequency of the target as 
 

      

( ),

1

21 N k t k radar

D
k k

R v v
f

N R λ=

⋅ −
= 

  


, (14)

 
 

(a) (b) (c) 

Fig. 5. Graphical description of the proposed scheme: (a) impulses 

from each mesh, (b) impulses at sampling point and exact 

location point in one range bin, and (c) integrated impulse 

per range bin. 
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where ,


t kv  and 


radarv  are the velocity vectors of the kth mesh 

and the radar, respectively. After multiplying the corresponding 

Doppler frequency to each chirp response as in Eq. (13), the fast 

Fourier transform (FFT) is carried out along the slow time axis 

to produce the RD map. 

III. SIMULATION RESULTS 

First, the proposed echo signal generation scheme is numeri-

cally verified for two cases: randomly distributed point targets 

and a moving vehicle. Fig. 6 shows the time-domain echo signal 

from 10,000-point targets that are randomly located between 31 

m and 36 m away from the radar. The range bin size is assumed 

to be 1 cm, so impulses return from around 20-point targets in 

one range bin on average. The exact calculation of the echo sig-

nal, Eq. (6), is compared with the approximated Eq. (12) with 

and without the phase compensation, Eq. (9), in Fig. 6. The 

phase compensation scheme can decrease the error compared 

with that of the results without compensation. Table 1 shows 

the comparison of the computational time for the exact and 

approximate schemes, which also shows a significant improve-

ment. For the second case, we consider the computation of the 

echo signal from the car model. The car is meshed into 770k, 

440k, and 180k triangles called Mesh 1, Mesh 2, and Mesh 3, 

respectively. For Mesh 2 and 3, around 900 and 400 triangles are 

in one range bin on average, respectively, while there are 2000 

for Mesh 1. In the simulation adopting the parameters in Table 

2, a car moves away from the radar, so the radar beam illumi-

nates the rear portion of the car. The other car positioned on 

(8.5, 3.2, 0) m moves toward the radar at the side lane, so the 

beam illuminates the front portion, as shown in Fig. 4. In each 

case, the incident angle on the target is calculated as 180º and 

20.63º in the target vehicle’s local coordinate system. Fig. 7 

Table 1. Comparison of simulation time (unit: s) 

 
Proposed method with 

compensation 

Exact method 

(Eq. 6)

Fig. 6 0.02 72.15

Fig. 7(a) 0.83 2,911

Fig. 7(b) 0.77 2,805

 

Table 2. Simulation parameters 

Parameter Value

Carrier frequency (f
c
) 77 GHz

Transmitted power (Pt) 17.8 mW

Polarization vertical

Radar position (0, 0, 0) m

Chirp duration (T) 35.6 μs

Antenna beamwidth 40°
Intermediate frequency (f

IF
) 2 GHz

Band width (BW) 1 GHz

Antenna gain (G) 24 dB

Target position (30, 0, 0) m

Range resolution 15 cm

Range bin 1 cm

Fig. 6. Comparison of exact calculation (Eq. 6) and integrated im-

pulse (Eq. 12) with and without phase compensation for 

the randomly located 10,000-point targets. 

(a) 

(b) 

Fig. 7. Comparison of exact calculation and integrated impulses 

from a car with and without phase compensation using 

Mesh 1, whose incident angle is (a) ϕ = 180º and (b) ϕ = 

20.63º.
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shows the comparison between the exact and approximated cal-

culation of the radar echo signal for each scenario for Mesh 1. 

Fig. 8 illustrates the comparison of the return signal for three 

meshes and the 20.63º incident angle. The proposed compensa-

tion scheme can provide much higher accuracy. Because the size 

of the triangle of Mesh 3 is large, the number of triangles in one 

range bin can be widely varied, which generates the amplitude 

of the impulse at a time point. Hence, some discrepancies for 

Mesh 3 can be observed, but with an increasing mesh number, 

the result converges. 

The computational time for Fig. 7 is also compared in Table 

1, which shows more than a 3,000-time improvement. There-

fore, the proposed signal generation scheme can be applied to a 

real autonomous driving scenario, where the radar echo signal 

should be simulated over a long period when the relative posi-

tions of the radar and the target are varied.  

Next, the dynamic simulation is processed, which constructs 

several RD maps. For an autonomous driving simulation, we 

consider two moving cars and one stationary car: a car carrying 

the radar system, a moving Car A, and a stationary Car B. The 

simulation is performed from 0 to 2.8 seconds, which is divided 

into 15 stationary scenes per 0.2 seconds. The radar moves dur-

ing the entire simulation time with a constant velocity, and Car 

A approaches and passes the radar from behind with a greater 

velocity than that of the radar. The radar keeps a line, while the 

Car A changes the line when it catches up with the radar. Fig. 9 

shows the relative position among three cars at two timesteps, 

1.2 and 1.8 seconds. In Table 3, the input values of locations and 

velocity are enumerated at two timesteps, 1.2 and 1.8 seconds. 

The other parameters are listed in Table 2. Based on the RD 

map, the range and relative velocity of two targets are calculated 

as Table 4. Fig. 10 shows the simulated RD map at 1.2 and 1.8 

seconds, respectively. In Fig. 10, the vertical axis is converted 

from the Doppler frequency to the velocity with the relation of 

v = f
D
λ/2. Based on Table 3, the exact range and velocity are 

calculated and compared with those from Fig. 10 in Table 4. 

Two estimations are in excellent agreement. Fig. 11 shows the 

comparison of the exact and the simulated range and the relative 

velocity for two cars from 0.8 to 2 seconds. The accuracy of the 

estimated results is very high. It takes 663 seconds to simulate 

the driving scenario with the 15 cuts. Therefore, the proposed 

scheme can be applied to a more general and complicated driving 

scenario. 

IV. CONCLUSION 

We have developed an autonomous driving simulator that can 

consider any scenario and arbitrarily shaped targets. To deal with 

the arbitrary shape, the first-order PO scheme is used to calcu-

late the backscattering by the target, which discretizes the shape 

with many small triangular meshes. To efficiently calculate the  

Fig. 8. Comparison of exact calculation and integrated impulses from a 

car with and without phase compensation with different meshes 

for three meshes. 

 

Fig. 9. Scenario cuts at 1.2 and 1.8 seconds for the driving simulation 

with the parameters of Tables 2 and 3. 

Table 3. Dynamic parameters for Fig. 9 at two time points 

Position (m) Velocity (m/s)

t = 1.2 s Radar (30, 40 ,0) 17

Car A (36, 1.04, 0) 30

Car B (45, -3.2, 0) 0

t = 1.8 s Radar (40.6, 0 ,0) 17

Car A (51, 0.32, 0) 30

Car B (45, -3.2, 0) 0

 

Table 4. Comparison of exact and simulated range and velocity at 

two time points 

Car A Car B

t = 1.2 s Exact range (m) 5.69 14.94

Exact velocity (m/s) 12.78 -16.61

Processed range (m) 5.59 14.57

Processed velocity (m/s) 12.28 -17.02

t = 1.8 s Exact range (m) 10.40 5.44

Exact velocity (m/s) 12.99 -13.75

Processed range (m) 10.08 5.29

Processed velocity (m/s) 12.71 -13.57
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(a) 

 
(b) 

Fig. 10. Simulated RD map with parameters of Tables 2 and 3. (a) 

Car A located near the front of the radar is moving away, 

and the radar is approaching Car B at t = 1.2 seconds. (b) 

Car A has moved further, and the radar is close to Car B 

at t = 1.8 seconds. 
 

(a) 

(b) 

Fig. 11. Comparison of exact and simulated results of the RD map 

as in Fig. 10 for a driving simulation from 0.8 to 2 seconds: 

(a) range and (b) relative velocity of the targets. 

echo signal from several meshes in the baseband, we approxi-

mate the impulse responses from the meshes with a phase com-

pensation term and conduct the convolution of the approximat-

ed impulse response with the closed-form baseband signal rep-

resentation of the radar system. Because the proposed scheme 

ignores the amplitude variation of the sinc function, the error of 

the return signal becomes large when the dimension of the 

mesh increases. If there are many small meshes in a range bin, 

the accuracy of the proposed scheme can be high, and the com-

putational time is drastically reduced, e.g., over 3,000 times less 

for the considered case. Therefore, the proposed scheme is ap-

plied to a real driving scenario that repeatedly requires the com-

putation of the time-domain echo signal for a varying relative 

position and velocity between the radar and the target. In a driv-

ing scenario, the radar system and one of the cars move along 

given paths, and the other car is stationary. The radar system is 

assumed to be a FMCW radar with a real RF specification. This 

scenario is simulated for a certain period to generate 15 RD 

maps. Based on the RD maps, the proposed simulator is numer-

ically validated, and its accuracy is very high. 
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I. INTRODUCTION 

Recently, high-intensity nanosecond pulsed electric field 

(PEF) has attracted significant research attention in the fields of 

biomedical engineering, food processing, and high-power elec-

tromagnetic (HPEM) effect testing. Interactions between PEF 

and biological objects have been investigated for potential appli-

cations, such as cancer therapy, cell death, and fast wounded 

healing [1–3]. Some techniques and electrical analyses have 

been proposed through PEF experiments [4–6]. Picosecond 

PEF was applied for the selective electroporation of organelles 

[7]. A non-invasive PEF technique was introduced for industri-

al food processing [8]. Furthermore, numerous studies have 

been conducted on the generation and radiation of intensive 

PEF for HPEM effect testing of electric devices [9–12]. 

In PEF effect tests, it is important to accurately measure the 

PEF waveforms delivered to the targets. A PEF waveform is 

measured by an instrument, such as an electric field probe [4] or 

a capacitive voltage divider [13], and then the measured PEF is 

transferred to an oscilloscope through a microwave cable. In this 

measurement, the microwave cable is essential for several rea-

sons. If the oscilloscope is installed close to the probe without a  
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Abstract 
 

This paper presents a method that corrects pulse waveforms distorted by the frequency-dependent loss of microwave cables in measuring 

pulsed electric fields (PEFs). Because the distortion resulting from the microwave cable disrupts accurate PEF measurements, the distort-

ed pulse should be corrected for precise PEF effect testing. The proposed correction method is achieved by a transfer function that is de-

termined by ABCD parameters calculated from the scattering parameters of the cable. A 10-m microwave cable is tested to validate the 

proposed method, where the input pulse is a 2-ns sine pulse of a single cycle. Here, the output pulse, scattering parameters, and cable re-

sistance are measured. These measurement results are used to represent the transfer function in MATLAB for the proposed correction 

method. The test results show that the corrected pulse obtained from the transfer function has an error of 4.5% in the peak-to-peak volt-

age and an error of 0.8% in the bipolar pulse width compared to the reference input pulse. The errors of PEF measurement decrease dra-

matically by using the proposed correction method. Moreover, the correction method is validated for various pulse durations, pulse shapes, 

and cable types. 
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microwave cable, the PEF distribution near the field probe can 

not only be distorted by the field reflected from the oscilloscope 

but the PEF can also damage the oscilloscope. 

In general, the loss of the microwave cable tends to increase 

with the signal frequency. Moreover, the group delay of the mi-

crowave cable varies with the signal frequency [14]. With this 

frequency-dependent loss (FDL), the pulse waveform passing 

through the microwave cable is distorted in the PEF measure-

ment. For this reason, pulse waveform correction is required to 

obtain precise experimental results in PEF effect testing by us-

ing an appropriate transmission-line transfer function to recover 

the PEF waveform.  

Scattering parameters have been extensively measured and 

exploited to characterize microwave networks or material pa-

rameters [15, 16], to validate the performance of microwave 

devices [17–19], and to design a matching circuit between two 

ports [20]. 

Furthermore, several studies have been done to characterize 

and remove the effect of a system or fixture between external 

ports. The time-domain input and output waveforms of an 

overall system were measured to achieve a transfer function us-

ing a deconvolution method with parameter tuning [21–24]. A 

de-embedding method was used to extract the design parame-

ters of an antenna system or to present the S-parameters of a 

fixture [25, 26]. 

However, the deconvolution method cannot be applied to the 

time-domain PEF waveform correction because both input and 

output time-domain waveforms are measured to determine the 

transfer function of a system, but only the output pulse wave-

form of the microwave cable can be measured in PEF effect 

testing. In addition, the de-embedding method has rarely been 

investigated for the reconstruction of time-domain waveforms. 

For this reason, we propose a new correction method to re-

cover the output pulse distorted by a microwave cable. Here, the 

correction method employs a transfer function that can compute 

an input signal from an output signal in transmission line cir-

cuits. Here, the transfer function is first represented by the ABCD 

parameters of the microwave cable, and then the ABCD parame-

ters are represented by the scattering parameters of the micro-

wave cable, where the scattering parameters are measured using 

a vector network analyzer (VNA). 

As a result, the transfer function used to calculate the un-

distorted input pulse from the distorted output pulse is ex-

pressed as a function of the measurable scattering parameters of 

the microwave cable. An RG-213 cable of length 10 m is tested 

to verify the proposed correction method, where the input pulse 

is a 2-ns sine pulse of a single cycle. By using the proposed cor-

rection method, the pulse amplitude and pulse width errors de-

crease dramatically in the PEF waveform measurement. In Sec-

tion II, we present the process used to derive the transfer func-

tion for the proposed correction. In Section III, we validate the 

proposed method through measurement and computation. In 

Section IV, we apply the correction method to various pulse 

widths, pulse types, and cable types, and then discuss the correc-

tion results. Finally, Section V concludes this study. 

II. PROPOSED CORRECTION METHOD 

Fig. 1 shows the experimental setup for PEF effect testing. A 

PEF generator transmits a PEF through a transverse electro-

magnetic (TEM) cell. The PEF delivered to the target is meas-

ured by an electric field probe. As mentioned in Section I, a mi-

crowave cable should be installed between the oscilloscope and 

electric field probe in the PEF measurement to prevent the PEF 

distribution from being distorted by the oscilloscope and to pro-

tect the oscilloscope from being damaged by the PEF. Here, the 

electrical properties of the microwave cable are maintained con-

stant in the PEF experiments because the power strength han-

dled by the microwave cable in the experiments is low enough 

considering that the E-field probe has, in general, a very small 

coupling coefficient. Moreover, the group delay of the micro-

wave cable varies slightly for the measuring bandwidth. There-

 

 
Fig. 1. Experimental setup for PEF effect testing. 



JEONG et al.: TIME-DOMAIN PULSE WAVEFORM CORRECTION FOR PULSED ELECTRIC FIELD MEASUREMENT IN MICROWAVE CABLE …  

361 

  
 

fore, the microwave cable in this experimental setup can be 

modeled as a linear time-invariant system. However, because the 

microwave cable incurs inevitable FDL, it distorts the PEF 

waveform in the measurement. 

For a more precise acquisition of PEF waveforms, we propose 

a correction method to recover the distorted pulse waveform. 

Here, we denote the input and output pulses of the microwave 

cable as 𝑣 (𝑡) and 𝑣 (𝑡), respectively. We express them in the 

frequency domain by applying FFT, as follows: 
 𝑣 (𝑡) ⎯ 𝑉 (𝑓), 𝑣 (𝑡) ⎯ 𝑉 (𝑓). (1)
 

In the PEF test configuration, the microwave cable equipped 

between the oscilloscope and electric field probe has a transmis-

sion property represented by the ABCD parameters, as shown in 

Fig. 2. Using these parameters, we can obtain the transfer function 

of the microwave cable in the frequency domain, which is ex-

pressed as 
 𝐻(𝑓) = ( )( ) = 𝑔(𝐴, 𝐵, 𝐶, 𝐷). (2)
 

Here, the input pulse is given by  
 𝑉 (𝑓) = 𝐴𝑉 (𝑓) 𝐵𝐼 (𝑓), 
where  𝑉 (𝑓) = 𝐼 (𝑓)𝑍 . (3)

 

Because the scattering parameters of the microwave cable can 

be measured using a VNA to present the ABCD parameters, we 

denote A and B in the scattering parameters as follows [27]: 
 𝐴 = ( )( )

, 
(4)𝐵 = 𝑍 ( )( )

, 
(5)

where 𝑆 = 𝑉𝑉    

 

is the ratio of the reflected voltage amplitude 𝑉  at port i to 

the incident voltage amplitude 𝑉  at port j. 𝑍  is the refer-

ence impedance in the scattering parameters’ measurement. 

By substituting Eqs. (3)–(5) into Eq. (2), the transfer function 

is derived as 

𝐻(𝑓) = ( )( )( )( )
, (6)

 

where 
 

         𝑍 = ( )( ) ,
 

(7)
 

represents the oscilloscope input impedance in a PEF measure-

ment setup, where 𝑆  is the scattering parameter of the oscil-

loscope channel. Moreover, S12 = S21 and S11 = S22 in networks 

that are both reciprocal and symmetrical, such as microwave 

cables, so the transfer function can be further simplified as 
 𝐻(𝑓) = ( )

. (8)
 

Therefore, the corrected pulse in the frequency domain can 

be determined by multiplying the transfer function with the 

output pulse in the frequency domain (i.e., 𝐻𝑉 (𝑓)). This cor-

rected pulse is then converted to a time-domain pulse by con-

ducting an inverse fast Fourier transform (IFFT) on 𝐻𝑉 (𝑓) 

as follows: 
 

         𝐻𝑉 (𝑓) ⎯ 𝑣 (𝑡). (9)
 

Through these processes, we can correct the PEF waveforms 

distorted by the FDL of the microwave cable. 

III. MEASUREMENT AND COMPUTATION 

As described in the previous section, the output pulse of a mi-

crowave cable can be corrected using the proposed correction 

method. In this section, we validate the correction method by 

using time-domain pulse measurement, scattering parameter 

measurement, cable resistance measurement, and computation 

using MATLAB. 

 

1. Measurement Setup 

Fig. 3 shows the time-domain measurement setup for validat-

ing the correction method. An arbitrary waveform generator 

(Tektronix AWG7102, 10 GS/s) generates a single sine pulse 

with a pulse duration of 2 ns. Then, the pulse is equally divided 

into two microwave channels by using a resistive divider (Wein-

schel 1549R). One divided pulse goes through a reference cable 

(1 m of RG-400) and is measured by the first channel of the 

oscilloscope (Tektronix DPO71254, 50 GS/s). This pulse is 

called the reference pulse. Here, 1 m of RG-400 is used as the 

reference cable because it has a very low loss in the bandwidth of 

the pulses used for the validation. The other divided pulse is 

delivered through another reference cable and the device under 

test (DUT) cable (RG-213, 10 m). Then, it is measured by the 

second channel of the oscilloscope. The pulse before entering Fig. 2. ABCD parameters of a microwave cable connected to a load.
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the DUT is called the input pulse. The pulse measured on the 

second channel is called the output pulse. The oscilloscope ac-

quires 5,000 samples over 100 ns for each measurement, and 

each frequency spectrum of the measured pulses has 2,500 

points from 0 Hz to 25 GHz after an FFT is applied. 

We use a VNA (Keysight N9918A) to measure the DUT 

and oscilloscope channel scattering parameters of 1601 points 

ranging from 10 MHz to 16.01 GHz, so the frequency points 

of the scattering parameters align with the points of each fre-

quency spectrum of the pulses with an equal frequency step of 

10 MHz. 

Additionally, a resolution bandwidth of 10 Hz is employed to 

ensure precise measurement. In Fig. 3, the reference planes for 

the scattering parameters’ measurement are points A and B, 

which are the input and output ports of the DUT, respectively. 

The real and imaginary parts of the scattering parameters are 

extracted so that they can be readily used in the computation. 

Then, the scattering parameters can be expressed as 𝑆 =𝑆 𝑗𝑆 , where M, N are 1 or 2 in a two-port network, 

and 𝑆  and 𝑆  are the real and imaginary parts of 𝑆 , 

respectively. Fig. 4(a) shows the magnitudes of S11 and S21 of the 

DUT, and Fig. 4(b) shows the group delay of S21 of the DUT. 

We can observe that the loss of the microwave cable varies with 

frequency, while its group delay changes slightly with frequency. 

Fig. 5(a) shows the extracted S11r and S11i. In addition, Fig. 5(b) 

presents the measurement results of S21r and S21i. In the pro-

posed correction method, the transfer function in Eq. (8) should 

cover dc, but the network analyzer cannot measure the dc scat-

tering parameters. The dc transfer function is calculated by 
 

    𝐻(𝑓 = 0) = ( )( ) = ( )( ) , (10)

Fig. 3. Time-domain measurement setup. 

 

(a) 

(b) 

Fig. 4. S11 and S21 measurement results of the DUT: (a) magnitude 

of S11 and S21 (in dB) and (b) group delay of S21 (in ns). 

 

(a) 

(b) 

Fig. 5. Real and imaginary parts of S11 and S21: (a) S11r and S11i and 

(b) S21r and S21i.
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where 𝑅  is the dc resistance of the cable and 𝑍 (𝑓 = 0) 

is the dc oscilloscope input impedance. Fig. 6 shows the magni-

tude of the measured oscilloscope input impedance. All meas-

urement results are loaded by the MATLAB code to correct the 

distorted output pulse. 

 

2. Correction Results 

The proposed correction method is tested for an RG-213 mi-

crowave cable of length 10 m by using the experimental setup 

shown in Fig. 3. Fig. 7(a) shows the reference pulse 𝑣 (𝑡) and 

output pulse 𝑣 (𝑡), which are measured by the oscilloscope. 

Here, the total time for the pulse measurement is 100 ns. The 

time difference between the two pulses is approximately 40 ns, 

and the amplitude of the output pulse is notably smaller than 

that of the reference pulse. For a clearer comparison of the two 

pulses, Fig. 7(b) illustrates 𝑣 (𝑡) overlapped by 𝑣 (𝑡). 

Fig. 8 illustrates the reference pulse 𝑣 (𝑡) and the corrected 

pulse 𝑣 (𝑡) recovered by the proposed correction method. 

Here, we define two figures-of-merit to quantitatively compare 

the output pulse and the corrected pulse with the reference pulse. 

These figures-of-merit are percent amplitude error (PAE) and 

percent pulse-width error (PPWE), which are represented by 
 

     𝑃𝐴𝐸 = × 100, 
(11)

     𝑃𝑃𝑊𝐸 = × 100, (12)
 

respectively, where the peak-to-peak voltages of the corrected 

pulse and reference pulse are 𝑉  and 𝑉 , respectively. 

Moreover, the pulse widths of the corrected and reference pulses 

are 𝑃𝑊 and 𝑃𝑊 , respectively. Here, the pulse width for a 

bipolar pulse is defined as the time duration between two points 

corresponding to 10% amplitudes of the positive and negative 

peaks. 

Table 1 lists the correction results in detail; and demonstrates 

that PAE is reduced from 14.6% to 4.5%, and PPWE is re-

duced from 10.4% to 0.8%. Moreover, the reference pulse and 

corrected pulse nearly overlap for the displayed time range, as 

shown in Fig. 8. Therefore, the proposed method is sufficient for 

correcting the PEF waveforms distorted by the FDL of the mi-

crowave cable in PEF effect experiments. 

IV. DISCUSSION 

In the previous section, the correction method was validated 

Fig. 6. Magnitude of the oscilloscope input impedance. 

 

(a) 

(b) 

Fig. 7. Reference pulse 𝑣 (𝑡) and output pulse of the DUT 𝑣 (𝑡): 

(a) 𝑣 (𝑡) and 𝑣 (𝑡) and (b) 𝑣 (𝑡) overlapped by 𝑣 (𝑡) 

for a clearer comparison. 

Fig. 8. Comparison of the reference pulse 𝑣 (𝑡) and the corrected 

pulse 𝑣 (𝑡).
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for a 2-ns bipolar pulse. To ensure that the correction method 

can be used in more general PEF applications, the correction 

method must be verified under various conditions. For this rea-

son, the correction method is tested for various pulse widths, 

pulse types, and cable types. 

 

1. Correction of Pulses with Various Pulse Widths 

The correction method must be verified for various pulse 

widths, because PEF, in practice, can have various pulse widths. 

Because a narrower pulse has more high-frequency components, 

the distortion of the pulse waveform increases as the pulse width 

narrows. Therefore, we compare the test results obtained for a 2-

ns single sine pulse with those obtained for 1.3- and 1-ns single 

sine pulses. 

Figs. 9 and 10 show the waveforms of the reference pulse 𝑣 (𝑡), output pulse 𝑣 (𝑡), and corrected pulse 𝑣 (𝑡) for 1.3- 

and 1-ns pulses, respectively. Table 1 lists the test results, includ-

ing those of 2-ns pulse. The measurement and computation 

processes are the same as those mentioned in Section III. 

As shown in Table 1, the PAE for the 1.3-ns pulse decreases 

from 18.5% to 5.3%, and the PPWE for the 1.3-ns pulse de-

creases from 10% to 0.8%. The PAE for the 1-ns pulse decreas-

es from 20.5% to 2.1%, and the PPWE for the 1-ns pulse de-

creases from 17.0% to 1.0%. Here, compared to the correction 

results obtained for the 2-ns pulse, the 1.3-ns and 1-ns pulses 

have larger errors in pulse amplitude and width measurement, 

but the errors for the corrected waveforms of 1.3-ns and 1-ns 

pulses are similar to those of the 2-ns pulse. As shown in Figs. 9 

and 10, the overall waveforms of the corrected pulses are almost 

identical to the reference pulse waveforms. 

 

2. Correction of a Unipolar Pulse 

The correction method also needs to be tested for the unipo-

lar pulse, not only for the bipolar pulse, because a unipolar pulse 

is widely used in many PEF effect tests. Here, a Lorentzian 

function is denoted as 

     𝐿(𝑡) = ⁄( ⁄ ) , 

where Γ = 2ns (13)
 

is adopted to apply the proposed correction method to a unipo-

lar pulse. Here, we use the same RG-213 cable and the same 

process as that mentioned in Section III. 

Fig. 9. Correction result of the 1.3-ns pulse. 

 

Fig. 10. Correction result of the 1-ns pulse. 

Table 1. Detailed correction result of the pulses according to varying pulse width 

Pulse duration 
Peak-to-peak voltage (mV) Bipolar pulse-width (ns)

v1(t) v2(t) v1c(t) v1(t) v2(t) v1c(t)

2 ns Value 438 374 458 1.92 2.21 1.93

 Error - 14.6 4.5 - 10.4 0.8

1.3 ns Value 422 344 447 1.20 1.32 1.19

 Error - 18.5 5.3 - 10.0 0.8

1 ns Value 410 326 419 0.94 1.10 0.93

 Error - 20.5 2.1 - 17.0 1.0

The error is expressed as a percentage. 
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Fig. 11 presents the waveforms of the reference pulse 𝑣 (𝑡), 

output pulse 𝑣 (𝑡), and corrected pulse 𝑣 (𝑡) for the unipo-

lar pulse. Fig. 11(a) shows the reference pulse and distorted out-

put pulse. As shown in Fig. 11(b), the overall shape of the correct-

ed pulse overlaps with the reference pulse with a little difference. 

According to Table 2, with the use of the correction method, 

the PAE of the unipolar pulse declines from 6.4% to 1.8%, and 

the PPWE decreases from 16.8% to 1.9%. Here, the PAE of 

the unipolar pulse is calculated as 

𝑃𝐴𝐸 = × 100
,

 

 

where the amplitudes of the corrected pulse and reference pulse 

are 𝑉 and 𝑉 , respectively. The PPWE of the unipolar 

pulse is calculated as Eq. (12), where the definition of the pulse 

width for the unipolar pulse is given as the time duration be-

tween two points at a 10% amplitude. These results show that 

the proposed correction method for the PEF measurement 

works properly for a unipolar PEF waveform. 

 

3. Pulse Correction for Various Cable Types 

There are many types of microwave cables that transmit the 

PEF signal from the electric-field sensor to the measuring oscil-

loscope. To validate the correction method for different types of 

cables, we apply the proposed method to RG-8 and LMR-400 

cables, and then the test results are compared with those of RG-

213 described in Section III. All test conditions and computa-

tion processes are the same as those used for the RG-213 cable. 

The length of each cable is 10 m. 

Fig. 12(a) presents the waveforms of the reference pulse 𝑣 (𝑡), output pulse 𝑣 (𝑡), and corrected pulse 𝑣 (𝑡) for RG-

8. According to Table 3, the PAE of RG-8 is reduced from 16.6% 

to 1.4%, and the PPWE is reduced from 8.4% to 0.3%. Fig. 

12(b) shows the correction result for LMR-400. As shown in 

Table 3, the PAE of LMR-400 is reduced from 9.8% to 2.3%, 

and the PPWE is reduced from 4.2% to 2.3%. These results 

validate the proposed correction method for PEF measurement 

for the different cable types. 

V. CONCLUSION 

This paper proposes a correction method to recover the pulse 

waveforms distorted by the FDL of a microwave cable. The 

correction method is obtained by building a transfer function 

using the ABCD parameters obtained from the scattering pa-

rameters of the microwave cable. The correction method is vali-

dated by measurement and computation. The time-domain 

output pulse, frequency-domain scattering parameters, and ca-

ble resistance are measured to build the transfer function for the 

 
(a) 

 
(b) 

Fig. 11. Correction result of the unipolar pulse: (a) 𝑣 (𝑡) and 𝑣 (𝑡) 

and (b) 𝑣 (𝑡) and 𝑣 (𝑡). 

Table 2. Detailed correction result of the pulses according to various pulse types 

Pulse type 
Peak-to-peak voltage or amplitude (mV) Pulse-width (ns)

v1(t) v2(t) v1c(t) v1(t) v2(t) v1c(t)

Bipolar (2 ns) Value 438 374 458 1.92 2.21 1.93

 Error - 14.6 4.5 - 10.4 0.8

Unipolar (Lorentzian) Value 470 440 479 5.70 6.66 5.81

 Error - 6.4 1.8 - 16.8 1.9

The error is expressed as a percentage. 
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correction. Then, the correction method is implemented in 

MATLAB code, and the measurement results are loaded to 

compare the corrected pulse with the reference pulse. The cor-

rection method is successfully validated for a DUT cable with a 

2-ns input pulse of a sine shape because the PAE is reduced 

from 14.6% to 2.4% and the PPWE is reduced from 10.4% to 

0.8%. In addition, the correction method is verified for various 

pulse durations, pulse types, and cable types.  

The correction method is prepared for application to the 

measurement of PEF waveforms delivered to targets in PEF 

effect testing. The proposed correction method can be applied 

not only to correct PEF waveforms distorted by a microwave 

cable but also by other microwave devices that have the FDL, 

such as attenuators, baluns, and couplers. 

 

This work was supported by Korea’s state-funded Agency 

for Defense Development (ADD). 
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I. INTRODUCTION 

Due to the high level of integration that can be achieved and 

the ease of design, circuits implemented on printed circuit 

boards (PCBs) are widely used. In addition, the development of 

new materials and processes has enabled PCB designs at higher 

frequencies. Accordingly, de-embedding techniques have been 

studied to accurately evaluate circuits (or devices) on planar sub-

strates. Among them, techniques using calibration methods, 

such as Thru-Reflect-Line (TRL) and Line-Reflect-Line (LRL) 

have enabled accurate measurements, even at high frequencies 

[1]. 

Accuracy of the de-embedding method based on TRL cali-

bration is largely dependent on the uncertainty of the character-

istic impedance of the TRL line standard [2]. This uncertainty 

is determined by evaluating the uncertainties in the cross-

sectional dimensions and the dielectric properties (permittivity 𝜀  and loss tangent 𝑡𝑎𝑛𝛿) of the line standard. Because PCB 

manufacturing exhibits high tolerance and an accurate evalua-

tion of the dielectric properties of the materials used to fabricate 

a multilayer PCB is challenging, the derived characteristic im-

pedance has significant uncertainty. 

This uncertainty in the TRL line characteristic impedance re-

sults in uncertainty in the measured S-parameters of a device 
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under test (DUT). This is because the S-parameters of a DUT 

measured with respect to TRL calibration are referenced to the 

actual characteristic impedance of TRL line, Zline, which, in gen-

eral, is not exactly 50 Ω. Therefore, the S-parameters of the 

DUT are often required to be referenced to an idealized refer-

ence impedance, Zref (which is often 50 Ω), and so the S-

parameters are renormalized from Zline to Zref [3, 4]. 

Several methods are available for determining the characteris-

tic impedance. One of the well-established methods is the 

method in which the characteristic impedance is derived from 

the propagation constant and estimated capacitance per unit 

length of the line [5, 6]. Another well-established method is the 

calibration comparison technique [7, 8]. The former method 

assumes that the substrate has low loss; thus this technique is 

neither applicable to lossy substrates nor at very high frequen-

cies. In the latter method, the characteristic impedance is calcu-

lated from the error boxes obtained by two-tier calibration when 

the reference impedance of the first calibration is known. This 

approach has the advantage of being less impacted by the effects 

of probe pads. However, if the transition from these pads to the 

line is inductive, the calibration comparison technique requires 

additional correction [8]. In this case, there remains a question 

concerning how to evaluate the value of inductance. Therefore, 

this method is less reliable for lines with long transitions. 

A recent study [9] introduced a new method based on three-

dimensional (3D) electromagnetic (EM) simulation. This method 

can provide comparable accuracy to the calibration comparison 

method. The uncertainty in the TRL line characteristic imped-

ance and its impact on the measured DUT S-parameters was 

demonstrated by employing the method described in [10]. The 

impact was shown as the worst-case deviation from the refer-

ence simulated S-parameters. 

In this study, we evaluate the uncertainty in the measured 

DUT S-parameters due to the uncertainty in the dimensions 

and dielectric properties of the TRL calibration line standard 

using two extraction methods: (i) a method based on repeated 

TRL calibrations with a randomly perturbed line standard and 

(ii) a method combining impedance renormalization using the 

equations given by Stumper [11]. Both methods employ 3D 

EM Monte Carlo simulation provided by the Advanced Design 

System (ADS) circuit simulator [12] to obtain the uncertainties 

in the characteristic impedance and S-parameters of the TRL 

line standard. This study shows how to combine impedance 

renormalization with Stumper’s equations. Using these methods, 

we evaluate the uncertainty in the measured S-parameters of the 

DUT fabricated on the multilayer PCB. 

The rest of this paper is organized as follows. In Section II, 

we present the nominal values of the line dimensions and die-

lectric properties and the associated uncertainties; we also dis-

cuss how to evaluate the uncertainty in the dimensions of the 

fabricated PCB line. In Section III, we introduce the two meth-

ods for evaluating the uncertainty in the measured DUT S-

parameters based on 3D EM Monte Carlo simulation. The 

simulation results are presented in Section IV. The S-parameters 

of the DUT, measured using a vector network analyzer (VNA), 

and the evaluation of the uncertainty in these measured S-

parameters, are presented in Section V. 

II. SOURCES OF UNCERTAINTY 

The calibration standards and DUT are realized in stripline 

on the PCB. The cross-sectional structure of the fabricated 

PCB is shown in Fig. 1. It consists of four dielectric layers and 

three metal layers. The strip line is connected to the coplanar 

waveguide (CPW) line on the top layer through at each end. To 

maintain the same ground on the upper and bottom planes of 

the stripline, we connected two planes through the vias, which is 

distributed along the line at the fixed intervals. In this paper, it 

is assumed that the effect of the ground vias on the characteris-

tic impedance is small and, thus, we ignore the effect. The top 

view and cross section (at "A" in Fig. 1) of the stripline are pre-

sented in Fig. 2(a) and 2(b), respectively. The dielectric materi-

als constituting the substrate are RO4350 (D1) and prepreg 

2116 (D2). The prepreg material is essential when fabricating 

multi-layer PCBs. 

The characteristic impedance of the stripline is determined 

from the width of the line (𝑊 ), its thickness (𝑇 ), thicknesses 

of the dielectric material (𝐻 , 𝐻 ), and the dielectric properties 

(𝜀 , 𝑡𝑎𝑛𝛿); the uncertainties in all these quantities propagate to 

the uncertainty in the characteristic impedance and the uncer-

Fig. 1. Configuration of the implemented stripline. 

 

(a)                        (b) 

Fig. 2. Fabricated PCB: (a) top view and (b) cross-section.
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tainty in the S-parameters of the DUT, subsequently. 

The dimensions of the fabricated striplines are measured by 

taking a micro-section of the PCB and performing dimensional 

measurements with a high-resolution vision measuring machine 

of resolution 0.1 μm. When measuring 𝑊 , we corrected the 

values by measuring the angle between the cut plane and the 

plane perpendicular to the striplines. All 26 lines on the PCB 

are measured, and the mean and standard deviation of the 

measured values were calculated. This information is summa-

rized in Table 1 [13–15]. Using the mean values of the meas-

ured dimensions, an average value for the characteristic imped-

ance (𝑍 ) is extracted using the 3D EM simulation. The 

standard deviation of each measured dimension is taken as the 

standard uncertainty of that dimension. In this paper, we do not 

consider the line roughness. 
We cut the PCB using an endmill, which is a type of milling 

cutter. During the cutting procedure, line deformation can oc-

cur at the cross-section. This deformation may cause the mean 

of the measured dimensions to somewhat deviate from the actu-

al value, and the standard deviation in the measured dimension-

al values to increase. Nonetheless, we use the measured values to 

determine the impact on the derived characteristic impedance. 

In the case of permittivity and the loss tangent, we refer to 

the datasheet for RO4350 and a report written by the prepreg 

manufacturer [16]. However, the uncertainty is given only for 

D1 permittivity. Therefore, in the absence of any other infor-

mation, we assume that the uncertainty of D2 permittivity is the 

same as that of D1, and the uncertainty in the loss tangent is 

±10%, in order to investigate these effects. The permittivity and 

loss tangent of the dielectric materials are summarized in Table 

2. These properties depend on the PCB structure, and the 

properties for the prepreg also depend on the composition (e.g., 

the amount of water and resin present in the prepreg) [16]. For 

an accurate evaluation of these quantities, it is necessary to un-

derstand the measurement method used to determine the die-

lectric properties. 

Using the values listed in Table 3, we perform Monte Carlo 

simulations. Gaussian distributions were assigned to each TRL 

line parameter (𝑊 , 𝑇 , 𝐻 , 𝐻 , 𝜀 , , 𝜀 , , 𝑡𝑎𝑛𝛿 , and 𝑡𝑎𝑛𝛿 ). 𝐻  contains three layers of material, which are varied 

proportionally during the simulations, for simplicity. The num-

ber of Monte Carlo trials is selected as 1,000 for each simulation, 

which results in a computation time of approximately 10 hours. 

III. 3D EM MONTE CARLO SIMULATION 

We use the momentum simulator provided by ADS for the 

3D EM Monte Carlo simulation. We model the stripline for 

the TRL calibration line standard of length 1.2 mm between 

the reference planes shown in Fig. 1. The dimensions of the 

horizontal and vertical structures of the line and the dielectric 

properties are parameterized, and Monte Carlo simulations are 

conducted for these variables. The feed type for the ports is 

TML, which stands for the transmission line calibration. The 

TML ports de-embed the feed structures. 

We use two methods for the 3D EM Monte Carlo simula-

tion, which are based on (i) repeated TRL calibration and (ii) 

Stumper’s equations. The former method repeats TRL calibra-

tion using lines with randomly perturbed dimensions and die-
Table 1. Dimensions of fabricated stripline (unit: mm) 

 𝑊  𝑇  𝐻  𝐻
Designed value (𝑑) 0.600 0.070 0.500 0.500

Measured mean (𝜇) 0.557 0.066 0.492 0.468

Measured SD (σ) 0.011 0.003 0.003 0.005

Ratio-1 (%) 2.0 4.6 0.8 1.9

Ratio-2 (%) 7.2 5.7 1.4 5.4

Tolerance min.80%a 0.006b ±0.0381c ±0.0381c

SD = standard deviation. 

Ratio-1 = σ/𝜇 × 100. 

Ratio-2 = (𝑑 − 𝜇)/𝑑 × 100. 
aReferred to [13]. 
bTypical roughness in [14]. 
cReferred to [15]. 

Table 2. Property of dielectric materials (D1, D2) 

 𝜀 , a 𝑡𝑎𝑛𝛿 b 𝜀 , b 𝑡𝑎𝑛𝛿 b

Designed value (𝑑) 3.48 0.0037 3.9 0.0114

Tolerance ±0.05 ±10%c ±0.05c ±10%c

aReferred to the datasheet of RO4350. 
bReferred the report [16] from the manufacturer, Isola. 
cAssume that the tolerance is the same as D1. 

Table 3. Variables for Monte Carlo simulation 

 
Simulation# 

1 2 3 4 5

Variable 𝑊  𝑇  𝐻  𝐻  
𝜀 ,  𝜀 , 𝑡𝑎𝑛𝛿  𝑡𝑎𝑛𝛿

Mean 0.557 0.066 0.492 

0.468 

3.48 

3.90

0.0037

0.0114

SD 0.011 0.003 0.003 

0.005 

0.05 

0.05

0.0004

0.0011

Distribution Gaussian 

# of trials 1,000 

SD = standard deviation.
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lectric properties. The DUT S-parameters are then renormal-

ized from an assumed initial reference impedance of 𝑍  to 

50 Ω. The characteristic impedance (𝑍 ) of the TRL Line 

standard (either mean or perturbed) is obtained from the fol-

lowing equation [9, 17]: 
 𝑍 = 𝑍 ( )( )                 (1) 
 

where the S-parameters are the simulated values for TRL line 

and 𝑍  is the system reference impedance of the simulator, 

which is generally 50 Ω. This equation is applicable only to uni-

form lines. 

The latter method repeatedly calculates the deviation of the 

DUT S-parameters (𝛿𝑆 , ) using the deviation of the S-

parameters of TRL line (𝛿𝑠 ) obtained by randomly varying 

the dimensions and dielectric properties, as well as the Stumper’s 

equations shown below [11]: 
 𝛿𝑆 , ≈ − ( ) 𝛿𝑠 + ( ) (𝛿𝑠 − 𝛿𝑠 ) +

( ) 𝛿𝑠                                 (2) 

 , ≈ ( ) 𝛿𝑠 + ( ) 𝛿𝑠           (3) 
 

where 𝐿 = exp (−𝛾𝑙), 𝑙 is the TRL line length and 𝛾 is its 

propagation constant obtained as a by-product during the TRL 

calibration process, Γ  is the reflection coefficient of the 

TRL reflect standard, and 𝑆  are the DUT S-parameters. To 

obtain corresponding expressions for 𝛿𝑆 ,  and 𝛿𝑆 , , 

index 1 is replaced by 2 and vice versa in Eqs. (2) and (3). 

As seen from the above equations, the S-parameter uncer-

tainty increases as the length of the line standard approaches n 

times λ/2, where n is an integer. In this study, a single line is 

used as the Monte Carlo simulation takes a long time. To ob-

tain a lower uncertainty at low frequencies, more lines with 

longer length can be used. 

The process used for both methods is shown in Fig. 3. First, 

we define the "mean" line using the mean parameter values. We 

extract the S-parameters and 𝑍  of this "mean" line, which are 

assigned as 𝑆  and 𝑍 , respectively. Then, TRL calibra-

tion and DUT correction are carried out, followed by renormal-

ization of the corrected DUT S-parameters from 𝑍  to 

50 Ω. This is the general TRL calibration procedure. In the 

next step, the Monte Carlo simulation is conducted using one 

of the two methods. This produces N results (we used N = 

1,000 in this study). By calculating the standard deviations of 

the N results, we obtain the uncertainty in the DUT S-

parameters. Each of the N trials involves five separate trials, as 

listed in Table 3, with only one or two parameters being varied 

at a time. This allows the evaluation of the uncertainty caused 

by each contribution to be evaluated, separately. 

 

In this study, we use a Beatty line as the DUT, as shown in 

Fig. 4. It consists of a center line, with a width of 2 mm and 

length of 30 mm, and outer lines, with a width of 0.6 mm and 

length of 5.2 mm, at both ends of the center line. We assume 

that all fixtures, which consist of a transition from CPW to 

stripline, are identical. The fixtures, which are included in the 

ADS simulation, constitute the error boxes for TRL calibration. 

 

1. Method based on Repeated TRL Calibration 

Fig. 5 shows a flowchart for the Monte Carlo simulation 

based on repeated TRL calibration. We define TRL line again 

using the perturbed parameters (i.e., "perturbed line"). Then, we 

 
Fig. 3. Flow chart for the process common to the two methods for

extracting the uncertainty of the DUT S-parameters. 

Fig. 4. Diagram of the Beatty line. 
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calibrate using the perturbed line and correct the DUT S-

parameters. Finally, we renormalize the DUT S-parameters to 

50 Ω assuming that they are initially normalized to 𝑍 . Af-

ter N repetitions of this process, we obtain N sets of DUT S-

parameters. By calculating the standard deviations in these N 

repetitions, we can establish the uncertainties in the line 𝑍  

and the DUT S-parameters. 

 

2. Method based on Stumper’s Equations 

Fig. 6 shows a flowchart for the Monte Carlo simulation based 

on Stumper’s equations. TRL line is defined again with the per-

turbed parameters (perturbed line), and then the S-parameters 

are extracted for the perturbed line (𝑆 ). These S-parameters 

are extracted with respect to two 50 Ω ports. However, the de-

viation in the S-parameters of TRL line, 𝛿𝑠 , occurs with re-

spect to the characteristic impedance of TRL line. Therefore, we 

renormalize the S-parameters from 50 Ω to 𝑍  (𝑍 ). Then, 

by subtracting the renormalized 𝑆  (𝑆 , ) from 

the renormalized 𝑆  (𝑆 , ), we obtain 𝛿𝑠 . Using 

Eqs. (2) and (3), we can calculate the deviation in the DUT S-

parameters. In the equations, Γ  can be obtained during 

TRL calibration, and the DUT S-parameters 𝑆  can use ei-

ther the simulated values or the measured values, which should 

both be renormalized to 50 Ω. That is, 𝑆  can be either 𝑆 _ _  or the measured DUT S-parameter after renor-

malization from 𝑍  to 50 Ω. After N repetitions of this pro-

cess, we obtain N sets of deviations in the DUT S-parameters (𝛿𝑆 , ). From the standard deviations of 𝛿𝑆 , , we ob-

tain the uncertainties in the DUT S-parameters. 

IV. SIMULATION RESULTS 

From the method based on Stumper’s equations, we have S-

parameters (𝑆 ) of the perturbed TRL line for each of the N 

Monte Carlo trials. We calculate N characteristic impedances 

(𝑍 ) from the N sets of 𝑆  using Eq. (1) and plot the real 

part of 𝑍  in Fig. 7(a)–7(e). The black lines in these plots 

indicate the results obtained from the mean values of the pa-

rameters and the grey lines are those obtained from the per-

turbed values. The dotted lines on these graphs show 95% con-

fidence interval. Because of loss in the line, 𝑍  also has a small 

imaginary part, which is taken into account in the renormaliza-

tion process. 

In Fig. 7(f), we plot all these uncertainties, obtained from the 

standard deviations, which show that the uncertainty with re-

spect to 𝑊  is dominant for the conditions listed in Table 3. 

 
Fig. 5. Flow chart for Monte Carlo simulation based on impedance 

renormalization. 

 

 
Fig. 6. Flow chart for Monte Carlo simulation based on equations 

given by Stumper. 
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This shows that, to evaluate the characteristic impedance with 

low uncertainty, high accuracy is required when measuring the 

line width. 

To account for the case in which the measurement of the line 

width is affected by the cutting process of the endmill, resulting 

in large uncertainties, we also measure the width of the CPW 

lines on top of the same PCB. The standard deviation of the 

measured CPW line width is 0.006 mm, which is approximate-

ly half that of the striplines. It is difficult to say if this value can 

be used as the uncertainty for the stripline measurement because 

the fabrication process for the stripline is different from that for 

the CPW line. Even if we do use this value, we obtain an uncer-

tainty of 0.25 Ω at 20 GHz, which is still a dominant contribu-

tion to the overall uncertainty. 

In the simulated results shown in Fig. 7, small resonances are 

observed at specific frequencies (e.g., at 33 GHz). We perform 

simulations using lines of different lengths, but the resonances 

always occur at the same frequencies. This is presumed to be a 

resonance phenomenon of the multilayer structure itself. 

By the repeated TRL process, we obtain 1,000 sets of S-

parameters for the DUT (Beatty line), as shown in Fig. 8. Fig. 

8(a) and 8(b) shows the magnitude of 𝑺𝟏𝟏 and 𝑺𝟏𝟐, according 

to the deviation of 𝑾𝑺𝑳, respectively. The black line indicates 

the result obtained from the mean values of the parameters and 

the gray lines indicate those obtained from the perturbed values. 

Finally, the uncertainty caused by TRL line can be obtained by 

calculating the standard deviation of the 1,000 S-parameter re-

sults at each frequency. The uncertainties of |𝑆 | and |𝑆 | 
are presented in Fig. 9. 

Fig. 9 also plots the results based on Stumper’s equations. In 

this simulation, we use the simulated values for the DUT S-

parameters 𝑆 . Both sets of results agree exactly with each oth-

er. If we do not renormalize the S-parameters of TRL line from 

50 Ω to 𝑍 , there is a discrepancy between the two methods. 

When performing the uncertainty analysis, it is important to 

consider what factors influence the uncertainty. By using Stump-

er’s equations, it is easier to identify the influences and interac-

 
Fig. 7. The simulation results of real part of 𝑍  for each parameter 

of (a) 𝑊 , (b) 𝑇 , (c) 𝐻 , 𝐻 , (d) 𝜀 , and (e) 𝑡𝑎𝑛𝛿. The 

black line indicates 𝑍  and the gray line indicates 𝑍 𝑠. The dotted line presents the uncertainties at 95% 

confidence. (f) Calculated standard deviations for the indi-

vidual uncertainty contributions.

 
Fig. 8. Monte Carlo simulation results of magnitude of the DUT 

S-parameters (a) 𝑆  and (b) 𝑆  with respect to the pa-

rameter 𝑊 , using the method based on repeated TRL 

calibration. 

 
Fig. 9. Comparison of the results obtained from the two methods. 

Magnitude uncertainty of the DUT S-parameters (a) S11 

and (b) S12 with respect to the parameter, 𝑊 .
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tions that affect the uncertainty in the measurement results. For 

example, by calculating the sensitivity coefficients for δ𝑠  and 𝛿𝑠 , we can verify how each uncertainty contribution affects 

the uncertainty in the DUT S-parameters. The sensitivity coef-

ficient of 𝛿𝑠  for 𝑢(|𝑆 |) is  𝑆 ∙ 𝑆 (1 − 𝐿 )⁄ , from Eq. (3), 

which is plotted in Fig. 10(a). By multiplying the sensitivity 

coefficient by the uncertainty of 𝛿𝑠 , we obtain the uncertainty 

contribution for 𝛿𝑠 . Fig. 10(b) shows the uncertainty of 𝛿𝑠 , 

obtained by the Monte Carlo simulation, and Fig. 10(c) shows 

the uncertainty contribution for 𝑢(|𝑆 |). 
Fig. 11 presents the uncertainty contributions for each DUT 

S-parameter. As expected from the results of characteristic im-

pedance, the uncertainty caused by the width of the line, 𝑾𝑺𝑳, 

is the dominant contribution. 

V. EXPERIMENTAL RESULTS 

The measured and simulated S-parameters of the DUT 

(Beatty line) are shown in Fig. 12(a) and 12(b), respectively. 

The solid line shows the measured results, and the dotted line 

 
Fig. 10. (a) Sensitivity coefficient of δ𝑠 , |Cδs11|, for u(|S12|) from 

the Stumper’s equation, (b) uncertainty of δ𝑠  and (c) its 

uncertainty contribution to u(|S12|). 

 

 
Fig. 11. Standard uncertainty of (a) |𝑆 | and (b) |𝑆 | due to the 

uncertainties in 𝑊 , 𝑇 , 𝐻, 𝜀 , and tanδ. 

 
Fig. 12. Measured (solid) and simulated (dotted) (a) |S11| and (b) 

|S12| of DUT, and (c, d) their uncertainty for all sources of 

uncertainty obtained by 3D EM Monte Carlo simulation 

(N = 1,000). Deviation of DUT S-parameters (e) |S11| and 

(f) |S12| from the results obtained using TRL line width 

designed values.
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shows the simulated results. Because the datasheet for RO4350 

does not provide the frequency dependency of permittivity in 

this specific multilayer structure, this simulation does not con-

sider any change in the values of the permittivity and loss tan-

gent with regard to frequency. This is likely to cause a slight 

discrepancy between the simulated and measured results shown 

in Fig. 12(a) and 12(b). 

We use a two-tier calibration to perform the measurements. 

The first-tier calibration is a short-open-load-thru (SOLT) 

calibration at the ground-signal-ground (GSG) probe tips made 

using a commercial impedance standard substrate. The second-

tier calibration is a TRL calibration performed using calibration 

standards on the PCB to move the measurement reference 

planes to the stripline terminals of the DUT. In this study, we 

do not consider the uncertainty caused by first-tier calibration. 

To calculate the uncertainty, we select the method based on 

Stumper’s equations, which enables us to use the measured val-

ues of DUT S-parameters. First, we obtain the uncertainty of 

the line, 𝛿𝑠 , using the 3D EM Monte Carlo simulation with 

1,000 trials, as discussed in Section III. The uncertainties of |𝑆 | and |𝑆 |, with respect to all parameters, are obtained 

from the measured DUT S-parameters and 𝛿𝑠 s. These uncer-

tainties are presented (as standard uncertainties) in Fig. 12(c) 

and 12(d). Their null positions are matched with those of the 

measured S-parameters. 

Fig. 12(e) and 12(f) shows the deviation of the measured S-

parameters of the DUT (obtained using the measured mean 

values) from the values obtained assuming the designed (i.e., 

intended) values listed in Table 1. We use the measured DUT 

S-parameters. The deviations are generally larger than the un-

certainty, which indicates the need to use the measured values 

for each fabricated PCB, rather than the designed (i.e., specified) 

values. 

VI. CONCLUSION 

Based on the precise measurements of the dimensions, and 

values for the dielectric properties shown in the datasheet, we 

obtain the uncertainty in the characteristic impedance of the 

TRL line standard and the subsequent uncertainties in the 

DUT S-parameters. In particular, we obtain the uncertainties in 

the DUT S-parameters by two methods—repeated TRL cali-

bration and Stumper’s equations—and show that the two 

methods obtain consistent results. This study demonstrates the 

use of Stumper’s equations taking into account the renormaliza-

tion process. We present the uncertainty contributions due to 

the width and thickness of the strip line, the thickness of the 

dielectric material, and dielectric properties (permittivity and 

loss tangent), and confirm that the uncertainty contribution 

caused by the stripline width is the dominant source of uncer-

tainty. 

Based on these methods, we can also obtain the uncertainty 

caused by the other TRL calibration standards (i.e., the thru 

and reflect). In addition, these methods can be applied to not 

only simple CPW structures but also complex multi-layer struc-

tures. To improve the accuracy of the methods, we need to fur-

ther study the cutting method (to help minimize any cutting 

deformation) and develop a method for experimentally deter-

mining the dielectric properties of the substrate. 
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I. INTRODUCTION 

The time-domain electromagnetic (TDEM) method, often 

called the transient electromagnetic (TEM) method, has been 

widely applied in geophysical explorations. In this method, cur-

rent is fed into a transmitter for a specific TDEM configuration, 

such as a transmitter loop or vertical magnetic dipole (VMD), 

horizontal magnetic dipole (HMD), horizontal electric dipole 

(HED), and long grounded wire [1–3]. Groundwater explora-

tion was previously studied using VMD configuration [4]. 

Meanwhile, a rectangular-loop TDEM was used to characterize 

the subsurface weathered layer [5] and analyze and interpret the 

anomalous conductivity and magnetic permeability effects sim-

ultaneously [6]. The TDEM method was applied to determine 

the aquifer potential [7], study subsurface structures in volcanic 

areas [8], and study saltwater intrusion [9]. It was also used to  
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characterize leachate contamination in landfills [10]. 

The TDEM forward modeling problem is expressed in the 

frequency, time, or Laplace domain [11]. Time-domain trans-

formation for solving this problem has been conducted using 

Fourier or Laplace transform. Fourier transform has often been 

applied to solve TDEM responses generated by VMD sources 

[12–16]. The TDEM data generated by an HED source were 

solved using the inverse Laplace transform in the forward mod-

eling part [8]. The inverse Laplace transform was manifested 

using the Gaver–Stehfest algorithm [17, 18]. In this study, the 

TDEM forward formulation is expressed in the Laplace domain.  

One intriguing challenge in the TDEM method is solving 

the inversion problem in which the TDEM data are numerically 

processed to obtain information on the resistivity structure of 

the subsurface. The inversion methods are grouped into deter-

ministic and non-deterministic methods. The examples of the 

first group are least-squares inversion [19] and Occam’s inver-

sion [8], which are used to determine the minimum misfit value 

between the observed and calculated data in order to obtain a 

reliable subsurface model. The non-deterministic methods, which 

belong to the global optimization approach, have recently been 

applied frequently to minimize misfit and avoid solutions 

trapped in the local minima [20]. The first application of the 

global optimization approach to TDEM data effectively re-

vealed a subsurface resistivity profile [21]. An efficacy of global 

optimization methods in solving inversion problems is their 

procedure that mimics natural phenomena such as cooling tem-

perature based on slow cooling to achieve the ground state, con-

dition with the minimum possible energy, and a physical phe-

nomenon called simulated annealing (SA) [22]. In this study, we 

elaborate a nonlinear inversion of TDEM data using a global 

approach in the form of very fast simulated annealing (VFSA), a 

modified version of SA, for overdetermined problems that con-

tain fewer model parameters than the observed data.  

VFSA inversion has been successfully used to infer the sub-

surface structure underneath Tibet by using the seismic method 

[23] and to interpret gravity anomaly caused by simple-shaped 

buried bodies [24]. The advantage of VFSA over other methods 

is that it can prevent the local minimum from being reached. 

VFSA inversion ensures the solution’s stability and can be used 

to make the noise data robust [25]. It was also applied for the 

interpretation of stacked seismic data [26] and used to obtain a 

static shift correction of magnetotelluric (MT) data in one-

dimensional (1D) MT data interpretation [27], 1D DC resistiv-

ity data interpretation [28], analysis of self-potential due to a 2D 

inclined structure [29], analysis of residual gravity anomaly to 

define the gross crustal density distribution of a tectonic region 

[30], and magnetic anomaly inversion caused by a rod-shaped 

buried structure [31]. 

Sharma and Biswas [32] successfully conducted TDEM data 

inversion using VFSA for a coincident loop configuration to 

detect anomalous conductive bodies in subsurfaces at depths 

down to 250 m. They used the fast Fourier transform to trans-

form the frequency-domain expression of the forward formula-

tion into the time-domain expression. Li et al. [33] employed 

VFSA inversion for a large-loop TDEM configuration yielding 

interpretation depths of up to approximately 1,500 m. They 

used Laplace transform in the form of the Gaver–Stehfest 

method in their forward formulation to transform the frequency 

domain into time domain. Yogi and Widodo [34] applied a hy-

brid inversion between the conjugate gradient method and the 

VFSA method for a rectangular transmitting loop and success-

fully revealed a resistivity profile of down to 1,000 m. Mean-

while, Prabawa and Warsa [35] conducted VFSA inversion for a 

VMD configuration to infer a carbonate reservoir at depths of 

750–1,200 m. They also applied Fourier transform to calculate 

the electromagnetic responses in the time domain. 

This study applies the VFSA method to the data obtained 

from an HED-TDEM configuration, which can reveal a deeper 

subsurface resistivity profile of approximately 8–10 km depth [8]. 

The forward formulation is expressed in the Laplace domain by 

applying the Hankel transform. Meanwhile, the time-domain 

transformation is performed by applying the inverse Laplace 

transform using the Gaver–Stehfest algorithm. The efficacy of 

this VFSA scheme is tested for a set of synthetic data, both 

noise-free and noisy. The scheme is also applied to real data 

obtained from the field to test its applicability in real situations. 

II. FORWARD MODELING 

1. TDEM for HED Configuration 
Electromagnetic phenomena can fundamentally be represent-

ed by relationships among five physical field vectors, namely e 

(electric field intensity), b (magnetic induction), d (dielectric 

displacement), h (magnetic field intensity), and j (electric current 

density). The relations among these vectors are governed by a set 

of Maxwell’s equations, which are expressed in the form of four 

first-order differential equations. 
 

   
0

t
∂× + =
∂
bE∇

 (1)

   t
∂× =
∂
dh - j∇

 (2)

   0⋅ =b∇  
(3)

   ρ⋅ =d∇  
(4)

 

where ρ is the electric charge density (C/m3). 

These equations can be decomposed into two equations by 

employing the constitutive relations in earth materials, given by 
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        εD= E (5)

        σJ = E (6)

         0μB = H
 (7)

 

Here, ε is the dielectric permittivity of the material, σ is the 

electric conductivity, and ω is the angular frequency. The mag-

netic permeability μ0 is assumed to have the same value as the 

free-space value. 

Applying Fourier transformation to Eqs. (1) and (2) and sub-

stituting in the above constitutive relations, a frequency-domain 

version of Maxwell’s equations is obtained: 
 

   0 0i× + =E Hωμ∇  
(8)

     
( ) 0i× − + =H Eσ εω∇ . 

(9)
 

Eqs. (8) and (9) are homogeneous equations, which are only 

valid in source-free regions. These equations must be substituted 

by inhomogeneous equations in regions having artificial sources, 

such as magnetic source current (𝐉𝐦𝐬 ) and electric source current 

(𝐉𝐞𝐬): 
 

      0
s
mi× + = −E H Jωμ∇  

(10)

      ( ) s
ei× + + = −H E Jσ εω∇ . (11)

 

Using the expressions of potential Schelkunoff A (magnetic 

term) and F (electric term) for E and H eases the steps required 

to solve the inhomogeneous differential equation, as the poten-

tials are always parallel to the source fields [1]. The inhomoge-

neous equations can be solved for infinite homogeneous regions 

as long as 𝐉𝐞𝐬 and 𝐉𝐦𝐬  can be expressed explicitly; hence, the 

electric and magnetic fields can be regarded as a superposition of 

electric and magnetic sources 
 

     m e= +E E E (12a)

      m e= +H H H . (12b)
 

Problems that deal with only Em and Hm are associated with 

cases in which 𝐉𝐞𝐬  = 0, whereas those that deal with only Ee and 

He are associated with cases in which 𝐉𝐦𝐬  = 0. 

In this study, an HED transmitter is used; hence, only the 

electric source (𝐉𝐞𝐬) appears in the formulation, simplifying the 

calculation of Schelkunoff potential to only include A, which by 

definition is related to He : 
 

        e ≡ ∇ ×H A . (13)
 

Substituting Eq. (13) into Eq. (11) yields the inhomogeneous 

Helmholtz equation: 
 

2 2 s
ek∇ + = −A A J  (14)

 

where k is a wave number, expressed by 

2 2
0 0k i= −μ εω μ σω . (15)

 

Applications of electromagnetic methods in geophysics, such 

as TDEM, usually consider electromagnetic field propagation in 

earth materials where the electric conductivity values are within 

a limited range (100 to 10-4 S/m) and the use of low frequencies 

(<105 Hz). In return, the conduction current is much greater 

than the displacement current or 𝜇 𝜎𝜔 ≫ 𝜇 𝜀𝜔 , yielding 
2

0 .k i≈ − μ σω  This condition is often called the quasi-static 

approximation, where the electromagnetic field propagation in 

earth materials is predominantly a diffusion phenomenon. In the 

Laplace domain, 2
0k iμ σω= − is expressed as 2

0k sμ σ= − , 

where s = iω. 

In this study, conductivity is assumed to vary only vertically in 

the z-direction. The earth is composed of N layers, each of 

which has a constant conductivity. The HED source with a cur-

rent moment Idx is located at z = - h, where dx denotes the 

length of the dipole (Fig. 1). σj and lj are the thickness and con-

ductivity of the i-th layer, respectively, where zi-1 < z < zi, and zj is 

the depth from the surface to the bottom of the j-th layer. Eq. 

(13) can now be expressed as 
 

   i i= ×H A∇ . (16)
 

By applying a proper gauge condition, we obtain 

   
( )2 2 0i ik A∇ + = , (17)

 

where 𝑘 = −𝜇 𝑠𝜎 . In this problem, we use two axes of sym-

metry, one in the direction of the dipole’s axis (x-axis) and the 

other in the direction of conductivity changing (z-axis). Accord-

ingly, we can define that the y-component of the vector poten-

tial equals zero: 
 

       
( ), 0 ,

i ii x zA A A=
. (18)

 

The vector potential of the electric dipole, which is in the x-

axis direction, can be expressed as 

Fig. 1. TDEM setup for 1D case where the earth’s conductivity 

varies only in the z-direction. 
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( )

4
ikr

x
Ids e

rπ
−=A r u

. (19)
 

In a layer containing the source, the particular (primary) solu-

tion of the inhomogeneous differential equation associated with 

the presence of the source at z = -h is added to the complemen-

tary (secondary) solution. Decomposing the source into trans-

verse magnetic (TM) and transverse electric (TE) modes, the 

particular solutions above and below the surface can be ex-

pressed as 
 

         
( ) 0, u z h

p x yA k k e− +

 (20)
 

as the TM mode and 
 

         
( ) 0, u z h

p x yF k k e− +

 
(21)

 

as the TE mode. Both potentials Ap and Fp depend on the par-

ticular source. 

Merging the primary and secondary solutions above the earth, 

the potentials as functions of x and y are obtained by applying 

the inverse Fourier transforms 
 

( ) ( )0 0 0
2

1  
4

x yi k x k yu h u z u z
p TM x yA A e e r e e dk dk

π

∞ ∞
+− −

−∞ −∞

= + 
(22)

and 
 

( ) ( )0 0 0
2

1  
4

x yi k x k yu h u z u z
p TE x yF F e e r e e dk dk

π

∞ ∞
+− −

−∞ −∞

= + 
(23)

 

where rTE and rTM are reflection coefficients for the TE and TM 

modes, respectively, which take into account the admittance and 

impedance of the free space and the surface. The admittance 

and impedance of the surface are calculated recursively, starting 

from the deepest layer and repeated upward until the surface. 

The above solutions can now be seen as a superposition of 

plane waves having a very wide range of the incidence angle. The 

TE mode has only a vertical magnetic field, and the coefficient of 

the TE mode, Fp, is obtained by equating the derivative of Eq. 

(19) with respect to y with Hz, which yields 
 

        0zH =           (TM mode) (24)
 

and 
 

       

2
2

2

1
z zH k F

i zωμ
 ∂= + ∂    (TE mode) (25)

 

to obtain 
 

    

0
2 2

0

ˆ
2

y
p

x y

ikz Ids
F

u k k
= −

+ . (26)

Substituting Eq. (26) into Eqs. (20) and (21), we obtain the 

expression for TE potentials between the source and the earth: 
 

( ) ( ) ( )

( )
( )

0 00
2

2 2
0

ˆ
, ,  

8

x y

u z h u z h
TE

i k x k yy
x y

x y

z Ids
F x y z e r e

ik
e dk dk

u k k

π

∞ ∞
− + −

−∞ −∞

+

 = − + 

+

 

(27)
 

The components of the magnetic field are obtained by substi-

tuting Eq. (24) into Eq. (25). The vertical magnetic field that 

depends only on the potential F of the TE mode at the surface 

(z = 0) is given by 
 

( ) ( )0
2

0

1
8

x yi k x k yyu z
z TE x y

ikIdsH r e e dk dk
uπ

∞ ∞
+

−∞ −∞

= − + 
,

(28)
 

which after transformation to the Hankel transform becomes 
 

    

( ) ( )0

2

1
00

1
4

u z
z TE

Ids yH r e J d
u
λ λρ λ

π ρ

∞

= +
, (29)

 

where 𝜌 = 𝑥 + 𝑦  is the horizontal distance from the cen-

ter of HED to the receiver and J1 is the Bessel function of order 

one of the first kind. The variable rTE can be calculated as follows 
 

     

0 1

0

ˆ
,ˆTE

Y Y
r

Y Y
−

=
+

 
(30)

 

where  

0
0

0

;u
Y

iωμ
=

 

( )
( )

2 1 1 1
1 1

1 2 1 1

ˆ tanhˆ ;ˆ tanh
Y Y u h

Y Y
Y Y u h

+
=

+

( )
( )

1

1

ˆ tanhˆ ;ˆ tanh
n n n n

n n
n n n n

Y Y u h
Y Y

Y Y u h
+

+

+
=

+
 

ˆ ;N NY Y=
 

;n
n

n

uY
iμ ω

=
 

( )1 22 2 ;n nu kλ= −
 

2 2 ;n n n n nk iω μ ε ω μ ε= −
 

( )2 2
0 0 0u λ ω μ ε= −

 
and ω is the angular frequency. 
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2. Time-Domain Transformation 

The final step of the forward modeling part is to transform 

the magnetic field previously expressed in the Laplace domain 

into the time domain: 
 

      

( ) ( )1
2

c
st

z
c

h t H s s ds
iπ

+∞
−

−∞

= 
. (31)

 

The transformation is manifested by performing numerical 

integration using the Gaver–Stehfest algorithm [17, 18]: 
 

( ) ( )
2

ln2 L

l z l
l

h t K H s
t =

= 
,  

ln 2
ls l

t
=

 
(32)

 

where 
 

( ) ( )
( ) ( )( )

min ,
2 2

2

1
2

2 !
1

! ! 1 ! 1 2
2

L Ll
Ll

l
lk

k k
K

L k k l k k l

 
 
 

+

+=

= −
 − − − − 
 


,
 

(33)
 

where L is the coefficient value that depends on the computer 

used for calculating the inverse. In this calculation, the value of L 

is 8 [8]. In the real measurement, we are only interested in the 

transient response after switching off the current at t = 0, and the 

magnetic field measured as a function of time can be expressed as 
 

      
( ) ( )_ ;      0DCh t h h t t= − ≥ , (34)

 

where hDC is the induced magnetic field at t → ∞ or ω → 0 

due to the HED source, calculated by a similar step as h(t) for 

layered earth, except that the value of the Laplace variable s is set 

to zero. 

III. GLOBAL OPTIMIZATION USING VFSA METHOD 

Crystal formation in a material caused by a thermodynamic 

process is adopted as a fundamental concept in SA inversion. In 

annealing, a solid substance is heated until it melts into liquid. 

The temperature then decreases slowly, enabling the cooled liq-

uid to grow large single crystals, a condition that is associated 

with the global minimum energy state. Analogous to annealing, 

in the geophysical inversion problem, the temperature cooling 

process resembles an iteration process of searching a solution. 

The liquid substance represents a model, and the energy of the 

system is analogous to an objective function. In the inversion, 

the process of finding a model that converges toward a solution 

whose objective function is the minimum is repeated at each 

iteration. 

The SA method incorporates the Boltzmann probability dis-

tribution function, which describes the relation between the 

probability of a model m at temperature T, whose energy is E: 
 

    

( ) ( )exp
E

P
kT

 
∝ − 

 

m
m

 (35)
 

where k is Boltzmann’s constant. The system configuration is 

expressed in M number of model parameters (m1, m2, …, mM). 

In the inversion scheme, E is the objective function to be mini-

mized and T is a fixed control factor, commonly referred to as 

the iterative process controller [25]. As k is a constant, we can 

set its value to 1 without loss of generality. The model space is 

sought after by obtruding perturbations on the estimates of the 

model parameters being optimized. The perturbations depend 

on the chosen scheme of temperature decay for each iteration. 

VFSA was first introduced by Ingber [31, 36] as a modification 

of the SA method for two main reasons [37,38]. First, in an 

NM-dimensional model space, each model parameter has a dif-

ferent range of variations and influences the misfit function dif-

ferently; hence, each model parameter has a different level of 

perturbation from their current value. Second, the algorithm of 

the SA method does not perform sufficiently precise and fast 

calculation if the Cauchy random numbers are the same as the 

number of model parameters. The attempt to establish an NM-

dimensional Cauchy distribution can be avoided by using the 

NM-product of 1D Cauchy distributions. This modification 

permits larger sampling of the model space at high temperature 

and narrower sampling at low temperature, and each model pa-

rameter is allowed to have its own cooling schedule and sam-

pling scheme in the model space.  

The implementation of the algorithm is started by assuming a 

model parameter mi at k-iteration (𝑚 ), which can be expressed 

as [39]: 
 

       
m in m axk
i i im m m≤ ≤ , (36)

 

where 𝑚  is the minimum and 𝑚  is the maximum 

value of the parameter 𝑚 . The value of 𝑚  is perturbed at the 

(k+1)-th iteration using the following rule: 
 

       
( )1 max mink k

i i i i im m y m m+ = + − , (37)

 

where 𝑦 ∈ [−1,1] and 𝑚 ≤𝑚 ≤𝑚 . The value of 𝑦  

is produced by the following distribution: 
 

( )
( )

( )
1 1

1
12 ln 1

NM NM

T Ti i
i i

i
i

g y g y
y T

T
= =

= =
 

+ + 
 

∏ ∏ ,

(38)

whose cumulative probability is presented by 
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2 2 1ln 1
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Ti i

i

y
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G y

T

 
+ 

 = +
 

+ 
 

.

 
(39)

 

It is equivalent to having a random number 𝑢  within the 

uniform distribution of 𝑈[0,1], which can be mapped into the 

previous distribution expressed as 
 

2 1
1 1sgn 1 1
2

iu

i i i
i

y u T
T

−     = − + −         . (40)
 

Li et al. [35] showed that for such distribution, the global 

minima can be randomly determined by applying a cooling 

schedule, which can be expressed as 
 

       
1/

0( ) exp( )NM
i i iT k T c k= − , 

(41)
 

where T0i is the initial temperature of the i-th parameter, and 𝑐  

is a control parameter for the temperature scheduling. In this 

paper, we set T0 = 5, 𝑐  = 1, and k = 1. Each particle is set to 

move NV times at each iteration. These movements aim to give 

chance to each particle to achieve the best misfit randomly as 

the temperature cools down. The VFSA algorithm is systemati-

cally explained by the pseudocode shown in Fig. 2. 

IV. INVERSION RESULT AND DISCUSSION 

1. Inversion on Synthetic Data 

The forward modeling calculation is performed to generate a 

transient curve of vertical magnetic field Bz (tesla, T). In a real 

situation, the measurement of Bz instead of its time derivative 

(∂Bz/∂t) is made possible by using a fluxgate sensor as the re-

ceiver [8]. The HED transmitter lies on the surface and has a 

1,425-m long cable, both ends of which are grounded, injecting 

an 8 A current. The transmitter is in parallel with the x-axis and 

the receiver is located at x = 3 km and y = 4 km from the 

transmitter’s center; thus, the transmitter–receiver distance is 5 

km. The earth is modeled by a three-layer subsurface structure 

that has a moderately resistive first layer (25 Ωm), followed by a 

conductive layer (1 Ωm) and a resistive layer (100 Ωm). The 

magnetic field Bz is calculated at 212 measurement times, start-

ing at 1.58 ms and ending at 4.28 seconds. The resistivity model 

(test model) and the generated vertical magnetic field Bz (syn-

thetic data) are shown in Fig. 3(a) and 3(b), respectively. 

To test the pertinency of the proposed VFSA inversion scheme, 

the synthesis data are inverted to reveal a resistivity model that is 

sought to be as similar as possible to the test model. The inver-

sion is conducted for several sets of VFSA parameter values to 

obtain the possible smallest misfit, as listed in Table 1. Within 

the scope of this study, large values of NV correspond to fairly 

Fig. 2. A pseudocode for a VFSA algorithm. Modified from Ingber 

[31] and Sen and Stoffa [20]. 

 

Table 1. Combination of parameter values in the VFSA global 

optimization 

NV Iteration T0 RMS misfit (%) Model error (%)

20 100 10 0.3048 54.50

100 5 0.3460 4.50

200 1 0.5035 25.90

250 1 0.3541 38.90

400 5 0.3492 24.90

25 125 5 0.4945 48.90

50 50 1 0.4408 13.30

100 1 0.6080 97.60

150 1 0.1996 4.03

200 1 0.1798 3.70

250 1 0.1629 3.50

150 5 0.1257 1.86

200 5 0.1221 3.28

250 5 0.1011 1.06

300 1 0.5530 62.90



SRIGUTOMO et al.: NONLINEAR INVERSION USING VERY FAST SIMULATED ANNEALING FOR HORIZONTAL ELECTRIC DIPOLE TIME-DOMAIN… 

385 

  
 

small misfit values, and relatively smaller NV values produce 

larger misfit values. In this inversion scheme, the values of the 

constants C, k, and NM are set to 1, whereas MN is set to 9, 

which are 5 resistivity values (in Ωm) and 4 thicknesses (in m). 

The T0 value is varied to observe the effect of the initial temper-

ature in achieving a thermal equilibrium state. The final state of 

an iteration, which is indicated by its misfit value, becomes an 

initial condition for the next iteration. 

Table 1 shows that the smallest root mean square (RMS) 

misfit value of 0.1011% is obtained by a combination of the 

following parameters: NV = 50, number of iterations = 250, and 

initial temperature T0 = 5. The inversion results obtained from 

this combination are shown in Fig. 4. The fitting between the 

synthetic data and the calculated data resulting from the inver-

sion scheme is remarkably good (Fig. 4(a)). Furthermore, the 

inverted model of resistivity bears a resemblance to the test or 

true model, which generates the synthetic data (Fig. 4(b)), with 

a slight but noticeable discrepancy at lower depths. However, 

within the scope of our variation of parameter combinations, the 

relative error between the test and inverted models for this par-

ticular combination is the smallest (1.06%), as shown in Table 1. 

The real measured geophysical data always have a portion of 

noise in them. In this study, 5% and 10% random noises are 

Fig. 3. (a) Subsurface resistivity model used for generating the the-

oretical or synthetic magnetic field Bz. (b) The transient 

magnetic field Bz, which is generated by performing for-

ward modeling using the subsurface resistivity model de-

scribed in (a). 

 

Fig. 4. (a) Comparison between the noise-free observed Bz data (in 

this case, the synthetic data) and the calculated data ob-

tained from the inversion scheme. (b) Comparison between 

the subsurface resistivity test model or the true model and 

the inverted model for the noise-free data in (a). (c) Curve 

of the RMS error convergence toward minimum values vs. 

the number of iterations. 
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added to the synthetic data. As before, these data are inverted 

using the same combination of parameters. The results obtained 

for the inversion of the noisy data are shown in Fig. 5. The 

comparisons between the noisy synthetic data and calculated 

data for 5% noise and 10% noise are shown in Fig. 5(a) and 5(c), 

respectively. The RMS misfit of the former is 1.009%, whereas 

that of the latter is 2.8965%. This shows that until a certain 

level of noise, the RMS misfit will not be affected much, and 

the inverted model will somewhat recover the true model opti-

mally. This deduction is supported by the comparison between 

the test and inverted models for the 5 noisy data, as shown by 

Fig. 5(b). The inverted model mimics the general feature of the 

test model optimally, with only slight discrepancies at deeper 

depths. However, the addition of 10% random noise to the data 

exhibits an inverted model that resembles the true model at 

shallow depths only and results in large discrepancies at large 

depths, as shown in Fig. 5(d). This indicates that a higher level 

of noise will significantly affect the efficacy of this VFSA inver-

sion scheme to reveal the true model, especially at larger depths, 

which is associated with the data curve at later times. 

 

2. Application to the Field Data 

The VFSA inversion scheme is also applied to the real data 

obtained from a TDEM survey conducted at a station called 

UZ01, which is located around Unzen volcano, Kyushu island, 

Japan. The profile of the transient data is depicted in Fig. 6. 

The maximum magnitude of the vertical magnetic field Bz is 

approximately 105 pT at the early times, and its minimum value 

is approximately 1 pT. The conditions of NV = 50 and T0 = 5 

are set for this inversion, while the maximum number of itera-

tions is set to 400 to give more time for the inversion to reach 

the smallest misfit possible. An acceptable conformity between 

the observed and calculated data is achieved at the maximum 

number of iterations. 

The VFSA inversion successfully reveals the subsurface resis-

tivity model beneath Station UZ01, as shown in Fig. 7(a). The 

resistivity values start from a moderately resistive layer of ap-

proximately 80 Ωm and decrease to a conductive layer of 2 Ωm, 

and then increase to a highly resistive layer of approximately 250 

Ωm. The subsurface resistivity profile exhibits the same general 

pattern as the profile that resulted from the smoothness-

constrained Occam’s inversion (Fig. 7(b)). The latter profile 

comprises 40 fixed and gradually increased thicknesses from the 

surface down to the lowermost infinite half-space in contrast to 

5 varying thicknesses for VFSA inversion. Both inversion schemes 

result in the same general resistivity pattern. 

For both inversion schemes, the differences at the detail level 

are attributed to those in the number of layers, the constraints 

used, and the difference in treatment for measurement error. 

The resistivity structure comprises a moderately resistive surface 

Fig. 5. (a) Comparison between the 5% noisy synthetic (observed) 

data and the calculated data; (b) comparison between the 

test and inverted models for data in (a). (c) and (d) are the 

same as (a) and (b), respectively, except that the random 

noise in the synthetic data is 10%. The parameters in both 

cases are NV = 50, number of iterations = 250, and initial 

temperature T0 = 5.
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layer, a conductive second layer several thousand meters deep, 

and a highly resistive third layer at 5 km depth. Srigutomo et al. 

[8] interpreted the conductive layer as a combination of a water-

saturated layer and hydrothermally altered rocks. 

These general features of resistivity obtained by TDEM inver-

sion are also consistent with the features of the resistivity struc-

ture previously interpreted from MT surveys [39]. 

V. CONCLUSION 

In this study, a global optimization approach for the inversion 

of TDEM-HED magnetic field data to reveal the subsurface 

resistivity profile was conducted using the VFSA method. We 

tested the VFSA inversion scheme with noise-free synthetic 

data generated by a test subsurface model. Within the scope of 

this study, the combination of VFSA constants that yielded the 

optimal results was NV = 50, number of iterations = 250, initial 

temperature T0 = 5, and other constants C, k, and NM = 1. The 

calculated data fit the synthetic data with only a small RMS 

error, and the inverted model could mimic the test model. The 

inversion scheme was then applied to the data with additional 

5% and 10% random noises. The inverted resistivity model suc-

cessfully recovered the test model, with only slight discrepancies 

for the first two cases. For the case of data with 10% noise, the 

discrepancies became significantly larger at greater depths, indi-

cating that a higher level of noise can considerably affect the 

data at later times. To further evaluate the applicability of the 

VFSA inversion, a set of vertical magnetic field data measured 

from a station located in a volcano-geothermal area was inverted 

to reveal the subsurface resistivity model beneath the station. 

The model resulting from this TDEM data inversion exhibited 

the same features as those of the model resulting from a 

smoothness-constrained deterministic Occam’s inversion. These 

results indicate the effectiveness and usefulness of the VFSA 

inversion scheme to be used more broadly for TDEM-HED 

data. 
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I. INTRODUCTION 

Recent years have seen a surge of interest in millimeter-wave 

(mm-wave) technologies for applications such as 5G communi-

cations, radars, and the Internet of Things (IoT). Given the 

characteristics of mm-waves that allow wide bandwidth, small 

physical system size, and high data rates, it is expected that mm-

waves will keep expanding the usability of wireless devices and 

IoT technologies [1]. This accordingly induces a demand in-

crease for wirelessly charging such devices. In particular, wireless 

power transfer (WPT) using mm-waves is an attractive solution 

for wirelessly powering various compact electronic devices. 

However, for the realization of mm-wave WPT, it would be 

necessary to overcome inherent drawbacks, such as high path 

loss and susceptibility to shadowing [2]. These vulnerabilities 

can be mitigated by utilizing a suitable beamforming system 

(BFS) capable of adaptively transmitting wireless power in a 

direction of interest [2, 3]. Butler matrix is among the popular 

types of BFS for mm-wave multibeam applications [4, 5]. 

However, its narrow bandwidth due to phase shifters makes it 

hard to utilize for wideband applications. Hence, a BFS with 

retrodirectivity and wide impedance bandwidth is desired to 

ensure the selective transmission of waves to a device that re-

quires wireless power. Such a process would involve a beacon 

signal sent from the device in need, which is then received and 

processed by the BFS to acquire the necessary information to 

steer the beam toward the device [6, 7]. 

The Rotman lens is an attractive choice for retrodirective 

BFS [8], as it features all passive, true-time-delay (TTD) opera-

tions. Its geometric structure, which comprises switchable input 

beam ports and multiple output array ports connected to an 

antenna array, allows multiple discrete beams to be formed 
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passively in different angular directions without using active 

phase shifters. Moreover, TTD caused by the optical paths in 

the lens facilitates beamforming independent of frequency. 

Hence, passive beam tracking is possible with retrodirective op-

eration, as the signals received from a target can be retransmit-

ted in the corresponding direction. The Rotman lens has been 

widely used in many areas, especially in military applications, 

satellite communication, and wireless networks [9–12]. With its 

compact structure, lightweight, and cost-effective fabrication, 

the Rotman lens can be implemented using various materials 

and fabrication technologies, including microstrips, substrate 

integrated waveguides (SIWs), ridge gap waveguides (RGWs), 

and low-temperature co-fired ceramic (LTCC) technology [12–

16]. 

II. DESIGN OF BFS BASED ON ROTMAN LENS 

1. Operation Methodology of the Rotman Lens 
The Rotman lens is a wide-angle microwave lens that oper-

ates as a wideband beamforming network. The design procedure 

of the Rotman lens starts with defining the operating frequency 

range, the number of beam ports, and the beam scan range. A 

typical Rotman lens comprises M beam ports and N array ports 

with several dummy ports, as depicted in Fig. 1. The circular 

beam contour on the left side of the Rotman lens has off-axis 

focal points F1 and F2 located at angles ±αº symmetric about 

the axis, and on-axis focal point G located at 0º angle. The de-

sign equations initiated by Rotman and subsequently developed 

are based on the optical path length equality between a general 

ray from one of the foci to the array elements and a center ray 

from the same focus to the origin [8]. That is, 
 

    𝐹 𝑃 𝑊 𝐷𝑠𝑖𝑛𝛼 𝐿 𝑙, (1)

      𝐹 𝑃 𝑊 𝐷𝑠𝑖𝑛𝛼 𝐿 𝑙, (2)

      𝐺𝑃 𝑊 𝑓 𝑙. (3)
 

where 𝑃  is the 𝑖th array port, 𝐷 is the half-width of the an-

tenna array, 𝛼 is the focal angle, 𝑙 is the length of the center 

feed line, and 𝑊  is the length of the 𝑖th off-center feed line. 𝐿 

and 𝑓  are the off-axis and on-axis focal lengths, respectively. 

By solving the above equation with the ones given in [8, 17, 18], 

the relative lengths of the array feed line and the phase center of 

the beam and array ports on each contour can be obtained. Here, 

the TTD is generated by different line lengths of the array feed 

lines which cause relative phase shifts, inducing a tilted wave-

front towards the desired angle during radiation. This TTD 

property allows for the Rotman lens to be operated over a wide 

frequency band. The presence of dummy ports can absorb and 

minimize internal reflections inherently introduced by the lens 

sidewalls. The curvature design of the sidewalls and the number 

of dummy ports are carefully chosen to minimize pattern distor-

tion and side lobe level. 

Furthermore, reciprocity in the Rotman lens allows retro-

directive operation. In a WPT scenario, a beacon signal from 

the device that requires wireless power enters the Rotman lens 

through an antenna array, where the waves end up focusing on 

the beam port corresponding to the angle of incidence. That is, 

in the receive (Rx) mode, the angle of the incident waves within 

a scan range of ±αº determines which beam port can be used in 

the transmit mode. Therefore, in the transmit (Tx) mode, by 

exciting the corresponding beam port, wireless power can be 

selectively transmitted to the device of interest. 
 

2. Design of the Proposed Rotman Lens 
In the preliminary design stage, the REMCOM Rotman 

Lens Designer (RLD) is used for parameter studies and frame 

design. The proposed Rotman lens will operate at a frequency 

range of 28–38 GHz with a center frequency of 33 GHz, over a 

maximum scan range of ±45º. Since the number of beam ports 

is associated with angular resolution, nine beam ports are set to 

fully cover the scan range, as shown in Fig. 2. These ports can 

steer the beam discretely at an increment of 11.25º. The lens 

employs nine array ports with an element spacing of half-

wavelength of the center frequency. The lens sidewalls are de-

signed to have eight dummy ports terminated with 50 Ω loads 

to minimize internal reflections. The proposed Rotman lens is 

fabricated on a Rogers RO3006C substrate (ε = 3.38, tanδ = 

0.0027 and thickness = 0.203 mm) and the overall size of the 

lens is 76 mm × 76 mm. Full-wave simulation of the designed 

Rotman lens is performed using SEMCAD X [19]. The simu-

lated results exhibit good impedance matching (< -10 dB) at all 

beam ports, as plotted in Fig. 3. A wide impedance bandwidth 

of 30.3% (from 28 GHz to 38 GHz) is observed, which covers 

most of the Ka-band. 
 

Fig. 1. Configuration and design parameters of Rotman lens.
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3. Design of the Proposed Rotman Lens 

Due to the wideband characteristics of the Rotman lens, an 

antenna element with a wide operating bandwidth should be 

incorporated into the BFS. Here, we are interested in designing 

a horizontally flat BFS that can radiate vertically polarized 

waves in the azimuth plane. Note that the antenna elements 

used with the Rotman lens affect the radial plane and gain of 

the BFS. For a planar Rotman lens in the horizontal (azimuth) 

plane, beamforming can be performed vertically or horizontally, 

depending on the antenna array configuration. 

In our work, the Vivaldi antenna was selected due to its in-

herent wideband and directional characteristics [20, 21]. The 

end-fire radiation of the Vivaldi antenna is appropriate for 

beamforming in forward-looking angles. By connecting the 

Vivaldi elements perpendicular to the Rotman lens, vertically 

polarized beams can be formed in the azimuth plane, unlike in-

plane printed Rotman lenses and antennas from previous works 

[12, 13, 16]. 

Fig. 4 shows the geometry of the Vivaldi element designed to 

operate at the Ka-band. The side edges of the Vivaldi antenna 

allow edge currents, which increase the sidelobe level and affect 

the directional control of the main lobe. To mitigate these short-

comings, regular slot edges (RSEs) are used to mitigate edge 

currents, thereby alleviating the back and sidelobe levels and 

increasing the main lobe level by correcting the squint effect 

[22–24]. Therefore, optimized RSEs are placed on the top and 

bottom radiators for higher directivity, and detailed dimensional 

values are presented in Table 1. Six pairs of RSEs are positioned 

at 0.4 mm intervals, and the widths of the edges are kept equal, 

while the lengths decrease gradually. The designed antenna is 

printed on a Rogers RT/Duroid 5880 laminate (ε  = 2.2, tanδ 

= 0.0009, and thickness = 0.508 mm) and the overall size of the 

Vivaldi is 13.6 mm × 6.5 mm. The bandwidth of the Vivaldi 

antenna is verified via full-wave simulation and measurement. 

In Fig. 5(a), the simulated and measured reflection coefficients 

exhibit good impedance matching over the entire bandwidth 

(28–38 GHz) of the Rotman lens. Fig. 5(b) shows both simu-

lated and measured gains of a single Vivaldi antenna, which 

exhibit a similar trend, except that the measured values are gen-

erally lower by about 1 dB. This slight decrease in the meas-

ured gain can be attributed to the loss associated with the con-

nectors and fabrication. The performance of mm-wave devices 

can be very sensitive to the soldering and connectors used. By 

using a better fabrication process and connectors, such losses 

can be improved. 

 
Fig. 2. Geometry of designed Rotman lens. 

 

Fig. 3. S-parameter of the Rotman lens at beam ports. 

Table 1. Geometrical parameters of the Vivaldi antenna (unit: mm)

Parameter Value Parameter Value

W 6.5 f 0.4

L 13.6 h1 2.95

a 1.4 h2 2.45

b 1.5 h3 1.95

c 4.9 h4 1.45

r 2.9 h5 0.95

d 0.7 h6 0.45

e 0.25 - -

 
Fig. 4. Geometry of the designed Vivaldi antenna. 
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III. SIMULATED AND MEASURED RESULTS OF BFS 

The simulated model of the proposed BFS is shown in Fig. 

6(a). The Rotman lens in connection with a nine-element 

Vivaldi array is simulated to demonstrate the beam steering 

capability at nine different angles. The simulated beams at 33 

GHz are plotted in Fig. 6(b). With an azimuth scan range of 

± 45º, the BFS produces satisfactory radiation patterns at all 

beam ports. The patterns generated by exciting the beam ports 

one at a time are shown in Fig. 6, and the resulting beams point 

to - 46º, - 32º, - 22º, - 11º, 0º, 11º, 21º, 32º, and 45º, respec-

tively. There is a slight beam-pointing error for each beam of up 

to 1.75º, some of which may be attributed to quantization when 

extracting the patterns from simulation. Further, the beam 

pointing error is within the 3 dB beamwidth of each beam, indi-

cating that all nine beams still properly cover the designed scan 

range. 

To test the proposed BFS via measurement, the Rotman lens 

is combined with the Vivaldi array, as shown in Fig. 7(a). In Fig. 

7(b), the measured reflection coefficients of the BFS are plotted, 

which demonstrate a good impedance matching (<-10 dB) 

over the bandwidth of interest at all input beam ports, validating 

the simulated results. 

(a) 

(b) 

Fig. 6. BFS based on designed Rotman lens. (a) Lay-out of the 

proposed BFS with Vivaldi antennas. (b) Simulated radia-

tion patterns at 33 GHz. 

 

(a) 

(b) 

Fig. 7. The fabricated Rotman lens and its impedance characteristics. 

(a) The fabricated Rotman lens with a Vivaldi array. (b) 

Measured reflection coefficients at beam ports.

(a) 

(b) 

Fig. 5. The simulated and measured performance of designed Vivaldi 

antenna: (a) return loss and (b) antenna gain. 
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The radiation characteristics of the fabricated BFS are measured 

in an anechoic chamber. The BFS is mounted on a plastic jig for 

measurement in the chamber, as shown in Fig. 8. The radiation 

pattern in the azimuth is measured by rotating the positioner at 

a 1º increment. 

To measure the radiation patterns of the proposed BFS from 

excitation at each beam port, all the non-excited ports are ter-

minated with 50 Ω loads. In Fig. 9(a)–(c), the measured radiation 

patterns are plotted in comparison with the simulated patterns at 

30 GHz, 33 GHz, and 36 GHz, respectively. It is demonstrated 

that the simulated and measured results are generally in good 

agreement. The measured results show that beams are generated 

at peak angles of - 43º, - 34º - 20º, - 16º, 0º, 12º, 20º, 34º, and 

43º at 33 GHz. Compared with the simulated results, the max-

imum difference of the peak angles is 5º, which is within the 3 

dB beamwidth. Moreover, there are relatively high sidelobes in 

some of the measured patterns for the farthest tilt angles in par-

ticular. These discrepancies in radiation patterns may be caused 

by unwanted wave reflections and interferences from the jig or 

terminator/connector and other objects in the apparatus. 

For the maximum realized gain, the simulated and measured 

results also follow a similar trend within the frequency ranges, as 

plotted in Fig. 9(d). The maximum gain of the center beam (B5 

excited) is 12.5 dB at 33 GHz from the simulation and 11.3 dB 

at 36 GHz from the measurement. However, the measured gain 

values are generally lower by a few dB across the bandwidth. 

Such a discrepancy between the measured and simulated gain 

can be explained by unaccounted dielectric loss, slight misa-

lignment of the Vivaldi array, fabrication sensitivity in mm-wave 

frequencies, and performance variations in each Vivaldi element. 

Our analysis indicates that the dielectric loss of the substrate Fig. 8. Illustration of measurement setup in anechoic chamber.

(a) (b) 

(c) (d) 

Fig. 9. Simulated and measured realized gain at (a) 30 GHz, (b) 33 GHz and (c) 36 GHz, and (d) maximum realized gain values at B5. 
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and blind connection with SMPM connectors/adapters seem to 

contribute to a gain loss of about 2–3 dB. Since the alignment of 

the array antenna significantly influences the BFS’s radiated 

direction, minor misalignment can also cause phase incoherency 

in the desired direction, prompting a loss of gain. These factors 

of discrepancy are demonstrated by simulating the proposed 

structure with slightly misaligned array elements and connectors. 

In Fig. 9(d), the dashed orange trace is the simulated gain results 

with misaligned antenna elements and connectors, which shows 

a similar trend to the measured gain results, indicating that an-

tenna misalignment has a decisive effect on loss of gain. In addi-

tion, deviations in the measured gain performance of each of the 

nine antennas are responsible for the additional gain losses. 

Nevertheless, the overall results suggest that the proposed BFS 

properly exhibits beamforming capability as desired in the scan 

range and frequency band of interest. 

Through further optimization in design/configuration, gain 

losses can potentially be minimized using robust connectors, 

such as 2.4 mm or K connectors, rather than blind mate con-

nectors (SMPM) used here. Moreover, further gain improve-

ment can be achieved by improving the gain of the array ele-

ments. 

IV. CONCLUSION 

A BFS based on the Rotman lens with a Vivaldi array is pre-

sented for far-field wireless power transfer at a Ka-band. The 

proposed system comprises a Rotman lens with nine-beam 

ports and a nine-element Vivaldi array. Both the Rotman lens 

and Vivaldi antennas are tested via numerical simulation and 

measurement. The overall results indicate that the proposed 

BFS exhibits wideband impedance and radiation characteristics 

over a bandwidth of 28–38 GHz and beam-steering capability 

over a scan range of ±45º. With the retrodirective property of 

the Rotman lens, the proposed BFS has good potential as a suit-

able means for far-field WPT applications in the mm-wave 

band. Since the proposed BFS is configured to have antenna 

elements easily attached and detached, it is also possible to re-

configure the BFS with more directive antenna elements for 

additional gain. 
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I. INTRODUCTION 

In frequency-modulated continuous-wave (FMCW) radar 

systems, multiple signal classification (MUSIC) has been exten-

sively used for estimating the angle of multiple targets with high 

resolution [1–3]. Recently, as a method for more accurate target 

detection, two-dimensional (2D)-MUSIC for joint range and 

angle estimation has been studied for FMCW radar systems [4–

6]. However, the complexity of 2D-MUSIC increases exponen-

tially compared to that of one-dimensional (1D)-MUSIC for 

angle estimation [7, 8]. To reduce the complexity of 2D-MUSIC, 

2D-gold-MUSIC was proposed in [9, 10]. On the basis of 1D-

gold-MUSIC, 2D-gold-MUSIC can reduce complexity by 

searching only a portion of the 2D-MUSIC spectrum [9]. Nev-

ertheless, the complexity of 2D-gold-MUSIC still remains be-

cause all operations are performed with complex values. 

To transform 1D-MUSIC from complex values into real val-

ues, various methods have been proposed. The unitary MUSIC 

algorithm for a centrosymmetric antenna array was proposed in 

[11], which can convert the complex covariance matrix and 

complex steering vector into a real matrix and real vector 

through unitary transformation. In [12, 13], a more effective 
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pre-processing technique was proposed with less computational 

overhead than unitary MUSIC by using the angle phases of the 

incident signal as the central symmetry. This pre-processing 

converts the complex angle steering vector into real vectors. 

However, the range steering vector is still complex when this 
technique is applied to 2D-MUSIC. 

In this paper, we propose a novel pre-processing technique 

that can transform complex range and angle steering vectors 

into real vectors for 2D-MUSIC. The simulation results indi-

cate that the performance is the same as that of the conventional 

2D-MUSIC, and the computational complexity can be signifi-

cantly reduced. The remainder of this paper is organized as fol-

lows. In the estimation model, the 2D-MUSIC algorithm is 

briefly described. We then propose the pre-processing algorithm 

for 2D-MUSIC and show the simulation results to compare 

them with conventional 2D-MUSIC. Finally, the conclusion is 

presented. 

II. ESTIMATION MODEL 

In the time domain, the FMCW radar’s beat signal at the l-

th antenna (l ∈ {1,2,..,L}, where L denotes the number of an-

tennas) is expressed as  

    
( ) ( )

2

1
( ) ,

c k k
BK j f t
T

l k l k l
k

y t a e a w t
π τ τ

θ
 + 
 

=
= +

 (1)
 

where ak, τk, and θk denote the complex amplitude, time delay, 

and angle of the k-th target (k ∈ {1,2,..,K}, where K is the num-

ber of targets), respectively. fc denotes the carrier frequency. B 

and T denote the sweep bandwidth and time for one chirp, re-

spectively. ( ) ( )2 1 sin k
dj l

l ka e
π θ
λθ

−
= denotes the l-th element of the 

angle steering vector in the uniform linear array (ULA) antenna, 

where λ represents the wavelength and d the distance between 

antenna elements. wl(t) denotes additive white Gaussian noise 

(AWGN). The sampled signal yn(l,m) of yl(t) can be represented 

as follows: 

( ) ( ) ( )( ) ( )2
,

1
, , ,c k

K
j f

n k m n k l k l
k

y l m a e b R a w l mπ τ θ
=

= +
(2)

where ( )
24

,

k

s

RB m nj
T c f

m n kb R e
π + − 

 
 = denotes the m-th element in the 

n-th snapshot of the range steering vector (m ∈ {1,…,M} and 

n ∈ {1,…,N}, where M is the number of samples and N is the 

number of snapshots, respectively). fs denotes the sampling fre-

quency, c the speed of light, and Rk defines the range of the k-th 

target. 

The first step of 2D-MUSIC for joint range and angle estima-

tion is to vectorize the received signal such that 
 

          xn  = 𝑑 , , … , 𝑑 , , … , 𝑑 , , (3)

where ( ) ( ), ,1 , , ,
T

l n n ny l y l M=   d K . The covariance matrix for xn 

is defined as follows: 
 

      1

1 ,
N

H
n n

nN =

= R x x
 

(4)
 

where (∙)H denotes the Hermitian transpose. The corresponding 

eigenvalue decomposition is as follows: 
 

1 1
,

K LM
H H H H

i i i i i i s s s n n n
i i K

λ λ
= = +

= + = + R e e e e E Λ E E Λ E

(5)
 

where λi (λ1 > λ2 > ∙∙∙ > λLM) denotes the i-th eigenvalue and ei 

the corresponding eigenvector of the matrix R, respectively. Es 

and En represent the signal subspace and noise subspace of ma-

trix R, respectively. Using the noise subspace En, we can estab-

lish the 2D-MUSIC spectrum for joint range and angle estima-

tion, such as 
 

   
( ) ( ) ( ) 1

, , , ,H H
n nP R R Rθ θ θ

−
 =  v E E v (6)

 

where v(R, θ) = [a1(θ), ... , aL(θ)] ⊗ [b1(R), ... , bM(R)], and ⊗  

denotes the Kronecker product. P(R,θ) has peaks at the locali-

zation of targets through a 2D search. 

III. PROPOSED PRE-PROCESSING TECHNIQUE 

To reduce the computational complexity of 2D-MUSIC for 

joint range and angle, we propose a pre-processing technique 

that can make a 2D-MUSIC algorithm based on real values. 

The number of ULA antennas and the number of time-axis 

samples are assumed to be even. Before the vectorization of Eq. 

(3), two vectors are formed as follows: 
 q , (𝑚) = 𝑦 𝐿2 , 𝑚 , 𝑦 𝐿2 − 1, 𝑚 , … , 𝑦 (1, 𝑚)  

(7)

q , (𝑚) = 𝑦 𝐿2 + 1, 𝑚 , 𝑦 𝐿2 + 2, 𝑚 , … , 𝑦 (𝐿, 𝑚)  

(8)
 

 

After performing the operations of y1,n(m) and y2,n(m) using 

q1,n and q2,n, an (L × 1)-dimensional vector yn can be expressed 

as follows:  

( ) ( ) ( )( )1, 1, 2, / 2,n n nm m m= +y q q (9)

( ) ( ) ( )( )2, 1, 2, / 2 ,n n nm m m j= −y q q (10)

( ) ( ) ( )1, 2,, ,
T

n n nm y m y m = = ⋅ ⋅ + y A S b w (11)
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where S = diag 𝛼 𝑒 , … , 𝛼 𝑒 , … , 𝛼 𝑒 ,  (12)

( )1
sin k

L d

k ke
π

θ
λα α

−

′ =  (13)
 

and b=[bm,n(R1),∙∙∙,bm,n(RK)]T. w represents an (L×1)-dimensional 

AWGN vector because the addition and subtraction between 

AWGN is still AWGN. The (l, k)-th element in matrix A, A(l, 

k), is determined as follows: 
 

( )
( )

( )

cos 2 1 sin , when 0
2

,
sin 2 1 sin , when

2

k

k

d Ll l
l k

d Ll L l L

π θ
λ

π θ
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    − < ≤   
   = 

   − − < ≤     

A

(14)
 

The next step is to form the (L×M/2)-dimensional matrices Y1,n 

and Y2,n as follows: 
 Y , = 𝑦 , 𝑦 − 1 , … , 𝑦 (1)        (15) 

 Y , = 𝑦 + 1 , 𝑦 + 2 , … , 𝑦 (𝑀)      (16) 

 

Assuming Z1,n = (Y2,n+Y1,n)/2 and Z2,n = (Y2,n−Y1,n)/2j, the (L × 

M)-dimensional matrix Zn is determined as follows: 
 

    1, 2,, ,n n n n n′ = = ⋅ ⋅ + Z Z Z A S B W
 

(17)

where 

    S = diag 𝛼 𝑠 , , … , 𝛼 𝑠 , , … , 𝛼 𝑠 , , (18)
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Wn is also an AWGN matrix. The (k,m)-th element of the ma-

trix B, B(k, m) is determined as follows: 
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( )
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2

,
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Consequently, yn(l,m) in (2) can be transformed into a signal 

with a real-valued steering vector by using the proposed pre-

processing technique and can be expressed as follows:  
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K

n n k m k l k
k

l m s b R a w l mθ
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where ( )l ka θ′  denotes the (l,k)-th element of the matrix A, 

( )m kb R′ the (k,m)-th element of the matrix B, and ( ),nw l m′
 

the (l,m)-th element of the matrix Wn. Taking the real part of 

Zn(l,m) can be expressed as follows: 
 

( )( ) ( ) ( ) ( )( ),
1

Re , Re , ,
K

n n k m k l k
k

l m s b R a w l mθ
=

′ ′ ′ ′= +Z

(22)

where 𝑠 ,  is determined by Re(𝑎 ) ∗ Re 𝑠 , − Im(𝑎 ) ∗Im(𝑠 , ). As in Eq. (2), 𝑎 (𝜃 ) becomes the l-th element of 

the new angle steering vector, and 𝑏 (𝑅 ) becomes the k-th 

element of the new range steering vector for 2D-MUSIC, re-

spectively. Accordingly, the steering vector for the 2D-MUSIC 

spectrum can be defined as follows: 
 

(23)
 

Therefore, using the proposed pre-processing technique and 

taking only the real part, 2D-MUSIC can be transformed from 

a complex value to a real value. Through a similar process, the 

proposed pre-processing technique can be applied to 2D-gold-

MUSIC or 3D-MUSIC for the estimation of range, azimuth 

angle, and elevation angle. Fig. 1 also shows the pseudo code of 

proposed pre-processing. 

We proposed a pre-processing algorithm to reduce the com-

plexity of the computation of the 2D-MUSIC algorithm. Also, 

the proposed pre-processing algorithm can be applied to any 

2D-MUSIC algorithm. Therefore Table 1 presents the compar-

ison results for the computational complexity of the convention-

al 2D-MUSIC and the proposed 2D-MUSIC. It is assumed 

that eigenvalue decomposition is performed by the Jacobi meth-

od [14], where Q is the number of iterations. In the spectrum 

search process, as and rs are the angle and range resolutions, re-

spectively. Rmax denotes the maximum range. As shown in Table 

1, the proposed 2D-MUSIC reduces the multiplications by 

about four times and the additions by about three times in the 

calculation of the covariance matrix. In addition, both multipli-

cations and additions are reduced by about four times in the 

eigenvalue decomposition. Moreover, the division and arctan-

gent operations are reduced by two times. In the process of the 

MUSIC spectrum search, multiplications and additions are re-

duced by about four times and two times, respectively. 

Fig. 1. Pseudo code of proposed pre-processing. 
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IV. SIMULATION RESULTS 

To evaluate the performance of the proposed pre-processing 

technique for 2D-MUSIC, we assume that there are two un-

correlated stationary targets located at (R1, θ1) = (50 m, 20º) and 

(R2, θ2) = (70 m, 60º). There are four or eight receiving anten-

nas, and the number of snapshots is 64, 96, and 128. The range 

and angle resolution are 0.1 m and 0.1º, respectively. Figs. 2–5 

illustrate the variations of the azimuth angle and range estima-

tion root mean square error (RMSE) with signal-to-noise ratio 

(SNR), respectively, where 1,000 Monte Carlo simulations were 

performed. In addition, Fig. 6 shows a spatial spectrum when 

SNR is set to 15 dB. 

As mentioned in Section III, the proposed pre-processing 

techniques can be applied to various 2D-MUSIC algorithms 

and can reduce the computational complexity. Table 2 shows 

the evaluation results for the runtime, which corresponds to the 

computational complexity between the existing 2D-MUSIC 

algorithms and 2D-MUSICs with the proposed pre-processing 

technique. Basic 2D-MUSIC, 2D-gold-MUSIC [15], and 

reduced-dimension (RD)-MUSIC [16] algorithms are consid-

ered for evaluation. The timeit in MATLAB instructions can be 

used to calculate the runtime as in [17], and the runtime is ana-

lyzed against the number of snapshots. We can observe from 

Table 2 that the runtime of the basic 2D-MUSIC using the 

proposed pre-processing technique is reduced by a maximum of 

65.7% compared to the case without pre-processing. In addition,  

Fig. 2. RMSE of azimuth angle estimation from 1,000 Monte 

Carlo simulations for two targets (M = 64, L = 4, K = 2, 

Q = 1,000). 

 

Fig. 3. RMSE of range estimation from 1,000 Monte Carlo sim-

ulations for two targets (M = 64, L = 4, K = 2, Q = 1,000).
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Target 1 : Proposed 2D-MUSIC (N=96)
Target 1 : Proposed 2D-MUSIC (N=64)

Target 2 : Conventional 2D-MUSIC (N=128)
Target 2 : Conventional 2D-MUSIC (N=96)
Target 2 : Conventional 2D-MUSIC (N=64)
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Table 1. Computational complexity comparison of the conventional 2D-MUSIC and the proposed 2D-MUSIC 

Process Multiplication Addition Division tan-1 cos sin exp

Calculation of pre-processing    

Conventional 0 0 0 0 0 0

Proposed 0 4MLN 0 0 0 0

Covariance matrix calculation    

Conventional 4NL2M2 (3N-1)L2M2 0 0 0 0

Proposed NL2M2 (N-1)L2M2 0 0 0 0

Eigenvalue decomposition (Jacobi method)    

Conventional 8QL3M3 8Q(LM-1)L2M2+Q 2Q 2Q Q Q

Proposed 2QL3M3 2Q(LM-1)L2M2+Q Q Q Q 0

MUSIC spectrum search    

Conventional (4LM + 2)(LM - K)

(180/as)(Rmax/rs)

(2(LM - 1)(LM - K) + 2LM - K - 1) 

(180/as)(Rmax/rs)

0 0 0 0 

Proposed (LM + 1)(LM - K)

(180/as)(Rmax/rs)

 ((LM - 1)(LM - K) + (LM - K - 1)) 

(180/as)(Rmax/rs) 

0 0 0 0 
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Fig. 4. RMSE of azimuth angle estimation from 1,000 Monte Carlo 

simulations for two targets (M = 64, L = 8, K = 2, Q = 1,000). 

 

Fig. 5. RMSE of range estimation from 1,000 Monte Carlo simu-

lations for two targets (M = 64, L = 8, K = 2, Q = 1,000). 

 

Fig. 6. Spatial spectrum of proposed preprocessing. 

 

the runtimes of the 2D-gold-MUSIC and RD-MUSIC with 

the proposed pre-processing technique are reduced by a maxi-

mum 67.2% and 67.9%, respectively. 

V. CONCLUSION 

In this paper, we propose a novel pre-processing technique to 

reduce the complexity of the 2D-MUSIC algorithm for the 

joint range and angle estimation of FMCW radar systems. Us-

ing the proposed pre-processing technique, we can transform all 

complex vectors into real vectors. The simulation results indi-

cate that the runtime of 2D-MUSIC using the proposed pre-

processing technique is reduced by approximately three times 

compared with that of conventional 2D-MUSIC. Because the 

proposed pre-processing can reduce the computational com-

plexity significantly, it is expected that 2D-MUSIC can be im-

plemented in real-time. 
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I. INTRODUCTION 

Recently, ultra-wideband (UWB) antenna technology has 

had considerable growth. Nevertheless, various demands for 

fashioning the full potential of this technology still exist. UWB 

technology is the most promising wireless technology for the 

future: imaging systems, high data rates, radar, and high preci-

sion. Researchers are increasingly interested in UWB antennas 

due to their many applications. From the literature survey, vari-

ous techniques for designing UWB antennas through band 

notches have been discussed. To improve UWB antennas’ band-

width, single- and double-band notch characteristics are con-

ducted using a T-shaped slot two I-shaped slots, Γ-shaped stubs, 

and customized G-slot defected ground structure (DGS) em-

ployed within the ground plane, radiating patch, and feed line, 

correspondingly [1]. There are many methods to notch bands 

from the UWB impedance bandwidth. In addition, parasitic 

elements were introduced near the monopole patch to reject 

existing bands. The circular disk monopole antenna comprises 

three patches, in which the outer patches separate the unwanted 

bands from the impedance bandwidth [2]. It means patches 

work as band-stop filters over the entire impedance frequency 

band. By incorporating a quarter wavelength of stubs on the 

bottom plane and close to the microstrip feed line of the anten-

na, it achieved a UWB band. The center frequency of the notch 

band changes with the physical dimensions of the stubs [3]. 

Compact printed triple notched antenna was analyzed by alter-

ing the affective dimensions of the stubs, and the band-notched 

characteristics were conducted by introducing slots on the patch 

and the bottom plane [4]. 

UWB characteristics were achieved by establishing a pair of 

spur lines in the microstrip feed line [5] and split ring resonators  
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[6] used to suppress existing systems [7] from the UWB anten-

na impedance bandwidth. Different methods have been used to 

reject unwanted frequency bands from the UWB by placing 

slots, slits [8], and stubs with different shapes arranged in a radi-

ating patch and feed line. Single, dual, triple, and quadruple 

notches removed from the UWB antenna have been achieved 

by placing different slots, such as ring slot, tapered slot [9], an-

tipodal tapered slot [10], U-shaped slot, non-uniform short-

circuited stub [11], T-shaped slot [12] etched in the radiating 

element, and bottom plane [13]. In addition, different stubs [14], 

uni-planar differentially driven elements [15], and open loop 

resonators [16] were also used to achieve notches from the 

UWB antenna impedance bandwidth. 

Similarly, notches were achieved using a non-uniform stub 

resonator, rectangular stub [17], H-shaped resonator [18], split-

ring resonator on radiator [19], rectangular split-ring resonator 

[20], U-shaped stub in stepped slot [21], elliptic single comple-

mentary split-ring resonators [22], electric ring resonator (ERR) 

with coplanar waveguide (CPW) structure [23], two pairs of 

DGS resonator-shaped slits [24], and L-shaped slits [25]. CPW 

fed [26] UWB using slots with a dimension of quarter wave-

length, tri-arm resonator [27], stepped impedance resonator 

[28], meander ground-defects [29], one trim-arm filter, folded 

planar monopole [30], metallic pins [31], curved tapered slots 

[32], and filter on feed line used for notch-existing wireless 

communication systems from the UWB band. 

In this study, a quadruple band-notched compact UWB an-

tenna with slots and resonators is proposed. An antenna can 

achieve voltage standing wave ratio (VSWR) < 2 over an entire 

impedance bandwidth of 2.9–14.5 GHz by etching triangle-

shaped cuts on the ground plane and radiating patch. By incor-

porating a pair of L-shaped slots on the radiating element, a H-

shaped resonator, and adding a rectangular split-ring resonator 

near the microstrip feed line, quadruple-notched UWB antenna 

characteristics can be achieved. An antenna is analyzed from the 

surface currents, and changing the dimensions of the slots and 

resonators requires frequency band-notch achieved from the 

UWB band. The simulated results of the proposed quadruple 

band-notched UWB antenna align with the measured results. 

II. DESIGN AND ANALYSIS OF THE PRESENTED ANTENNA 

1. Antenna Structure 
The presented antenna has a size of 32 mm × 30 mm and is 

placed on the FR4 epoxy substrate with a thickness of 1.6 mm. 

Fig. 1(a) shows that a 50-Ω feed line feeds the UWB antenna; 

it contains the patch with triangular cuts and defective ground 

structure. The antenna parameters are optimized with a high 

frequency structured simulator. Finally, simulated values (in mm) 

are specified below: FW = 4.1, W = 30, L3 = 6.5, L4 = 7.5, W1 

= 26.4, W2 = 7.2, W3 = 15, L = 32, L1 = 18.4, L2 = 4.5, and 

L5 = 0.5. 

Fig. 1(b) shows the proposed UWB antenna micro-strip line 

aligned with an impedance matching radiating element. It con-

tains a radiating element among a pair of triangular cuts with L-

shaped slots, and a defective ground structure along a pair of 

triangular cuts is used for dual-band notches. The presented 

UWB antenna parameters are optimized with a high frequency 

structured simulator. Finally, simulated values (in mm) are spec-

ified below: FW = 4.1, W = 30, W1 = 26.4, W2 = 7.2, W3 = 15, 

L = 32, L1 = 18.4, L2 = 4.5, L5 = 0.5, WS1 = 14, LS1 = 12, 

WS2 = 11.5, LS2 = 11, HS1 = 0.5, HS2 = 1, WS = 2.5, W4 = 

1.4, L3 = 6.5, and L4 = 7.5. Fig. 1(c) shows the presented UWB 

antenna and micro-strip lines with impedance matching, and it 

contains a radiating element among a pair of triangular cuts, and 

a defective ground structure, alongside a H-shaped resonator 

and rectangular split-ring resonators, is used for dual-band 

notches. The antenna parameters are optimized with a high fre-

quency structured simulator. Finally, simulated values (in mm) 

are specified below: FW = 4.1, W = 30, W1 = 26.4, W2 = 7.2, 

W3 = 15, L = 32, L1 = 18.4, L2 = 4.5, L5 = 0.5, S2 = 6, S3 = 5, S1 

= 0.5, a = 3, S4 = 4.4, S5 = 0.5, b = 3.7, L3 = 6.5, and L4 = 7.5. 

Fig. 1(d) shows the presented UWB antenna and micro-strip 

lines with impedance matching, and it contains a radiating 

patch with a pair of triangular cuts, and a defective ground 

structure, alongside H-shaped and rectangular ring resonators 

and two L-shaped slots, is used for quadruple band notches. 

The antenna parameters are optimized with a high frequency-

structured simulator. Finally, simulated values (in mm) are spec-

ified below: FW = 4.1, W = 30, W1 = 26.4, W2 = 7.2, W3 = 15, 

L = 32, L1 = 18.4, L2 = 4.5, L5 = 0.5, WS1 = 14, LS1 = 12, 

WS2 = 11.5, LS2 = 11, HS1 = 0.5, HS2 = 1, WS = 2.5, W4 = 

1.4, S2 = 6.5, S3 = 6, S1 = 0.5, a = 3, S4 = 4.5, S5 = 0.5, b = 2.9, 

L3 = 6.5, and L4 = 7.5. 

Fig. 2(a) shows the current distribution on the radiating ele-

ment of the evolutionary process of a quadruple band-notched 

compact UWB antenna structure. Initially, it means that before 

placing L-shaped slots on the patch, there is a high current den-

sity at the bottom edge and sides of the radiating patch and a 

very low current distribution at the center of the radiating ele-

ment. Consequently, it is clear that the performance of the an-

tenna is deficient because of the low surface current density at 

the center of the proposed UWB antenna. Therefore, the 

notches for mitigating interference can easily get involved in the 

radiating patch without affecting the actual performance of the 

presented UWB antenna. Fig. 2(b) shows the strongest surface 

current distribution alongside the slots. Because of the different 

values of WS1 of the upper L-shaped slot, the surface current 

distribution also changes correspondingly, and a band notch 

occurs at WiMAX. Similarly, for the different WS2 values of  
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the lower L-shaped slot, the current density varies accordingly. 

From the slots loaded on the radiating patch taken as a capaci-

tive reactance, it was observed that the slot width increased as 

the resonant frequency decreased. The UWB antenna extends 

beyond resonances in the entire range of operation. Fig. 3(a) 

shows the dual-notched UWB antenna equivalent circuit with a 

(a) (b) 

(c) (d) 

Fig. 1. Development process of the presented UWB antenna: (a) Antenna-1, (b) Antenna-2, (c) Antenna-3, and (d) Antenna-4. 

 

(a) (b) 

(c) (d) 

Fig. 2. Surface current distributions at 5 GHz: (a) Antenna-1, (b) Antenna-2, (c) Antenna-3, and (d) Antenna-4. 
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pair of L-shaped slots in the radiating rectangular patch. Simi-

larly, Fig. 3(b) and 3(c) show the proposed dual-notched UWB 

antenna equivalent circuit with H-shaped and rectangular split-

ring resonators and a pair of L-shaped slots arranged beside the 

microstrip feed line and in the radiating patch, respectively. 
Where "LA, RA, and CA" and "LB, RB, and CB" are the 

circuit parameters of the upper L-shaped slot and the lower L-

shaped slot on the radiating patch, correspondingly. The circuits 

are responsible for wireless local area network (WLAN) and 

WiMAX notch bands in a UWB band. The remaining parallel 

resonating circuit elements L1, R1, C1, R2, L2, C2, R3, L3, and 

C3 are used to enhance antenna bandwidth. Similarly, from Fig. 

3(b) and 3(c), the "CR, RR, and LR" and "CH and LH" are 

the circuit parameters of the rectangular split ring resonator and 

H-shaped split ring resonators responsible for satellite communi-

cations and X-Band notch bands in the UWB band, correspond-

ingly. 

2. Design Process 
The design process of the antenna explained the four devel-

opment iterations of the compact UWB antenna. First, Fig. 1 

shows the UWB Antenna-1. Second, to suppress the existing 

narrow bands, WiMAX and WLAN from the radiating patch, 

two L-shaped slots are etched, as shown in the Antenna-2 of 

Fig. 1. The length for the upper L-shaped slot and lower L-

shaped slots are 26 mm, 22.5 mm, and 0.5 mm width for the 

upper and lower L-shaped slots, respectively. Third, to suppress 

the existing narrow bands of WLAN and satellite communica-

tions, H-shaped and rectangular split-ring resonators are ar-

ranged beside the feed line, as shown in Antenna-3 of Fig. 1. 

Finally, to suppress WiMAX, WLAN, satellite communica-

tions, and X-Band from the presented antenna, two L-shaped 

slots and two resonators with different dimensions are arranged 

in the patch and near the microstrip feed line, respectively. 

 

3. Notched Mechanism 
Fig. 2 shows the current distribution of the proposed quadru-

ple band-notched compact UWB antenna. Antenna-2 of Fig. 1 

shows the maximum current distribution around the L-shaped 

slots when the antenna is excited by a port and terminated with 

a 50-Ω load. Similarly, Antenna-3 of Fig. 2 shows most of the 

current around the resonators. Finally, Antenna-4 of Fig. 2 

shows most of the current around the H-shaped resonator and 

some of the currents around the two L-shaped slots and rectan-

gular split-ring resonator. 

 

4. Structure Study 
Fig. 4(a) shows the curve of S11 among different feed widths 

(FW). It can be seen that the change in feed line width of the 

proposed notch-band UWB antenna regarding return loss also 

changes. From Fig. 4(b) and 4(c), the variation curve of S11 with 

WS1 will affect the center frequency of the WiMAX. In con-

trast, the WLAN center frequency remains unchanged, and 

WS2 affects the WLAN center frequency, while the WiMAX 

center frequency remains unchanged.  

The upper and lower L-shaped slots are responsible for the 

WiMAX and WLAN bands. The slots act as half-guided 

wavelength resonators for the band-notched designs. The 

length of the L-shaped slots can be calculated as 
 

[ ]1 1 12 2us s s sL W L H= + + ,

[ ]2 2 22 2ls s s sL W L H= + + .
 

Fig. 4(b) shows the return loss for the WS1 variation while 

keeping all other parameters constant. It was observed that the 

center of the band-notched frequency shifts from 3.6 to 3.1 

GHz as the WS1 value increases from 11 to 13 mm. The reso-

nant frequencies of the upper and lower slots are given by 

(a) 

(b) 

(c) 

Fig. 3. Equivalent circuit diagram for UWB antenna with L-

shaped slots, rectangular split ring resonator, and H-

shaped resonator: (a) Antenna-2, (b) Antenna-3, and (c) 

Antenna-4. 
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Fig. 4. Variation of return loss with different dimensions: (a) S11 

with different FW at Antenna-1, (b) S11 with different WS1 

at Antenna-2, and (c) S11 with different WS2 at Antenna-2. 
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The effective dielectric constant is 2.2 for the FR4 material 

due to the defective ground structure. 

Fig. 4(c) shows the return loss for the WS2 variation while 

keeping all other parameters are constant. The center of the 

band-notched frequency shifts from 6.12 to 4.92 GHz as the 

value of WS2 increases from 9 to 11 mm. 

Fig. 5(a) and (b) show that the variation curve of S11 with “a” 

will affect the WLAN center frequency. In contrast, satellite 

communication center frequency remains unchanged, and varia-

tion “b” affects the satellite communication center frequency, 

while the WLAN center frequency remains unchanged. 

The notch frequency f0, which corresponds to the rectangular 

split-ring resonator resonant frequency, is given by 
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where LT is the total length of the resonator and Ceq is the 
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Fig. 5. Variation of return loss with different dimensions: (a) S11 

with different "a" at Antenna-3 and (b) S11 with different "b" 
at Antenna-3.
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Fig. 5(a) shows the return loss for the variation "a" while 

keeping all other parameters constant. The center of the 

WLAN band-notched frequency shifts from 5.5 to 4.5 GHz as 

the value of  "a" increases from 2.5 to 5 mm. 

The notch frequency f0, which corresponds to the H-shaped 

resonator resonant frequency, is given by 
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Fig. 5(b) shows the return loss for the variation "b" while 

keeping all other parameters constant. It is observed that the 

center of the satellite communication system band-notched fre-

quency shifts from 8.4 to 7.5 GHz as the value of "b" increases 

from 2.7 to 3.7 mm. 

From Fig. 6(a)–6(d), the variation curve of S11 with WS1, WS2, 

a, and b will affect the center frequency of WiMAX, WLAN, 

satellite communication, and X-band correspondingly. In con-

trast, other bands’ center frequencies remain unchanged. 

III. RESULTS AND DISCUSSION 

The proposed quadruple band-notched compact UWB an-

tenna-measured radiation patterns properly agree with the 

simulated results. Fig. 7 shows the experimental S-parameter 

(S11) curve. The simulated results from Fig. 7 parallel the meas-

ured results. Figs. 8 and 9 show Antenna-1 and Antenna-2, E-

plane and H-plane radiation patterns at 5 GHz, respectively. 

Radiation pattern is one of the basic properties of an antenna, 

which shows how the energy distributes in space. In Fig. 8, it is 

observed that the E-plane radiation pattern is quasi-omni-

directional, and the H-planes radiation patterns are the same as 

monopole. Fig. 9 shows Antenna-3, E-plane and H-plane radi-

ation patterns, respectively. Figs. 10 and 11 show Antenna-4, 

E-plane, and H-plane radiation patterns at 5 GHz, 6 GHz, and 

8 GHz, respectively. 

 

 
(a) 

 
 (b) 

 
(c) 

 
(d) 

Fig. 6. Variation of return loss with different dimensions: (a) S11 

with different WS1, (b) S11 with different WS2, (c) S11 with 

different "a," and (d) S11 with different "b" at Antenna-4. 
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Table 1. Proposed antenna compared with existing antennas 

Study Size (mm3) 
Notch bands covered 

(GHz)
Technique 

Frequency range 

(GHz)

Abdollahvand et al. [1] 20 × 18 × 1.86 3.3–3.8 

5.1–6

Etching I-shaped slots on the ground plane and pair of Γ-shaped stubs 

2.8–11.8 

Zhang et al. [2] 47 × 37 × 1.5 5.1–6.1 Segmenting a circular patch into three parts 2.8–13.5

Taheri et al. [3] 23 × 28 × 0.8 At 3.5 and 5.8 L-shaped with quarter wavelength stubs and slot with 

octagonal shape 

3.1–11

Nguyen et al. [4] 25 × 29 × 0.8 3.3–3.7

5.15–5.825 

7.25–7.75

A straight open-ended quarter wavelength slot and 

semi-circular half-wavelength cut  

3–11

Lee et al. [5] 29.38 × 28.25 × 0.508 5.01–6.19 λ/4 slotted line resonator and stub loaded circular radiat-

ing patch 

2.95–10.75

Li et al. [6] 38.5 × 46.4 × 1 5–5.5

7.2–7.6

Etching one quasi complementary SRR in feed line and 

TM-MTM

2–12.5

Yang et al. [7] 25 × 30 × 0.762 NA Coplanar slot line transition 3.1–10.6

Tang et al. [8] 39 × 39 × 1.6 3.25–3.75

5.08–5.9 

7.06–7.95

Multi slot and multi-slit 2.3–13.75

Tu et al. [9] 35 × 30 × 0.8 5.2–6 Pair of stubs and slits 2.78–12.3

Siddiqui et al. [10] 307.4 × 282 × 1.575 At 2.55 and 3.18 Square split-ring resonators 0–9

Chuamg et al. [11] 27.6 × 30 × 0.4 5.15–5.95 Non-uniform short-circuited stub 2.4–11

Kang et al. [12] 38.5 × 38.5 × 1.6 5.03–5.97 L-shaped slits 3.08–11.8

Jiang and Che [13] 59 × 73 × 0.8 3.3–4

5.05–5.9

U-shaped parasitic strips with T-shaped stub 2.8–11

Kingsly et al. [14] 30 × 25 × 1.57 3.31–3.57

5.26–5.45 

5.78–5.91

J-shaped and asymmetric T-shaped with open-ended 

stub  

3.1–10.6

Huang et al. [15] 64 × 64 × 0.8 5–6 Octagonal shaped slot 3–11

Gao et al. [17] 48 × 48 × 0.8 5.1–6 Two SRR slots on the radiator with 45° and two stair-

cases shaped radiating element

2.5–12

Sung [18] 33 × 25 × 1.14 3.37–3.8

4.26–5.85 

5.1–6

H-shaped resonator 3.04–11.3

Li et al. [20] 26 × 26 × 0.762 5.3–5.8

7.85–8.55

Split-ring resonator 2.9–11.6

Liu and Tu [21] 44 × 44 × 1.6 5.10–5.95 U-shaped feed line and slot 2.95–10.8

Sarkar et al. [22] 35 × 19 × 1.6 3.3–3.8

5.15–5.65 

7.9–8.4

Elliptical single complementary split-ring resonators  2.21–11.71

Vendik et al. [23] 50 × 50 × 1.52 At 3.5, 5.8, 7.5 Electric ring resonator incorporated into the CPW 2.5–12

Chandel et al. [25] 18 × 34 × 1.6 5.1–5.8

6.7–7.1

Inverted L-shaped slits 2.93–20

Nguyen et al. [26] 19 × 24 × 1.2 3.3–3.7

5.15–5.825 

7.25–7.75

Open-ended quarter wavelength slots  2.45–10.65

Azim et al. [27] 29 × 20.5 × 1.6 At 3.5 and 5.5 Dual-band notch achieved by the tri-arm resonator 2.98–10.76

Sung [28] 25 × 33 × 0.3 3.41-3.68

5.37-6.01

Two short circuits folded stepped impedance resonator 3.07–10.61

Rehman and Alkanhal [29] 80 × 70 × 1.54 2.15–2.65

3–3.7 

5.45–5.98 

8–8.68

Deflection slots 1.5–12

Jiang et al. [30] 200 × 200 × 1 0.72–2.96

3.25–3.59 

5.06–6.21

MIMO array 3D U-slot cut 0.5–7

Zhang et al. [31] 19 × 19 × 0.6 2.4–2.5

5–10

Stub triangular shorted structure & two parasitic  

metallic pins

2.96–14.5

Pan and Dong [32] 80 × 80 × 0.5 NA Two tapered slots 2.94–10.06

Proposed work 32 × 30 × 1.6 3.1–3.6

4.92–6.12 

7.5–8.4 

10.2–11

Inserting L-shaped slots in radiating patch and H and 

RSRR are arranged near to feed line. 

2.9–14.5
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Fig. 7. Variation curve of S11 for the proposed Antenna-4 measured 

and simulated results. 

 

 
(a) (b) 

 

(c) (d) 

Fig. 8. Simulated and measured radiation patterns at 5 GHz: (a) E-

plane and (b) H-plane of Antenna-1, (c) E-plane and (d) 

H-plane of Antenna-2. 

 

 
(a) (b) 

 

Fig. 9. Simulated and measured radiation patterns at 5 GHz. (a) E-

plane and (b) H-plane of Antenna-3. 

 
(a) (b) 

 

(c) 

Fig. 10. Simulated and measured E-plane patterns of Antenna-4 at 

(a) 5 GHz, (b) 6 GHz, and (c) 8 GHz. 

 

 
(a) (b)

(c) 

Fig. 11. Simulated and measured H-plane patterns of Antenna-4 at 

(a) 5 GHz, (b) 6 GHz, and (c) 8 GHz. 

 
The presented antenna has an impedance bandwidth from 

2.9 to 14.5 GHz through quadruple band notches at WiMAX 

(3.1–3.6 GHz), WLAN (4.9–6.1 GHz), satellite communica-

tions (7.5–8.4 GHz), and X-band (10.2–11 GHz). Table 1 

shows a comparison between the proposed antenna and the 

existing antennas. Fig. 12 shows the fabricated antenna’s front 

and rear view. Fig. 13 shows radiation pattern measurement setup 

of Antenna-1 and Antenna-2 in anechoic chamber, respectively. 
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(a)                         (b) 

Fig. 12. Fabricated antenna front view (a) and rear view (b). 

 

 

(a)                         (b) 

Fig. 13. Radiation pattern measurement setup of Antenna-1 (a) 

and Antenna-2 (b). 
 

IV. CONCLUSION 

A quadruple band-notched compact UWB antenna was pre-

sented and fabricated. The measured impedance bandwidth of 

the quadruple band-notched compact UWB antenna ranged 

from 2.9 GHz to 14.5 GHz alongside four-notched bands cov-

ering 3.1–3.6 GHz, 4.9–6.1 GHz, 7.5–8.4 GHz, and 10.2–11 

GHz. Moreover, the antenna-notched mechanism was analyzed 

using the current on the surface of the patch and resonators. 

The variation in notched characteristics was studied using a pair 

of L-shaped slots and resonators. The measured return loss and 

radiation patterns paralleled the simulated results. This pro-

posed quadruple band-notched compact UWB antenna is suit-

able for wireless applications. 
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I. INTRODUCTION 

Modern multifunction radars can execute numerous disparate 

tasks, aided by advances in phased array technology that is elec-

tronically steered. The typical radar system is required to search 

a given volume for new targets and detect detailed information 

from multiple scans of target tracks. Recently, radar systems 

have also required the performance of sequential functions, such 

as target identification, classification, and missile guidance. One 

of the major issues in this multifunction radar system is time 

resource allocation to maximize the radar’s ability [1–4]. The 

total radar time budget of one radar system must be shared be-

tween each function. The multifunction capability of radar can 

be enhanced by reducing the operation time of each specific 

function. In general, target recognition from large data that re-

quires classification is the most time-consuming aspect of meas-

urement and analysis. If target recognition is more efficiently 

performed in a limited time environment, the remaining time 

can be allocated for other tasks. Therefore, effective radar re-

source management can be enabled if the target information is 

recognized from an insufficient signal. 

Among target recognition technologies, jet engine modula-

tion ( JEM), which is induced by electromagnetic scattering 

from a rotating jet engine compressor, is the leading micro-

Doppler phenomenon that can impart frequency modulation to 

the radar target signature [5–7]. The dwell time, also called the 

measurement time, for the JEM analysis was specified in [8]. 

The total dwell time must include two rotation cycles of the jet  
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engine compressor to separate the spool line, indicating one 

rotation frequency. However, if the dwell time is too short, the 

frequency resolution can be insufficient to separate the spool 

lines. This causes an incorrect analysis for obtaining the blade 

number of the jet engine. To overcome this drawback, our algo-

rithm [9] introduced an effective reconstruction of insufficient 

JEM signals based on the compressed sensing (CS) method. 

Although a state-of-the-art (SOA) algorithm can achieve an 

accurate estimation of the blade number for various JEM signals, 

further enhancements are still needed. First, the CS method 

cannot be applied in a measured JEM signal for which the spec-

trum becomes relatively complicated, adding to other nonzero 

spectral components. Second, the processing time for recon-

structing insufficient JEM signals is increased using the linear 

programming optimization method. Therefore, the algorithm is 

not a real-time application for non-cooperative target recogni-

tion (NCTR). 

This study describes a novel automatic algorithm for estimat-

ing the jet engine blade number from insufficient JEM signals. 

Among the various signal decomposition methods, we em-

ployed empirical mode decomposition (EMD) because of its 

data-driven characteristics for which there is no prior assump-

tion on a given input signal [10]. However, EMD is restricted to 

completely extracting the first harmonic component because of 

its attributes as a dyadic filter bank. Thus, EMD is modified by 

inserting an adaptive low-pass filter (LPF) whose cutoff fre-

quency is given as the fundamental chopping frequency (FCF) 

that can be extracted using automated harmonic selection rules. 

To obtain the refined autocorrelation function (ACF), the de-

composed intrinsic mode functions (IMFs) derived from the 

modified EMD operation were combined. Finally, the blade 

number of the jet engine was estimated using the peaks detected 

from the ACF because the blade number is the number of in-

tervals between the outstanding peaks within the spool peaks. 

The approach proposed in this study is significant because it 

enables reliable estimation despite the insufficient JEM signal. 

In addition, the proposed algorithm is innovative due to its ex-

clusive use in the time-domain method, not the frequency-

domain method. Since previous studies have used the spectrum 

in the frequency domain to estimate the blade number, the pro-

posed algorithm can estimate the blade number using only 

time-domain methods, such as autocorrelation (AC). The appli-

cation of the proposed algorithm to insufficient JEM signals 

demonstrates that the novel automatic algorithm presented in 

this study improves the accuracy of JEM analysis, and its appli-

cation is expected to enhance the efficiency of radar resource 

management. 

The rest of the paper is organized as follows. Section II pre-

sents the proposed algorithm for estimating the blade number 

from insufficient JEM signals. In Section III, the measured 

JEM signals are examined to validate the applicability of the 

proposed algorithm. Finally, conclusions are discussed in Section 

IV. 

II. COMPARISON BETWEEN SUFFICIENT AND  

INSUFFICIENT JEM SIGNALS 

The blade number can be determined using the blade domain 

signal, which is converted from the JEM spectrum, and usually 

has redundant values by rounding off the operation after divid-

ing the real frequencies by the one rotation frequency fR, which 

is a reciprocal of the spool rate (one rotation period). Thus, to 

estimate the blade number exactly, the spool rate and JEM 

spectrum should be clearly obtained from the measured JEM 

signal. 

The spool rate imparts fundamental periodicity to the JEM 

signals and plays a key role in calculating the blade number. In 

the general process of estimating the spool rate, the time domain 

JEM signal is first used to calculate the cepstrum by (1) as 
 

  
{ }{ }1[ ] log [ ] , 0, 1−= = −N N NC n F F x x n N , (1)

 

where F, F -1, and x are the Fourier transform operator, inverse 

Fourier transform operator, and the JEM signal in the time do-

main, respectively [11]. Since the spool rate determines the fun-

damental periodicity of the JEM signal, the JEM spectrum 

comprises spool line spectra, and the cepstrum has an outstand-

ing peak. Then, a certain threshold is determined to designate 

the time samples as the peak, with cepstrum values above the 

threshold. Finally, the spool rate is estimated using the detected 

peak. 

Fig. 1 represents the spool rate estimation using the cepstrum 

of sufficient and insufficient JEM signals. The JEM signals were 

obtained from the electromagnetic simulation of realistic jet 

engine models [12]. Because the rotation speed of a jet engine is 

100 Hz, the sufficient time is 20 ms, and the insufficient time is 

appropriately set to 12 ms. Fig. 1(a) shows the cepstrum of the 

sufficient JEM signal, and the spool rate was estimated correctly 

as 100 Hz. In contrast, Fig. 1(b) represents the cepstrum of the 

 
(a) (b) 

Fig. 1. Spool rate estimation using the cepstrum between (a) suffi-

cient and (b) insufficient JEM signals. 
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insufficient JEM signal, and it is difficult to estimate the spool 

rate because no peak is related to the spool rate. 

Fig. 2 represents the JEM spectrum of the sufficient and in-

sufficient JEM signals. The JEM spectrum is determined ac-

cording to the dwell time of a JEM signal. If the dwell time of a 

JEM signal is too short, the frequency resolution can be insuffi-

cient to separate the spool lines. In contrast to the JEM spec-

trum of the sufficient JEM signal in Fig. 2(a), an insufficient 

JEM signal cannot obtain accurate spectral lines due to the dif-

ference in the frequency resolution marked in Fig. 2(b). There-

fore, the insufficient JEM signal cannot estimate the blade 

number of a jet engine owing to the incorrect estimation of the 

spool rate and the JEM spectrum. 

III. PROPOSED ALGORITHM FOR ESTIMATING THE 

BLADE NUMBER 

To exactly estimate the blade number for various JEM signals, 

it is necessary to obtain an accurate spool rate and JEM spec-

trum with sufficient frequency resolution. As mentioned in Sec-

tion II-1, however, JEM signals with insufficient time cannot 

accurately yield the spool rate and sufficiently dense frequency 

resolution. Thus, the blade number is estimated via the follow-

ing procedures for insufficient JEM signals (also summarized in 

Fig. 3): 

Step 1. Extraction of the FCF using the harmonic selection rule. 

Step 2. Selection of the cutoff of the preprocessing LPF as the 

FCF. 

Step 3. Decomposition of the signal filtered by the LPF into a 

finite number of IMFs using EMD. 

Step 4. Application of the ACF to the desired combination of 

extracted IMFs to obtain a refined AC waveform. 

Step 5. Acquisition of the blade number using the detected peaks 

of the ACF. 

In Step 1, the analysis focused on the extraction of the fun-

damental chopping harmonic, which is the key role of the pro-

posed algorithm. The fundamental chopping harmonic has a 

larger amplitude than other JEM line spectra in many cases of 

measured JEM signals [13, 14], but this is not always true; thus, 

the harmonic selection rule is proposed to extract the funda-

mental chopping harmonic frequency. First, the original fre-

quency domain signals are changed into integer values by a 

rounding-off operation, as shown in Fig. 4(b). Among the fre-

quency domain signals, the peaks that are near zero Doppler are 

removed because it is not the frequency domain signal that we 

are interested in. In addition, when the harmonics are more than 

the spectral line of zero Doppler, the corresponding frequency 

domain signals are eliminated. From the remaining frequency 

domain signal, only 20 harmonic components (line spectra) are 

 
(a) (b) 

Fig. 2. (a) JEM spectrum between the sufficient and insufficient 

JEM signals and (b) expanded results related to (a).

 
(a) (b) 

 
(c) (d) 

Fig. 4. Overall procedures for extracting the fundamental chopping 

frequency: (a) original JEM spectrum with a sparse fre-

quency resolution, (b) JEM spectrum after applying (a) to a 

round-off operation, (c) JEM spectrum based on the higher 

amplitude, and (d) FCF extraction using the harmonic se-

lection rule.

Fig. 3. Overall procedures, including key algorithms Steps 1, 2, and 

3 for estimating the blade number from insufficient JEM 

signals. 
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empirically extracted in descending order of spectral amplitude, 

as shown in Fig. 4(c). Then, the preliminary candidate of the 

FCF is obtained based on the maximum spectral line. If there is 

no half frequency harmonic, the preliminary candidate is direct-

ly designated as the FCF. However, when there is a half, third, or 

fifth frequency harmonic, the corresponding frequency is select-

ed as the FCF. As shown in Fig. 4(d), the FCF can be extracted 

using these harmonic selection rules. 

In Step 2, the LPF whose cutoff frequency is selected as the 

FCF is inserted as a preprocessor of EMD to supplement its 

filter bank property and completely extract the first chopping 

harmonic component. According to [13], the fundamental 

chopping harmonic plays an important role in reconstructing 

noisy and insufficient JEM signals, and the decomposition of 

the JEM signals is conducted based on the extraction of this 

spectral component, which is directly related to the blade num-

ber in the first rotor stage. The cutoff frequency of the LPF is 

determined to be the FCF extracted from Step 1. Fig. 5(b) pre-

sents the resultant spectrum after applying the original JEM 

spectrum of Fig. 5(a) to the preprocessing LPF. 

In Step 3, EMD, a data-driven decomposition method for 

nonlinear and non-stationary signals [15–17], is applied to the 

signal derived from Step 2. Due to preprocessing filtering, the 

first chopping harmonic component is automatically assigned to 

the EMD filter of the number 1. Also, IMF 1 has a center fre-

quency following the cutoff frequency and contains the first 

chopping harmonic, which denotes an effective JEM compo-

nent [10, 18]. Since the EMD filter of number 1 operates as a 

high-pass filter, EMD combined with the LPF behaves equiva-

lently like a band-pass filter with the same center frequency as 

the FCF. In addition, the last IMF with the slowest oscillatory 

mode corresponds to the zero-Doppler component and is also 

required to obtain the well-presented ACF in the next step. Fig. 

5(c) shows the spectrum of IMF 1 combined with the last IMF 

resulting from the modified EMD operation to the filtered 

spectrum. 

In Step 4, the ACF in the time domain is utilized to observe 

the correlation properties of the combined insufficient JEM 

signal. The JEM AC data are obtained using an unbiased AC 

sequence estimation and normalization by (2) as 
 

   

[ ] [ ] [ ]
1

*

0

1 − −

=

= +
− 

N m

z
n

R m z n z n m
N m , (2)

 

where z is the combined complex JEM data in the time domain, 

and N is the total length of the JEM data [11]. The ACF is a 

mathematical tool for finding repeating patterns, such as the 

presence of a periodic signal obscured by noise. In this study, the 

JEM ACF yields a refined AC waveform by applying it to the 

combined signal with IMF 1 and the last IMF, which denotes 

the first harmonic component and the zero-Doppler component, 

respectively. This refined AC waveform makes it easy to auto-

matically extract the blade number on the jet engine via detected 

peaks within the outstanding peaks, which will be presented in 

Step 5. Fig. 6 shows the AC waveform of the measured raw 

JEM signal with insufficient dwell time and the reconstructed 

JEM signal with IMF 1, respectively. The AC waveform of the 

insufficient JEM signal has ambiguous peaks from the compli-

cated waveform. Unlike the AC waveform shown in Fig. 6, use-

ful information can now be obtained from the well-presented 

AC waveform shown in Fig. 5(d). 

In Step 5, the blade number is estimated from a refined AC 

waveform. As shown in Figs. 5(d) and 6, the JEM AC waveform 

has generally outstanding peaks uniformly spaced at every spool 

rate because the outstanding peaks come from a full rotation of 

the rotor. In addition, regular waveform within the outstanding 

peak can be additionally obtained using the combined signal 

that contains the fundamental chopping harmonic, which is 

directly related to the chopping rate, the period of a jet engine 

 
(a) (b) 

 
(c) (d) 

Fig. 5. Overall procedures for reconstructing an insufficient JEM 

signal: (a) insufficient JEM spectrum, (b) JEM spectrum af-

ter applying (a) to the LPF, (c) JEM spectrum of IMF 1 

combined with the last IMF, and (d) blade number extrac-

tion from the ACF result. 

 
(a) (b) 

Fig. 6. ACF results of (a) insufficient JEM signal and (b) extracted 

IMF 1.
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blade moving to its adjacent position. Because the interval be-

tween adjacent peaks within outstanding peaks denotes the 

chopping rate, the blade number is finally determined by the 

number of detected peaks of the regular waveform within the 

spool rate. Therefore, for the example case exhibited in Fig. 5(d), 

the blade number can be estimated as 42 using the proposed 

algorithm. 

The proposed algorithm enables blade number extraction de-

spite the insufficient JEM signal. In addition, the proposed algo-

rithm is innovative because it uses only the ACF, which is a 

time-domain method, not a frequency-domain method. Alt-

hough the spectrum of the insufficient JEM signal lacks a suffi-

ciently dense frequency resolution to extract the blade number, 

the blade number can be estimated using the reconstructed 

JEM signal and the time-domain method. 

IV. VERIFICATION WITH MEASURED JEM SIGNALS 

In this section, the measured JEM signals are examined to 

verify the proposed algorithm. In [19], experimental jet engine 

models were fabricated, and measurements were conducted us-

ing the instrumentation radar system for various aspect angles 

and engine rotation speeds. A rotating part and the whole shape 

of the fabricated jet engine models are shown in Fig. 7. The 

structural information on the jet engine models and measure-

ment parameters is given in Table 1. For a fixed radar aspect 

angle of 50º, we selected two signals from different engine types 

with different rotating speeds. 

Fig. 8 represents the ACF result and JEM spectrum from a 

type A engine before applying the proposed algorithm to the 

 
Table 1. Structural information on the experimental jet engine 

models and measurement parameters 

Parameter 
Rotor stage

Stage 1 Stage 2 Stage 3

Type A   

Number of blades 42 73 97

Blade length (m) 0.377 0.275 0.275

Rotation speed (rpm) 60.1 60.1 60.1

Type B   

Number of blades 17 29 41

Blade length (m) 0.385 0.325 0.300

Rotation speed (rpm) 180.7 180.7 180.7

Radar carrier frequency (GHz) 10 10 10

Radar observation (incident) angle (º) 50 50 50

PRF (kHz) 1.8 1.8 1.8

 
(a) (b) (c)

Fig. 7. Fabricated jet engine models: (a) a rotating part of type A, 

(b) type B, and (c) the whole shape. 

 

 

 
(a) (b) 

Fig. 8. Results of an insufficient JEM signal from a type A engine 

rotating in the range of 60.1 rpm: (a) ACF and (b) JEM 

spectrum. 

 
insufficient signal. Note that the insufficient dwell time was 

chosen as 1.1 seconds, and the sufficient dwell time was set as 2 

seconds because the rotation speed is 1 Hz (= 60.1 rpm). Alt-

hough the accurate spool rate was obtained from the outstand-

ing spool peaks shown in Fig. 8(a), we cannot obtain the infor-

mation within the spool rate from the ambiguous peaks. In ad-

dition, it is difficult to obtain accurate spectral lines due to the 

difference in the frequency resolution marked in Fig. 8(b). 

Therefore, the blade number on the jet engine was erroneously 

estimated, as summarized in Table 2. Note that the automatic 

extraction method [20] can estimate the blade number using the 

divisor-multiplier rule and the scoring concept in JEM spectral 

analysis.  

Fig. 9 shows the ACF result from a type A engine after pro-

cessing with the proposed algorithm. As described previously, 

the ACF was applied to IMF 1 combined with the last IMF 

Table 2. Estimated information on the examined jet engine models 

   
Blade number

Type A Type B

Real number 42 17

An automatic extraction method for sufficient 

signal [20]

43 85 

SOA algorithm for insufficient signal [9]  42 17

Proposed algorithm for insufficient signal 42 17
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(IMF 11 in this case) and can exhibit a periodic AC waveform. 

The spool rate, the full rotation period, can be found using the 

periodically repeating partial group, as marked in the ACF result. 

The chopping rate, the period when a blade moves to its adja-

cent position, can also be estimated from peaks, as marked with 

the triangle. Using the detected peaks within the spool rate, the 

blade number at the first rotor can be obtained, as summarized 

in Table 2. From Table 2, we can observe that the blade number 

can be exactly estimated as 42. 

Figs. 10 and 11 exhibit the results of a type B engine before 

and after applying the proposed algorithm to the insufficient 

signal, respectively. For this type, the insufficient and sufficient 

dwell times and the last IMF were chosen as 0.37 seconds, 0.67 

seconds, and IMF 10, respectively. Although we cannot obtain 

useful information on the jet engine model with the insufficient 

JEM signal shown in Fig. 10, the refined ACF result can be 

obtained by applying the proposed algorithm. With the refined 

ACF result, we can estimate the blade number at the first rotor 

from the peak information within the spool rate in Fig. 11. The 

jet engine number and processing time required by applying the 

existing method and the proposed method are summarized in 

Tables 2 and 3. Note that the average processing time was eval-

uated by MATLAB on a laptop with a 2.90 GHz Intel Core i7-

7500U and 16 GB of RAM. This result shows a different result 

from that verified through the simulation signal obtained by the 

shooting and bouncing rays (SBR) method—existing and pro-

posed algorithms accurately estimate the number of engine 

blades for the simulated signals. The method in [20], which is 

an automated algorithm that enables fast information acquisi-

tion for only a sufficient JEM signal, cannot obtain accurate jet 

engine information. The only existing algorithm that can be 

applied to the insufficient signal proposed in [9] can accurately 

acquire jet engine information, but it takes about 324 times 

longer than the proposed method because it uses the CS meth-

od, which includes an optimization process to restore the JEM 

signal. However, the proposed algorithm shows a good match 

with the real parameters. Consequently, the proposed algorithm 

facilitates a robust and fast estimation of the blade number. 

Application results with the measured JEM signals demon-

strate that the proposed algorithm is effective in accurately and 

efficiently estimating jet engine features from insufficient JEM 

signal. Particularly, as shown in the verification process, it is pos-

sible to extract the blade number with a dwell time of 1.1 sec-

onds less than the dwell time of 2 seconds required for the in-

formation extraction. It is very effective because the radar can 

allocate about 45% of the remaining time to other functions, 

such as searching and tracking. 

V. CONCLUSION 

The multifunction operation of radar requires finite radar re-

sources to be distributed among various tasks. If JEM is more 

efficiently performed in an insufficient dwell time environment, 

the remaining time can be allocated for other tasks. In this study, 

we proposed a novel automatic algorithm for estimating the jet 

engine blade number of insufficient JEM signals. The applica-

tion of the EMD combined with the LPF effectively extracted 

Fig. 9. ACF results from a type A engine after processing with the 

proposed algorithm. 

 

 

 
(a) (b) 

Fig. 10. Results of insufficient JEM signal from a type B engine 

rotating in the range of 180.7 rpm: (a) ACF and (b) JEM 

spectrum. 

 
Fig. 11. ACF results from a type B engine after processing with the 

proposed algorithm. 

Table 3. Comparison of the processing time between the existing 

algorithms and the proposed algorithm 

  
Average processing 

time (s)

An automatic extraction method for  

sufficient signal [20]

5.63 

Extraction algorithm for insufficient signal [9] 1,689.1

Proposed algorithm for insufficient signal 5.21
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IMF 1 and the last IMF containing the FCF and zero-Doppler. 

The blade number of the jet engine was estimated using the 

peaks detected from the ACF because the blade number is the 

number of intervals between the outstanding peaks within the 

spool peaks. Consequently, the proposed algorithm significantly 

improved the accuracy of JEM analysis and is novel and innova-

tive due to its exclusive use in the time-domain method, not the 

frequency-domain method. Furthermore, the proposed algo-

rithm is expected to be effective from the perspective of radar 

resource management. In the future, the proposed algorithm 

will be applied to various JEM signals received from a jet engine 

mounted on an actual aircraft and verified. 
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I. INTRODUCTION 

The operating frequency band of an antenna is generally de-

fined as S11, which is less than –10 dB. However, S11 is only an 

amount of reflected power, and there is a limitation that does 

not mirror the radiation characteristics. An important aspect of 

antenna performance is the gain versus frequency characteristic. 

However, from the viewpoint of the gain versus frequency char-

acteristic, it is difficult to define the operating frequency band 

because the gain relative to the frequency is presented as a gentle 

curve. In a conventional wireless communication system, a 

bandpass filter (BPF) is placed behind the antenna to support 

the appropriate bandwidth required by the system [1]. Con-

versely, the filtering antenna has the advantage of operating as 

both an antenna and a filter using a single resonator [2]. 

A single-feed filtering antenna with U-slot has been previ-

ously proposed. Table 1 summarizes these structures. In [3], the 

radiation null characteristics were realized by applying U- and I-

shaped strips to the back of the co-planar waveguide feed struc-

ture. In this structure, the suppression level of the radiation null 

exhibited poor performance of approximately –7 dB and –11 dB, 

and the antenna gain was significantly changed in the operating 

band. In [4] and [5], two radiation null characteristics were im-

plemented by applying stubs of different lengths to the feed 

structure. Two radiation nulls were formed by applying two 

pairs of slits of differing lengths to the patch [6]. The concept of 

generating a radiation null below the passband by applying a 

single U-slot to the patch was proposed in [7, 8]. However, it 

was not sufficient for obtaining a perfect filtering function with 

only one radiation null. To create another radiation null, a U-

shaped strip was applied to the back of the substrate in [7], and 

a stack structure and via were used in [8]. 
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In this study, two U-slots of different sizes are used to combine the filtering function with a patch antenna. The U-shaped slots are etched 

into the patch, and currents in the opposite direction exist around these slots. Therefore, the currents cancel each other out, and a radiation 

null is formed. As a result, two radiation nulls are implemented on the left and right sides of the passband. To demonstrate the novelty of the 

proposed concept, a filtering patch antenna with a center frequency of 3.21 GHz and a 10 dB impedance bandwidth of 19.9% is designed 

and fabricated. High suppression levels of 25.33 and 19.32 dB in the lower and higher stopbands, respectively, are achieved. Therefore, a 

sharp band skirt and good selectivity are exhibited in the boresight gain response. The two radiation nulls are located at 2.4 and 3.7 GHz 

and can be independently adjusted. 
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In this study, two U-slots of different sizes are applied to the 

patch surface. To implement the two slots on one patch surface, 

their directions are set differently so that a small U-slot is locat-

ed within a large U-slot. The two U-slots form radiation nulls at 

the bottom and top of the passband. The proposed structure has 

the advantage that both radiation nulls can be independently 

controlled. 

II. GEOMETRY 

Fig. 1 shows the proposed filtering antenna, where two U-

shaped slots are applied to a rectangular patch of size Lp × Wp. 

This antenna is located on the top layer of the substrate and the 

metal surface existing on the opposite layer is removed. The 

substrate has a dielectric constant of 2.2 and a thickness of 1.57 

mm. To improve the antenna bandwidth, the distance between 

the substrate and ground plane, denoted by H, is filled with air. 

The size of the ground plane is set to 70 mm × 70 mm. The 

size of the outer U-shaped slot is L1 × W1, that of the inner U-

shaped slot is L2 × W2, and the width of the two slots is set 

equally to s. The distance between the two slots is set to dx and 

dy in the x- and y-axis directions, respectively. The feed point is 

set 2 mm away from the patch center. The optimum feed point 

is obtained using High-Frequency Structure Simulator (HFSS; 

Ansys Inc., Canonsburg, PA, USA). 

III. OPERATING PRINCIPLE 

Fig. 2(a) and (b) present the simulated results of comparing 

the reflection coefficient and the realized gain of the four anten-

nas; this result can be used to explain the operating principle of 

the proposed structure. For the simulation, the dimensions in 

Fig. 1 are set as Lp = 33 mm, Wp = 31 mm, L1 = 18.6 mm, W1 = 

8.4 mm, L2 = 17.1 mm, W2 = 4.2 mm, s = 0.3 mm, dx = 1.8 mm, 

dy = 3.9 mm, and H = 8 mm. In Fig. 2, “Ant.with inner slot” in-

dicates a structure that includes only the inner slot in the pro-

posed structure, while “Ant.with outer slot” indicates a structure 

in which only the outer slot is applied to a rectangular patch. To 

ensure appropriate comparison, all four antennas are assigned 

the same parameters. In the case of an antenna with only the 

inner slot, the matching characteristic deteriorates, which can be 

improved by adjusting the feed position or slot parameter. The 

proposed antenna comprises three resonances, as shown in Fig. 

2(a). The antenna with only the outer slot has the first and sec-

ond resonances among the three resonances, whereas that with 

only the inner slot has the second and third resonances. This 

shows that the outer slot forms the first resonance, while the 

inner slot forms the third resonance. Furthermore, the second 

resonance frequency is formed by the patch. 

A rectangular patch without two slots exhibits a single reso-

nance characteristic and has the highest gain at the resonance 

frequency but does not have a radiation null frequency charac-

teristic on the left and right sides of the passband. Conversely,  
 

Fig. 1. Proposed antenna with filtering function. 

L1

W1

L2
W2

Lp

dy

dx

x
yz

Wp

Ground plane 

Feeding

Center line

Substrate

PatchPlastic support

H

s

Table 1. Comparison with previous filtering antennas with U-slot

Study Freq. (Hz) BW (%) Null level (dB) Size Gain (dBi) Filtering structure

Wang et al. [3] 2.4 7 -26, -30 r = 0.13λ0, h = 0.1λ0 4 Two stubs

Hu et al. [4] 3.5 71.7 -7, -11 1.1λ0 × 0.88λ0 × 0.145λ0 4.2 Two U-slots, two U-strips

Zhang et al. [5] 1.9 

2.6 

5 

7 

-20, -40 

-30, -40 

0.63λ0 × 0.51λ0 × 0.01λ0 6.7 

7.3

Two U-shaped patches, multi-stub feedline

Jin et al. [6] 5.2 7 -30, -35 0.35λ0 × 0.24λ0 × 0.027λ0 6.6 Two slits

Yang et al. [7] 5 19.7 -40, -25 0.66λ0 × 0.66λ0 × 0.098λ0 7.4 Split-ring slot, U-shaped strip

Zhang et al. [8] 2.5 16 -24, -24, -26 0.55λ0 × 0.55λ0 × 0.09λ0 9.7 U-slot, stack
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(b) 

 2.4 GHz 3.7 GHz 

(c) 

 
 

3.2 GHz 

 

2.4 GHz 3.7 GHz 

(d) 

Fig. 2. Comparison of the simulated frequency response of antennas 

with and without two slots. (a) Reflection coefficient. (b) Re-

alized gain. (c) Surface current distribution on the patch at 

the two radiation null frequencies. (d) E-field distribution of 

the patch at the operating frequency and two radiation null 

frequencies. 

the proposed structure operates as a filtering antenna because 

radiation null frequencies exist on both sides of the passband. 

As shown in Fig. 2(b), the radiation null is formed by the outer 

and inner slots at frequencies below and above the passband, 

respectively. 

Fig. 2(c) shows the vector current distribution formed at the 

patch surface. Simulations are performed at two radiation null 

frequencies, 2.4 and 3.7 GHz. Here, the red area indicates that 

the current is strong, while the blue area indicates that the current 

is weak. The current is strongly formed along the outer and in-

ner slots at 2.4 and 3.7 GHz, respectively. This is consistent with 

the analysis result, according to which the radiation null is 

formed by the outer slot at 2.4 GHz and by the inner slot at 3.7 

GHz. In Fig. 3, the current directions with respect to the slots 

are opposite to each other. The currents in different directions 

that are in proximity cancel each other out. Therefore, Fig. 2(c) 

proves that the radiation null is caused by the slot. Fig. 2(d) 

shows the electric field distribution at the operating frequency 

of the antenna and two radiation null frequencies. At 3.2 GHz, 

a strong electric field is formed on the left and right sides of the 

patch, and the radiation is found to occur in this area. In addi-

tion, strong electric fields are formed in the outer U-slot and 

inner U-slot at 2.4 and 3.7 GHz, respectively, where a radiation 

null is generated. This supports the fact that the U-slot produces 

a radiation null. 
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Fig. 3. Simulated frequency responses of the proposed antenna 

with different lengths L1: (a) reflection coefficient and (b) 

gain.
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IV. PARAMETER STUDY 

Fig. 3 shows the simulation results of the reflection coefficient 

and the realized gain characteristics as the length L1 of the outer 

slot is changed. The parameters set for the simulation are the 

same as those mentioned previously, except for L1. As L1 chang-

es, there are two changes in terms of the reflection coefficient. 

First, as L1 increases, the first resonance frequency decreases, but 

the other two frequencies remain almost constant. This is be-

cause the first resonance frequency is formed by the outer slot. 

Second, as L1 changes, the overall matching characteristics of 

the antenna change rapidly. In the present study, L1 is selected as 

18.6 mm from the viewpoint of matching characteristics. The 

role of the outer slot becomes clear when the gain curve is ob-

served as L1 changes. As L1 increases, the frequency of the radia-

tion null formed under the passband decreases. At this time, the 

gain in the passband changes slightly according to the matching 

characteristics, and the radiation null formed above the pass-

band barely changes. 

Fig. 4 presents the simulation results of the antenna charac-

teristics as the inner slot length L2 is changed. As L2 increases, 

the third resonance frequency decreases, while the other two 

resonance frequencies remain constant. Considering the match-

ing characteristics, it is optimal when L2 is 17.4 mm. Addition-

ally, as L2 increases, the radiation null frequency located above 

the passband tends to decrease. The radiation null frequency 

below the passband does not change with the change in L2. 

However, the radiation suppression level at the corresponding 

frequency shows a significant difference from -50 dB to -20 

dB. This is because the inner slot is located between the feed 

point and the outer slot, and the change in the inner slot affects 

the radiation null at the frequency below the passband. 

V. SIMULATION AND MEASURED RESULTS 

Fig. 5 shows the simulated and measured frequency responses 

of the fabricated antenna. The parameters of the fabricated an-

tenna are as follows: Lp = 33 mm, Wp = 31 mm, L1 = 18.6 mm, 

W1 = 8.4 mm, L2 = 17.1 mm, W2 = 4.2 mm, s = 0.3 mm, dx = 

1.8 mm, dy = 3.9 mm, and H = 8 mm. The proposed structure 

comprises three resonances and has a wide bandwidth of 19.9% 

(2.894–3.533 GHz) using an air substrate. In addition, the 

measured gain of the antenna is 7.2 dBi, with only a small 

change of 0.2 dB; thus, it exhibits almost constant characteristics 

in the operating band. Fig. 6 compares the simulated and meas-

ured radiation patterns at the center frequency of the antenna 

(i.e., 3.21 GHz). Fig. 7 shows a photograph of the fabricated 

antenna. 

 
(a) 

 
(b) 

Fig. 4. Simulated frequency responses of the proposed antenna 

with different lengths L2: (a) reflection coefficient and (b) 

gain. 

(a) 

(b) 

Fig. 5. Simulated and measured results of the proposed antenna: (a) 

reflection coefficient and (b) gain. 
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VI. CONCLUSION 

This paper introduces two radiation nulls in the vicinity of 

the operating band by applying two U-shaped slots to the rec-

tangular patch antenna. The proposed filtering antenna is com-

posed of three resonances, showing a wide bandwidth charac-

teristic and stable and flat gain characteristics in the operating 

band. In addition, the stopband exhibits a high suppression level 

exceeding 19 dB due to a radiation null, indicating high selec-

tivity characteristics. Through the parameter study and simulat-

ed current distribution, the operational principle and design 

strategy of the proposed concept are briefly presented. The 

demonstrated technique is useful for removing BPFs at the back 

of the antennas; hence, it can reduce the volume and price of the 

hardware stage in the communication system. 
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(a) (b) 

Fig. 6. Simulated and measured radiation patterns: (a) E-plane and 

(b) H-plane. 

 

 

(a) (b) 

(c) 

Fig. 7. Fabricated antenna: (a) top view, (b) bottom view, and (c) 

side view. 
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I. INTRODUCTION 

Microwave absorbers have been widely used for practical ap-

plications, such as stealth combat planes, filters, and electromag-

netic (EM) interference shields. Numerous studies have been 

performed on thin and wideband absorbers. The simplest ab-

sorber is the Salisbury absorber, which has a resistive sheet of 

377 Ω/square placed on a quarter wavelength λ/4 from a ground 

plane [1–3]. Reactive RLC-type absorbers with the same quar-

ter-wave thickness have been studied using various theoretical 

approaches and experimental validations [4–6]. 

Simple closed-form solutions for microwave absorbers with a 

certain absorption rate at any frequency are presented in [5]. 

However, the closed-form solutions in [5] can only be applied to 

absorbers with a quarter wavelength thickness. The condition in 

which their thickness must be a quarter wavelength λ/4 often 

results in a bulky absorber, which is not satisfactory for most 

applications, especially when the required design frequencies are 

low. 

The design of thin but broadband microwave absorbers is an 

open problem, and many studies have been conducted on it. 

Some methods have been examined to achieve these goals by 

adopting multilayer [7, 8], multi-resonance [9–11], magnetic 

materials [12–14], frequency selective surfaces (FSS) [11, 15–

18], and metamaterials (MM) [19–22]. Although multilayered 

and/or multi-resonance techniques are useful methods to en-

hance the bandwidth, they have the disadvantages of thickness 

and size as well as difficulty in fabrication due to the complexity  
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Abstract 
 

A new design method for RLC reactive absorbers is presented. This method is based on closed-form solutions to help realize the widest 

absorption bandwidth for an arbitrarily specified thickness. The solutions for the RLC values of the reactive screen are derived using an 

equivalent circuit in which the thickness of the substrate used, the permittivity and tangential loss of the substrate, and the frequency are 

all considered. A perfect match and maximum bandwidth at a design frequency can be achieved with the proposed method. Various as-

pects of the absorber characteristics, depending on the thickness and loss of the substrate, are analyzed using the presented solutions and 

electromagnetic (EM) simulations. To validate the proposed design method, an X-band microwave absorber with a crossed-dipole struc-

ture patterned on a silver nanowire resistive film is designed, fabricated, and measured. The substrate electrical thickness of the absorber is 

70° at 10 GHz, with a permittivity of 2.2. The 90% absorption bandwidth is 8 GHz in the frequency range of 8.2–16.2 GHz. The meas-

ured absorption agrees well with the results obtained using circuit and EM simulations. 
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of the structures [7]. A wide range of magnetic materials are 

used for thin radar absorbers. However, maintaining the uni-

formity of the material in the microwave band is usually difficult 

[13]. Recently, single-layer FSS-MM absorbers have been stud-

ied. One FSS-MM absorber has been proposed, with a thick-

ness of 2 mm and an absorptivity of more than 90% from 8.5 to 

16.0 GHz [20]. An ultrathin and ultra-wideband MM absorber 

based on periodically arranged metallic square spirals is present-

ed in [21]. It has an absorptivity of more than 90%, from 11.4 to 

20 GHz, and a thickness of 1.6 mm (λ/16). The results of this 

work have not been reproduced in our EM simulations, and a 

more rigorous validation based on the power conservation law is 

required. 

In this paper, closed-form formulas for the design of a single-

layer wideband microwave absorber are proposed. The formulas 

can be applied to any frequency, electrical thickness, tangential 

loss, and permittivity of a substrate material. Using the proposed 

solutions, the RLC value of a reactive screen with an arbitrary 

thickness can be extracted. These values are used to realize the 

structure on the screen. A simple crossed-dipole structure, which 

takes into account the relatively easy optimization of the struc-

ture and the lesser dependence of absorption characteristics on 

the polarization of incident waves, is used for the reactive RLC 

screen. In Section II, the problem of realizing a thin (less than a 

quarter wavelength) and wideband absorber is formulated to 

obtain the exact RLC values based on an equivalent circuit. A 

convenient guideline for determining the dimensions of the 

dipole structure is presented. In Section III, a wideband micro-

wave absorber at 10 GHz is designed and fabricated using a 

silver nanowire (AgNW) resistive film. The theoretical band-

width of the presented absorber is compared with the measured 

bandwidth. The study is concluded in Section IV. 

II. THEORY BASED ON AN EQUIVALENT CIRCUIT 

1. Closed-Form Solutions for Thin and Wideband Absorbers 
Fig. 1 shows the geometry of a single-layer microwave ab-

sorber using a reactive RLC screen, which is realized by a peri-

odic cross-dipole structure placed above a conducting plane. 

The permittivity of the substrate is εr. A simple dipole-type 

structure on a AgNW resistive film is used as a reactive screen. 

Fig. 2 is the equivalent circuit of Fig. 1 when the EM wave is 

normally incident. The dipole-shaped structure is modelled as a 

lumped series RLC resonator characterized by of R0, L0, and C0. 

In the equivalent circuit, ƞ0 (= 377 Ω) and ƞ1 are the intrinsic 

impedances of free space and the substrate, respectively. Z0 is 

the impedance of the RLC reactive screen alone. Y1 is the input 

admittance at the input terminal of the shorted transmission 

line with length l. The characteristic impedance of the transmis-

sion line is ƞ1. α is the attenuation constant, and β is the propa-

gation constant. Yin is the total input admittance of the RLC 

screen. If the electrical length βl at a design angular frequency 

ω0 and intrinsic impedance ƞ1, with the permittivity of the sub-

strate are specified, the RLC values (R0, L0, and C0) can be de-

termined and used to obtain the dimensions of the dipole struc-

ture through EM simulations, as shown in Section III. 

In Fig. 2, the admittance Y0 of the RLC screen is 
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where l is the physical length, and γ = α + jβ is a complex propa-

gation constant of a lossy line. The attenuation constant α can 

be written in terms of loss tangent (tanδ). αl is given by 
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and βl is given by 0
0

l ωβ θ
ω

= , where θ0 is the electrical length at 

ω0 [23].  

 
Fig. 1. Geometry of the absorber with a reactive screen, substrate, 

and conducting plane. 

 

 
Fig. 2. Equivalent circuit of the absorber, as shown in Fig. 1. 
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The input admittance Yin as a function of frequency is given by 
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The reflection coefficient Г and the absorption A are given by 
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The condition of perfect absorption (A = 1) at ω0 is that Eq. 
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One more chosen condition to uniquely determine R0, L0, and 

C0 is that the slope of the imaginary part (Bin) of input admit-

tance (4) should be 0 at ω = ω0 [24], given by 
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If the differentiation of Bin is 0 (9) and satisfies (7) and (8) at 

ω0, it is guaranteed that the absorption is perfect at ω0 and has 

the widest bandwidth possible. Note that the real part (Gin) of 

input admittance (4) is flatter than Bin near ω0, especially when 

θ0 approaches 90°. Eq. (9) is expressed as follows: 
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Eqs. (7), (8), and (10) are simultaneously solved for R0, L0, 

and C0. The resistance R0 in Fig. 2 is given by  
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The inductance L0 and capacitance C0 can be obtained from 

the two equations as follows: 
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From (14) and (15), L0, and C0 are easily obtained as  
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The closed-form solutions for R0, L0, and C0 are all related to 

the intrinsic impedance (ƞ1), loss tangent (tanδ), and electrical 

thickness (θ0) (at ω0) of the substrate. 

 

2. Verif ication of Closed-Form Solutions 

The values of R0 (13) with different electrical thicknesses and 

loss tangents are shown in Fig. 3. As the electrical thickness θ0 

becomes larger, the value of R0 also becomes larger. When the 

loss tangent is smaller than 0.01, the value of R0 is almost the 

same as in the case of no loss. The effects of loss on the sub-

strate are shown to be more pronounced when θ0 is greater than 

70º. Note that, when the loss tangent is zero and θ0 is 90º, R0 

approaches 377 Ω which is same as Salisbury’s. The values of L0 

(16) and C0 (17) with different electrical thicknesses and loss 

tangents are plotted in Fig. 4. The effect of the loss tangent is 

not significant in C0 but is relatively more significant in L0, es-

pecially when θ0 is greater than 70º.  

 

When the loss tangent of the substrate is assumed to be zero, 

solutions (13) and (16)–(17) are simplified to  
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Fig. 3. R0 with different electrical thicknesses and loss tangents. 

 

 
Fig. 4. L0 and C0 with different electrical thicknesses and loss tan-

gents.
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Especially when θ0 is 90º, the above solutions are simplified 

again to those in [5]. Thus, we can see that the solutions pre-

sented in this work are general and can be applied to any thick-

ness, permittivity, loss tangent of the substrate, and frequency. 

Fig. 5 shows the absorption (6) for different electrical thick-

nesses of the absorber. The widest bandwidth is obtained when 

θ0 is 70º. The 90% (A = 0.9) bandwidth is approximately 8 

GHz, from 8.2 GHz to 16.2 GHz (66% at a center frequency 

of 12.2 GHz or 80% at a design frequency of 10 GHz).  

Based on these observations, the specifications of the desired 

absorber are summarized in Table 1. The design frequency is 10 

GHz for X-band absorber applications. The relative permittivity 

and loss tangent of the substrate are 2.2 and 0.001, respectively. 

The obtained values of R0, L0, and C0 using (13) and (16)–(17) 

are shown in Table 2. 

III. FABRICATION AND MEASUREMENT 

The absorber with crossed-dipole patterns (Fig. 1) based on 

the parameters shown in Tables 1 and 2 is realized using an EM 

simulator (High Frequency Simulation Software), fabricated, 

and measured. The reason why the crossed-dipole pattern is 

chosen among other structures is that it is the simplest and easi-

est to implement. Moreover, its absorption characteristics are 

almost independent of the polarization of incident waves, as will 

be shown later. 

 

1. Design and Simulation 

Fig. 6 shows the geometry of the absorber unit cell. a is the 

side length of the square absorber unit, and w and h are the 

width and height, respectively, of the crossed-dipole pattern on 

a resistive film. Rs is the resistance per square of the film materi-

al, and g is the gap distance. To realize the real part (R0 = 

291.86 Ω) of the reactive screen, a AgNW film with 23 Ω/ 

square is used. AgNWs are chosen for fabrication because the 

sheet resistance of the film can be easily controlled by adjusting 

the concentration of the AgNW solution. The width (w) and 

length (h) of the dipole structure affect the resistance R0, which 

is given by Rsh/w, where Rs is the surface resistance of the resis-

tive sheet (Ω/square). By choosing Rs and the aspect ratio h/w 

properly, a specifically required R0 can be realized in many ways. 

Moreover, L0 and C0 are proportional to h/w and w/g, respec-

tively. By using these characteristics, the overall dimensions of 

the crossed-dipole structure can be determined using an EM 

simulator. 

The first step is to determine the dimensions of the crossed-

dipole in which the circuit values in Table 2 are realized. To 

evaluate the impedance of only the reactive screen in HFSS, de-

embedding from the ports to the reactive screen is performed, as 

shown in Fig. 7(a). After the realization of the structure on the 

reactive screen, the substrate and ground are added below the 

reactive screen, as shown in Fig. 7(b). The final dimensions of 

the absorber are listed in Table 3. 

 
Fig. 5. Absorption for different electrical thicknesses θ. 

 
Table 1. Parameters of the absorber design 

Parameter Value 

Frequency (f0) 10 GHz 

Permittivity (εr) 2.2 

Thickness (electrical length) 3.93 mm (θ0 = 70°)

Tangential loss for substrate 0.001 

 
Table 2. The values of R0, L0, and C0 for the absorber described in 

Table 1 

Circuit value Value 

R0 291.86 Ω 

L0 7.73 nH 

C0 24.74 fF 

 
Fig. 6. Geometry of the absorber unit cell using a resistive crossed-

dipole pattern for a reactive RLC screen.
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Fig. 8 shows the resistance and reactance of the impedance 

only for the reactive RLC screen based on circuit and EM 

simulations. The circuit simulation results are used as a refer-

ence in determining the dimensions of the crossed-dipole struc-

ture. Even though the lumped circuit values in Table 2 are used 

in the circuit simulation, and the crossed-dipole in the unit cell 

size of 0.37λ0 is not smaller than the wavelength, a good resem-

blance between them is observed. The input impedance Zin, as 

defined in Fig. 2 and simulated based on Fig. 7(b), is shown in 

Fig. 9 as a function of the frequency based on the EM and cir-

cuit simulations. Without any adjustment to the designed 

crossed-dipole structure, the EM simulation results reasonably 

agree with the circuit simulation results. The circuit modelling 

of the crossed-dipole structure (0.37λ0 in Table 3) by the lumped 

elements R0, L0, and C0 is expected to intrinsically lead to some 

discrepancies between the circuit and EM simulations. Despite 

these discrepancies, the design guidance by circuit modelling is 

helpful. Note that the imaginary part is zero (resonant) with a 

flat slope, and the real part is 377 Ω. This enables perfect ab-

sorption (or match) at the design frequency and maximum 

bandwidth. 

Fig. 10 shows the EM-simulated absorptions depending on 

the polarization angles (ϕ) of 0º–45º. The absorption is almost 

independent of the polarization angle because of the crossed-

dipole structure employed. The degradation effects of micro-

wave absorbers with oblique TE and TM incidence cases are 

mostly similar to those in [7]. 

 

2. Fabrication and Measurement 

Fig. 11(a) is a photograph of the fabricated absorber made of 

a AgNW resistive film, a substrate, and a conducting plane. The 

absorber consists of 25 × 17 unit cells, and the overall size is 

270.5 mm × 183.9 mm × 4.5 mm. The experimental setup is 

illustrated in Fig. 11(b). Absorption was measured using a high-

gain horn antenna of Model BBHA9120D (1–18 GHz; 

Schwarzbeck, Schönau, Germany). Fig. 12 shows the measured  

(a)                          (b) 

Fig. 7. Configuration of the EM simulation to evaluate (a) the 

impedance of the reactive screen using de-embedding and 

(b) the reflection coefficient and absorption from the ab-

sorber. 

 

Table 3. Dimensions of the unit structure 

Dimension Value 

Rs (Ω/square) 23 

a (mm) 11 (0.37λ0) 

t (mm) 4 (0.13λ0) 

g (mm) 0.95 (0.03.λ0) 

w (mm) 1.1 (0.04λ0) 

h (mm) 9.1 (0.30λ0) 

 
Fig. 8. Real and imaginary parts of the screen impedance Z0 (Fig. 2, 

Table 2) based on the EM and circuit simulations. 

 

 
Fig. 9. Input impedance Zin (Fig. 2) as a function of frequency 

based on the EM and circuit simulations.
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Fig. 10. EM-simulated absorptions of the proposed absorber as a 

function of frequency depending on the polarization angle 

(ϕ) defined in Fig. 6. 

 

 

(a) 

 

(b) 

Fig. 11. Photograph of (a) the crossed-dipole reactive screen real-

ized on a AgNW film and (b) the experimental setup. In-

sets (a) and (b) show the enlarged views of the crossed-

dipole structure and the absorber/horn antenna. 

 
Fig. 12. Measured absorption of the fabricated absorber compared 

with the circuit and EM simulation results. 

 

absorption compared with the circuit and EM simulation results. 

The measured absorption in Fig. 12 was obtained based on a 

special calibration for the network analyzer and with the use of a 

conducting plane at the back of the absorber as a reference [6]. 

The distance between the horn antenna and the absorber is 5λ0 

(15 cm) at 10 GHz. The 3 dB beamwidth (in the E and H 

planes) of the horn antenna is approximately 45º at 10 GHz. 

Some variations of this distance (5λ0) do not affect the meas-

ured reflection coefficient and absorption at the absorber. The 

absorption results are shown to reasonably agree with each other. 

Some differences between the simulations and the measurement 

could have resulted from the non-uniformity of the resistivity in 

the AgNW film and the limited size of the absorber in the 

measurement. According to the specification, the surface re-

sistance of the AgNW resistive film (Kolon Industries, Seoul, 

Korea) is 23 Ω/square ±4%. 

IV. CONCLUSION 

Closed-form solutions for the design of thin and wideband 

microwave absorbers have been derived and presented based on 

an equivalent circuit. These solutions can be used for any design 

frequency, substrate thickness, and permittivity/loss tangent. As 

a design example, a microwave absorber with a design center 

frequency of 10 GHz with 70º electrical thickness has been de-

signed using the derived solutions and fabricated using a 

AgNW resistive film with a surface resistance of 23 Ω/square. 

The measured absorption shows consistent results with the cir-

cuit (theory) and EM simulations, validating the effectiveness of 

the proposed design procedures. A thin and wideband absorber 

can now be more easily designed without unnecessary trial-and-

error efforts or complicated processes. 
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I. INTRODUCTION 

The rapid erosion of coastal areas leads to cracks in the locat-

ed foundations of houses in coastal areas and the loss of the 

white sand beach area. Moreover, coastal erosion increases the 

risk of coastal accidents, leading to a decline in tourism, which 

significantly affects the local economy. Therefore, continuous 

monitoring of the different forms of local coastal erosion is im-

portant. One available monitoring system is the ocean current 

observation sensor system. However, it is expensive and difficult 

to set up because it needs to be installed and operated underwa-

ter. Another drawback is its difficult handling due to the fre-

quent loss of sand caused by the movement of underwater sand 

produced by strong currents. This necessitates a wave-only mon-

itoring system that detects and analyzes wave information. Such 

a system can detect valuable information about waves, such as 

wave height, wave direction, and wave period. To obtain precise 

wave characteristics, a wave monitoring radar system has been 

researched and developed [1, 2]. The frequency band of a com-

mercially available wave monitoring radar is conventionally X-

band, which makes processing real-time big data signals difficult. 

To solve the problem of real-time big data signal processing, the 

authors propose high-gain antennas for a wave monitoring radar 

system operated at relatively high-frequency bands, such as the 

Ku-band [3, 4]. These antennas provide high resolving power 

and high resolution. Considering these factors and requirements, 

slotted waveguide array antennas are the best candidates for a 

required radar system. The characteristics of slotted waveguide 

array antennas vary depending on the shape, size, and arrange-

ment of the resonance slots. The larger the number of resonance 

slots, the larger the size of the slot openings, providing better 

characteristics. 

 This study proposes a technique for designing a high-gain 

slotted waveguide array antenna to obtain a wave monitoring 
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radar system for real-time big data signal processing. A 1 × 26 

slotted waveguide array antenna is developed and then extended 

to a 6 × 26 array antenna. 

The proposed antenna is designed using a high-frequency 

structure simulator, which is a three-dimensional simulation 

program based on the finite element method. To improve the 

gain, a waveguide with a guided wavelength greater than that of 

a standard waveguide is developed. In addition, the broad and 

narrow walls of the WR-51 standard waveguide are recalculated 

to control the beamwidth of the elevation and to select an azi-

muth suitable for this radar system. The lengths of the designed 

broad and narrow walls of the waveguide are 11.33 mm and 

5.67 mm, respectively. The target frequency bandwidth ranges 

from 17.25 GHz to 17.75 GHz, with a center frequency of 17.5 

GHz. The parametric characteristics and design processes are 

presented in detail in Section II, and the production and meas-

urement results of the proposed antenna are given in Section III. 

II. ANTENNA DESIGN 

1. 1 × 26 Slotted Waveguide Array Antenna 
Fig. 1 illustrates the 1 × 26 slotted waveguide array antenna, 

highlighting the slots and the location of the feeding front. To 

investigate the change in the frequency band and gains with 

respect to the feeding position, the properties of the two anten-

nas are compared by designing single-layer, as shown in Fig. 1(a), 

and double-layer structures, as shown in Fig. 1(b). In the single-

layer structure, the feeding slot is designed to charge the plane 

waves at the location marked as the input port. The structure of 

the feeding slot is simple, but because it is located on the same 

layer as the feeding position, the complete planar feed-off is 

extremely difficult, leading to a large phase difference between 

slots [5]. Moreover, a strong current flows from the nearby slots 

to the feeding structure, restricting an even current distribution 

in all slots. Fig. 1(b) shows the double-layer antenna separating 

the feeding (lower layer) and radiating slots (upper layer). The 

feeding slot is placed as the lower layer at the center of the radi-

ating slot array antenna. It is designed to charge a plane wave to 

the input port at the centralized feeding slot, allowing the cur-

rent to be evenly distributed from the feeding slot to the reso-

nance slots placed on both sides of the radiating slot [6, 7], 

thereby overcoming the drawbacks of the single-layer structure 

and achieving the required broadband characteristics by mini-

mizing the change in imaginary impedance due to stacking. 

More benefits can be obtained across the broadband because of 

the symmetry of the radiating structure. The total electrical 

length of the single-layer antenna is 340.6 mm. As shown in Fig. 

1, the distance between an input port and the first slot and be-

tween a short slot and the last slot are λg/4, respectively. The 

spacing between slots is equal to λg/2 to have the same phase [8]. 

The slot length (Sl) affects the resonance frequency; thus, itera-

tive calculations are made to obtain the desired resonance fre-

quency. Considering the slot width (Sw), the slot length is opti-

mal in the range of λg/3 – 3λg/8. The width of the slot also af-

fects the resonance frequency, but its contribution is lower than 

that of the slot length. To obtain the optimum resonant slot 

parameters through iterating calculations, the optimal width is 

in the range of λg/15 – λg/8 [9]. The slot offset (So) affects the 

real part of the impedance; thus, there is a small frequency shift. 

It is designed to have a greater effect on the reflection coefficient. 

The length, width, and offset of the resonance slots are accurate-

ly calculated. For the double-layer antenna, the total electrical 

length of the waveguide is 353.7 mm. The slots are placed as in 

the single-layer antenna. The size and slot angle (Sa) of the feed-

ing slot are obtained using iterative calculations based on the 

reflection coefficients at a resonance frequency. The parameter 

values for the two antennas are listed in Table 1. The length and 

width of the feeding slot are designed to be the same as those of 

the resonance slot. 
(a) 

(b) 

Fig. 1. Structure of the 1 × 26 slotted waveguide array antenna: (a) 

single-layer and (b) double-layer.

Table 1. Antenna design parameters 

Parameter 
Antenna

Single-layer  Double-layer

Slot length, Sl (mm) 8.45 8.45

Slot width, Sw (mm) 1.00 1.00

Slot offset, So (mm) 0.55 1.15

Slot angle, Sa (°) - 45
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2. Analysis of the Reflection Coeff icients 

Fig. 2 shows a comparison of the reflection coefficients of the 

1 × 26 slotted waveguide array antennas in Fig. 1 obtained 

through simulations. The solid blue line represents the reflection 

coefficients of the single-layer antenna. The simulated reflection 

coefficient is −30 dB at 17.5 GHz, and the bandwidth is 220 

MHz when the reference level of the reflection coefficient is −10 

dB. The red dotted line represents the reflection coefficients of 

the double-layer antenna. The reflection coefficient is −30 dB at 

17.5 GHz, and the frequency bandwidth is 670 MHz when the 

reference level of the reflection coefficient is −10 dB. Therefore, 

the bandwidth of the double-layer antenna is wider than that of 

the single-layer antenna. The former satisfies the target band-

width. 

 

3. Analysis of Surface Current Distribution 

Fig. 3 compares the surface current distribution of the 1 × 26 

slotted waveguide array antennas in Fig. 1 simulated at a center 

frequency of 17.5 GHz. Fig. 3(a) and 3(b) show the surface cur-

rent distribution of the single-layer and double-layer antennas, 

respectively. The surface current distribution is stronger for the 

double-layer antenna than for the single-layer antenna at 17.5 

GHz. The result that the gain of the double-layer antenna is 

higher than that of the single-layer antenna is expected. 

 

4. Analysis of the Radiation Patterns 

Fig. 4 compares the radiation patterns of the 1 × 26 slotted 

waveguide array antennas in Fig. 1. The red solid line and the 

red dotted line represent the XZ-plane and the YZ-plane of the 

radiation pattern of the double-layer antenna, respectively. The 

solid blue line and the blue dotted line represent the XZ-plane 

and the YZ-plane of the radiation pattern of the single-layer 

antenna, respectively. The beam geometry of the radiation pat-

tern of the antennas at each frequency is similar, and the result-

ing value of the antenna gain is higher for the double-layer an-

tenna. This is due to the surface current distribution of the dou-

Fig. 2. Comparison of the simulated reflection coefficients between 

the single-layer and double-layer antenna. 

 

(a) 

(b) 

Fig. 3. Comparison of the simulated surface current distribution of 

the 1 × 26 slotted waveguide array antennas at 17.5 GHz: 

(a) single-layer antenna and (b) double-layer antenna.

(a) 

(b) 

(c) 

Fig. 4. Comparison of the simulated radiation patterns of the 1 × 

26 slotted waveguide array antennas at (a) 17.25 GHz, (b) 

17.5 GHz, and (c) 17.75 GHz. 
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ble-layer antenna being more concentrated than that of the sin-

gle-layer antenna. Table 2 shows the peak gain of the antennas 

according to the radiation patterns shown in Fig. 4. The edge 

frequencies of the target bandwidth, 17.25 GHz and 17.75 

GHz, exhibit higher gain characteristics for the double-layer 

antenna than the center frequency of 17.5 GHz. 

 

5. Analysis of the Peak Gain 

Fig. 5 shows a simulation comparison of the peak gains versus 

the frequency of the 1 × 26 slotted waveguide array antennas in 

Fig. 1. The blue solid line and the red dotted line represent the 

peak gain versus the frequency of the single-layer and double-

layer antennas, respectively. Even though the simulated gains of 

the two antennas with different layers are calculated to be ap-

proximately above 20 dBi at a center frequency, the peak gain of 

the double-layer antenna is higher than that of the single-layer 

antenna in the target frequency band. As shown in Fig. 2, this is 

due to the frequency bandwidth of the double-layer antenna 

being broader than that of the single-layer antenna. Therefore, 

in this paper, the double-layer antenna is used because it has a 

better frequency bandwidth and gain to optimize the 6 × 26 

slotted waveguide array antennas. 
 

6. 6×26 Slotted Waveguide Array Antenna 

Fig. 6(a) illustrates the structure of the 6 × 26 slotted wave-

guide array antenna for the wave monitoring radar system that 

operates in the Ku-band frequency. Fig. 6(b) shows a side view 

of the combined feeding structure. 

The proposed 6 × 26 array does not have a single-layer 

structure but rather a double-layer structure. For the proposed 

double-layer 6 × 26 slotted waveguide array antenna, the length 

of the broad and narrow walls of the waveguide are recalculated 

from 11.33 mm to 11.025 mm and from 5.67 mm to 6 mm, 

respectively, to control the beamwidth of the elevation and azi-

muth. Fig. 7 shows the structure and parameter information of 

the feeding slotted array antenna with a cavity structure. The 

design is optimized to minimize the coupling between the slots 

and to obtain an isotope by slanting the feeding slots. Phase 

control improves the frequency bandwidth and gain by mini-

mizing the change in the imaginary part of the impedance. The 

structure in Fig. 7 allows the current to be evenly distributed 

from one slot placed at the front of the center to the 13 reso-

nance slots placed symmetrically around it in the radiation field. 

Table 3 lists the slot parameters for the feeding slotted wave-

guide array antenna with a cavity structure. The sizes of all slots 

placed at the front of the station are the same in length (Sl) and 

width (Sw). The distance between the slots (Ss) is consistent, and 

the rotational angles of the six slots are denoted as #1, #2, #3, #4, 

 

Table 2. Simulated peak gain of the antennas 

Frequency (GHz) Axis plane 
Antenna (dBi) 

Single-layer Double-layer

17.25 XZ 18.05 20.51

YZ 18.05 20.51

17.50 XZ 20.02 21.73

YZ 20.02 21.73

17.75 XZ 17.65 20.96

YZ 17.65 20.96

 

Fig. 5. Comparison of the peak gains obtained by simulation.

(a) 

(b) 

Fig. 6. Double-layer structure of the 6 × 26 slotted waveguide 

array antenna: (a) radiating antenna structure and (b) side 

view showing the combined feeding structure. 

Fig. 7. The feeding slotted array antenna with a cavity structure.
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#5, and #6. Fig. 8 illustrates the results of the voltage standing 

wave ratio (VSWR) simulated experiments for the feeding slot-

ted waveguide array antenna with a cavity structure. The simu-

lated VSWR obtains good properties of approximately 1.5 or 

less in the target frequency band. The VSWR results are good 

because they reduce the phase difference by minimizing the 

interconnection of the feeding slots. Fig. 9(a) shows the XZ-

plane radiation pattern of the feeding slotted waveguide array 

antenna simulated at 17.5 GHz, with a peak gain of 14.84 dBi 

at 0° and a half-power beamwidth (HPBW) of 80.22°. Fig. 9(b) 

shows the YZ-plane radiation pattern of the feeding slotted 

waveguide array antenna simulated at 17.5 GHz, with a peak 

gain of 14.84 dBi at 0° and an HPBW of 11.12°. Fig. 10 illus-

trates the peak gain versus frequency of the feeding slotted 

waveguide array antenna, which exhibited high-gain characteris-

tics of about 14.7 dBi or more in the target frequency band. 

This is a good VSWR characteristic in the target frequency 

band. Therefore, this structure shows a high-gain characteristic 

broadband, even when combined with a radiating antenna 

structure. 

III. FABRICATION AND MEASUREMENT 

Based on the design results of the feeding slot array wave-

guide antenna and the radiating antenna structure, the 6 × 26 

slotted waveguide array antenna was fabricated, as shown in Fig. 

11. Fig. 12 shows photographs of the anechoic chamber and the 

measurement of the fabricated antenna. 

Fig. 11(a), 11(b), and 11(c) show the fabricated radiating an-

tenna of the 6 × 26 slotted waveguide array antenna, the fabri-

cated feeding antenna, and the side view of the 6 × 26 slotted 

waveguide array antenna having a total electrical length of 353.7 

mm, respectively. 

Fig. 12(a) shows the interior of the anechoic chamber (16 m × 

Table 3. Design parameters of feeding slotted waveguide array 

antennas 

Parameter Feeding slot 

Sl 9 mm 

Sw 1.6 mm 

Ss 13.1 mm 

#1 15° 

#2 −15° 

#3 25° 

#4 −25° 

#5 25° 

#6 −25° 

 

Fig. 8. Simulated VSWR of feeding slotted waveguide array antennas. 

 

(a) 

(b) 

Fig. 9. Radiation patterns of electric currents at 17.5 GHz in (a) 

the XZ-plane and (b) YZ-plane. 

 

Fig. 10. Simulated peak gains. 
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(a) 

(b) 

(c) 

Fig. 11. Photographs of the fabricated 6 × 26 slotted waveguide 

array antenna: (a) radiating antenna, (b) feeding antenna, 

and (c) side view of the combined (a) and (b). 

 

(a) 

 
(b) (c) 

Fig. 12. (a) Photograph of the measurement environment between 

the source and the AUT installed in an anechoic chamber. 

(b) The XZ-plane measurement of the AUT. (c) The YZ-

plane measurement of the AUT. 

11 m × 9.5 m) for the antenna measurement, particularly the 

source and the antenna under test (AUT) installed therein. This 

chamber has a measurable frequency bandwidth of 400 MHz–

24.5 GHz. Fig. 12(b) and 12(c) show the setup for the meas-

urement of the AUT. The red arrow indicates the positioner’s 

rotating direction for measuring the XZ-plane and the YZ-

plane of the radiation pattern. 

 

1. Measurement of the VSWR 

Fig. 13 compares the simulated and measured VSWRs of the 

fabricated 6 × 26 slotted waveguide array antennas built using 

vector network analyzers. The blue solid line and the red dotted 

line represent the simulation and measurement results, respec-

tively, indicating a good match between the two. The VSWR is 

measured at less than 2 at the target frequency band of 17.25–

17.75 GHz, showing excellent characteristics. This result indi-

cates that the proposed structure can exhibit excellent properties 

even when combined with a radiating antenna because of the 

excellent VSWR characteristics of the feeding antenna designed 

by simulation, resulting in low feed loss. 

 

2. Measurement of Radiation Patterns 

Figs. 14 and 15 compare the radiation patterns on the XZ-

plane and the YZ-plane, respectively, of each frequency band of 

the 6 × 26 slotted waveguide array antenna measured by the 

anechoic chamber. The magnitude of the measured gain value is 

converted to that of the absolute gain value.  

Fig. 14 shows the radiation patterns on the XZ-plane meas-

ured for each frequency. The elevation (XZ-plane) is wide be-

cause of the nature of the wave monitoring radar system, which 

detects the exact height of the waves moving up and down in 

real time. Fig. 14(a) shows the peak gain of the beam measured 

at 17.25 GHz, with a peak gain of 28.79 dBi at -1º. The 

HPBW is 13.86º, and the sidelobe level is 19.44 dB. 

Fig. 14(b) shows the radiation patterns measured at 17.5 

GHz, with a peak gain of 28.92 dBi at -1º. The HPBW is 

13.75º, and the sidelobe level is 20.07 dB. Fig. 14(c) shows the 

radiation patterns measured at 17.75 GHz, with a peak gain of 

28.14 dBi at -2º. The HPBW is 13.86º, and the sidelobe level 

Fig. 13. Comparison between the simulated and measured VSWRs.
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is 21.23 dB. 

Fig. 15 shows the radiation pattern with the azimuth direc-

tion on the YZ-plane. For the wave monitoring radar system, an 

antenna is designed to have a narrow azimuth relative to the 

elevation, as it rotates 360º. Fig. 15(a) shows the radiation pat-

terns on the YZ-plane measured at 17.25 GHz, with a peak 

gain of 28.48 dBi at -1º. The HPBW is 2.42º, and the sidelobe 

level is 15.69 dB. Fig. 15(b) shows the radiation patterns meas-

ured at 17.5 GHz, with a peak gain of 28.67 dBi at -1º. The 

HPBW is 2.78º, and the sidelobe level is 17.46 dB. Fig. 15(c) 

shows the radiation patterns measured at 17.75 GHz, with a 

peak gain of 28.12 dBi at -1º. The HPBW is 2.41º, and the 

sidelobe level is 8.69 dB. Table 4 shows a comparison of the 

peak gain results between the measured and simulated radiation 

patterns. Figs. 14 and 15 show that the measured and simulated 

radiation patterns matched well at the location of the main beam. 

3. Comparison of Peak Gain 

Fig. 16 shows a comparison of the simulated and measured 

peak gains at the target frequency band of 17.25–17.75 GHz at 

a 50-MHz interval. The blue solid line and the red dotted line 

(a) 

(b) 

(c) 

Fig. 15. Comparison of the radiation patterns on the YZ-plane at 

(a) 17.25 GHz, (b) 17.5 GHz, and (c) 17.75 GHz. 

 

Table 4. Measured and simulated peak gain values 

Frequency (GHz) Axis plane 
Peak gain (dBi)

Simulated Measured

17.25 XZ 29.36 28.79

YZ 29.03 28.48

17.50 XZ 29.40 28.92

YZ 29.33 28.67

17.75 XZ 29.28 28.14

YZ 29.28 28.12

(a) 

(b) 

(c) 

Fig. 14. Comparison of the radiation patterns on the XZ-plane at 

(a) 17.25 GHz, (b) 17.5 GHz, and (c) 17.75 GHz. 

 



JOURNAL OF ELECTROMAGNETIC ENGINEERING AND SCIENCE, VOL. 21, NO. 5, NOV. 2021 

446 
   

  

represent the simulated and measured peak gain values for the 

fabricated antenna. For the fabricated antenna, the measured 

gain is over 28 dBi, which is 1 dBi lower than that of the simu-

lation result. This difference is due to the fine mechanical errors 

that occur in the length, width, offset, and spacing between the 

slots, resulting in differences between the overall theoretical and 

actual results. This results in a large difference of about 1 dBi in 

the high-frequency band. Nevertheless, the measured gain re-

sults are good, considering that they are maintained at a value 

higher than 28 dBi. 

IV. CONCLUSION 

In this paper, a 17-GHz band 6 × 26 slotted waveguide array 

antenna was designed. To obtain a broad frequency bandwidth 

and high-gain characteristics, the first step was to design a 1 × 

26 slotted waveguide array antenna with a double-layer structure. 

Then, a 6 × 26 slotted waveguide array antenna with recalculat-

ed lengths of the broad and narrow walls of the waveguide for 

elevation and azimuth control was designed, fabricated, and ana-

lyzed. The fabricated antenna’s VSWR achieved excellent prop-

erties of approximately 2.0 or less, which is within the target 

bandwidth of 500 MHz, and the measured radiation patterns 

agreed well with the simulated patterns. Specifically, the HPBW 

values of the XZ-plane and the YZ-plane were 13.75º and 2.78º, 
respectively. The peak gain of the measured and simulated an-

tennas showed similar characteristics. The measured gain re-

mained higher than 28 dBi at a center frequency of 17.5 GHz. 

These results are expected to play a major role in the develop-

ment of wave monitoring radar antennas and in the safe and 

economic operation of autonomous vessels in the future. 

 

The following are the results of a study on the “Leaders in 

Industry–University Cooperation+” project, which is support-

ed by the Ministry of Education and the National Research 

Foundation of Korea. 
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Fig. 16. Comparison between the simulated and measured peak 

gains. 
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readership of those publications. It is the responsibility of the authors, not JEES, to determine whether 
disclosure of their materials requires prior consent of other parties and, if so, to obtain it. If an author uses 
charts, photographs, or other graphics from any previously printed materials, he/she is responsible for 
obtaining written permissions from the publisher to use them in his/her manuscript. Responsibility for the 
contents of published papers rests upon the authors, not JEES. 
2. Conflict of Interest
 Authors are required to complete a declaration of conflict of interests. All conflict of interests that are 
declared will be listed at the end of published articles.
3. Authorship
 Authorship should be restricted to those individuals who have met each of the following three criteria: 
1) made a significant contribution to the conception and design of the project, or the analysis and 
interpretation of the data, or other substantial scholarly effort; 2) participated in drafting, reviewing and/or 
revising the work; and 3) approved the final version for publication. After the initial submission of a 
manuscript, any changes whatsoever in authorship (adding author(s), deleting author(s), or re-arranging the 
order of authors) must be explained by a letter to the editor from the authors concerned. The content of this 



letter must be acknowledged and agreed upon by all of the authors of the paper.
 If you accept the policies on research and publication issued by KIEES, authors must click the response of 
“The Code of Research Ethics” through online.
 
III. Submission of Manuscripts
 Authors are expected to be members of the KIEES except for some special cases approved by the Editorial 
Board of KIEES. All manuscripts should be submitted electronically through the online submission and 
review site (https://mc03.manuscriptcentral.com/jees). For the first submission, you may be required to create 
an account on the submission site. A manuscript can be submitted at any time of the year. When submitting 
a manuscript, authors need to make sure that their manuscripts do not provide any of their identities such as 
authors’ names and affiliations as the review is double-blinded. More detailed submission instruction is available 
in the upper right corner of the submission site. All manuscripts submitted to the Journal must comply with 
the instruction and the standard format of the Journal. Otherwise, it will result in return of the manuscript 
and possible delay in publication. For assistance, please contact us via e-mail (admin-jees@kiees.or.kr).
 
IV. Peer Review Process
 The manuscript will be forwarded to three reviewers selected for their expertise in the field of the 
submitted manuscript. The acceptance criteria for all papers are based on the quality and originality of the 
research and its clinical and scientific significance. During the review process, the author is often asked to 
expand, rewrite, or clearly explain the specific contents of his/her paper. It is not uncommon that an author 
is asked to provide another draft with the suggested changes for further review. A revised manuscript should 
be submitted to the homepage within a month from the date on which any change of the manuscript is 
requested to the author. Once a manuscript has received the final approval of the reviewers and 
Editor-in-Chief, the author will be notified and asked to prepare the manuscript for final publication and to 
possibly complete an additional information form. 
 
V. Publication Type
 The papers are classified into five categories.
Regular Paper should be an original work that contributes to the academic interests of the KIEES members 
with technical values. The paper should also be written within 12 pages with A4 size including figures, 
charts, and tables (The main body of text consists of two columns). 
Letter consists of reports of preliminary results or short reports on completed work that are of current 
interest to many researchers in the field. Comments on material previously published in the journal, 
suggestions for new directions, and errata could be included. Their length must be less than 3 pages (with a 
two-column format) including paper title, author affiliation, reference, etc. 
Review Paper will be published by direct submission as well as from invited experts. In both cases, the 
work will be subject to editorial review. Review papers should critically review topics not only to inform the 
reader of the background, but also to communicate the state of the art and outstanding research problems. 
Technical Report is on innovative technical achievements of interest to the community and usually a report 
of an extensive series of measurements. Report is often involving display in the form of tables or graphs, 
with text describing the conditions and procedures of measurement.
Editorial is a brief report of research findings adequate for the journal’s scope and of particular interest to 
the community.
 
VI. Manuscript Preparation
 All manuscripts must be written in MS-Word and adhere to the following guidelines:
1. A cover of each paper manuscript should include a title, authors’ names (main author and co-authors), 
author’s organizations, contact information (e-mail and phone number), and the author’s area of expertise. 



2. The first page of a main text should only contain title, abstract with a length of about 150 words, and 
key words with around five words.
3. The contents of the manuscript should be arranged in the order of abstract, main text, acknowledgments, 
references, and appendix.
4. The numbers corresponding to chapters in the manuscript should be written in Roman numerals (I, II, III, 
IV...) and the numbers corresponding to sections should be written in Arabic numerals (1, 2, 3, 4...).
5. Equation numbers should be given in Arabic numerals enclosed in parentheses on the right-hand margin. 
They should be cited in the text as, for example Eq. (1) or Eqs. (1)-(3).
6. All tables should be numbered consecutively with Arabic numerals. They should be referred to in the text 
and should be numbered according to their order of mention in the text. In addition, all tables should, not 
only list all abbreviations in the table in footnotes at the end, but also have a title that is concise and 
describes the table’s contents. Vertical lines are not used. The table should be self-explanatory and 
supplement, not duplicate, the text. If the table or any data therein have been published, a footnote to the 
table must give permission information to the original source. The structure should be clear, with simple 
column headings giving all units. A table should not exceed one page when printed. Use lowercase letters in 
superscripts a,b,c... for special remarks.
7. All figures should be of high quality meeting with the publishing requirement with legible symbols and 
legends. In preparing the figures, authors should consider a size reduction during the printing process to have 
acceptable line clarity and character sizes. Use only figures that are necessary to illustrate the meaning of the 
text. Figures must be black and white of high contrast. All figures should be referred to in the text as, for 
example, Fig. 1, Fig. 2(a), or Figs. 1-3.
8. Only those references cited in the text should be listed in the references. Authors are responsible for the 
accuracy and completeness of their references and the correct text citations. In the text the reference should 
be numbered in bracket in ascending order (e.g., [1, 3], or [4-6]; Lee [2] and Kim and Park [5]; Jang et al. 
[7]). In case of the paper title, only the first letter is to be capitalized. However, in case of journal and 
book titles, the first letter of each word should be capitalized and all of the letters should be italicized. See 
the example below.
 
Books
[1] F. Giannini and G. Leuzzi, Nonlinear Microwave Circuit Design. NewYork, NY: John Wiley & Sons 

Inc., 2004.
Journals
[2] H. Ahn and B. Kim, "Equivalent transmission-line sections for very high impedances and their application 

to branch-line hybrids with very weak coupling power," Journal of Electromagnetic Engineering and 
Science, vol. 9, no. 2, pp. 85-97, 2009.

Report
[3] E. E. Reber, R. L. Michell, and C. J. Carter, "Oxygen absorption in the earth’s atmosphere," Aerospace 

Corp., Los Angeles, CA, Tech. Rep. TR-0200 (4230-46)-3, Nov. 1988.
Conference Proceedings
[4] S. P. Bingulac, "On the compatibility of adaptive controllers," in Proceedings of the 4th Annual Allerton 

Conference on Circuit and System Theory, NewYork, pp. 8-16, 1994.
Papers Presented at Conferences
[5] J. G. Kreifeldt, "An analysis of surface-detected EMG as an amplitude-modulated noise," presented at the 

8th International Conference on Medical and Biological Engineering, Chicago, IL, 1969.
[6] J. Arrillaga and B. Giessner, "Limitation of short-circuit levels by means of HVDC links," presented at 

the IEEE Summer Power Meeting, Los Angeles, CA, Jul. 1990.
Theses (M.S.) and Dissertations (Ph.D.)
[7] N. Kawasaki, "Parametric study of thermal and chemical nonequilibrium nozzle flow," M.S. thesis, De-

partment of Electronic Engineering, Osaka University, Osaka, Japan, 1993.



[8] J. O. Williams, "Narrow-band analyzer," Ph.D. dissertation, Department of Electronic Engineering, Har-
vard University, Cambridge, MA, 1993.

Standards
[9] IEEE Criteria for Class IE Electric Systems, IEEE Standard 308, 1969.
Online Sources
[10] R. Bartle, "Early MUD History," Nov. 1990; www.ludd.luth.se/aber/mud-history.html.

9. When citing any paper published in JEES, it should be indicated the name of the journal as Journal of 
Electromagnetic Engineering and Science or J. Electromagn. Eng. Sci.
10. Acknowledgment, if needed, appears before the reference. Sponsorship or financial support 
acknowledgment should be included here. 
11. Unit and Abbreviation:If the authors describe length, height, weight, and volume, they should use 
standard metric units. Temperature should be given in degrees Celsius. All other units should follow the 
International System of Units (SI). All units must be preceded by one space except percentages (%) and 
temperatures (°C).
 Abbreviations must be used as an aid to the reader, rather than as a convenience of the author, and 
therefore their use should be limited. Generally, abbreviations that are used less than 3 times in the text, 
including tables and figure legends, should be avoided. Standard SI abbreviations are recommended. Other 
common abbreviations are as follows (the same abbreviations are used for plural forms): h (hour), min 
(minute), s (second), d (day), wk (week), mo (month), y (year), L (liter), mL (milliliter), μL (microliter), g 
(gram), kg (kilogram), mg (milligram), μg (microgram), ng (nanogram), pg (picogram), g (gravity; not g), nm 
(nanometer), μm (micrometer), mV (millivolt), mA (milliampere), mW (milliwatt), C (coulomb), μF 
(microfarad), mH (millihenry), n (samplesize), SD (standard deviation of the mean), and SE (standard error of 
the mean).
 

VII. Accepted Manuscript
 Once the review process has been completed with a decision of acceptance, the final manuscript 
accommodating all of the reviewers’ comments should be submitted along with photos of the authors and 
their brief biographies (including major research areas). The accepted papers will be published, in principle, 
in the order of initially submitted dates subject to decision of the Editorial Board.
1. Page Proofs 
 Authors will be given an opportunity to review the laser printed version of their manuscripts before 
printing. One set of page proofs in PDF format will be sent by e-mail to the corresponding author. The 
review should be solely dedicated to detecting typographical errors.

2. Publishing Charge
The publishing charge for general publishing is KRW 450,000 (USD 450) for up to the first 6 pages. For 7 
to 8 pages, an extra charge of KRW 120,000 (USD 120) per page is applied. For 9 pages or more, an extra 
charge of KRW 160,000 (USD 160) per page is applied. Twenty reprints without a cover will be supplied 
without an additional charge. With a corresponding author who is non-member of the KIEES, an additional 
charge of KRW 100,000 (USD 100) will be applied to the total charge. The guidance of the KIEES 
membership enrollment can be found in the link below.
(https://www.kiees.or.kr/html/?pmode=MemberInfo#)

Contact Us
Editorial office of the Korean Institute of Electromagnetic Engineering and Science
217, Saechang-ro, Yongsan-gu, Seoul, 04376, Korea
Tel: +82-2-337-9666/332-9665  Fax: +82-2-6390-7550
http://www.jees.kr, E-mail: admin-jees@kiees.or.kr



Important Dates

Paper Submission Deadline : December 28, 2021
Paper Acceptance Notification : January 13, 2022 
Early Bird Registration : January 13 ~ 21, 2022

Topics of Interest

(1) EMI/EMC/EMP (2) EM Theory & Computational EM (3) Microwave/mmWave Passive Circuits
(4) Microwave/mmWave Active Circuits (5)   EM Components and Materials (6) Radio Wave Propagation & Scattering
(7) Antenna Theory & Design (8) THz/Optical Systems & Components (9) IoT & Sensor Network
(10) Radar & Remote Sensing (11) CR/SDR (12) EM Bio-effects & EMF
(13) Biomedical Applications (14)   Satellite and Cosmic Radio Waves (15)   Wireless Communication Systems
(16)   Radio & Broadcasting Policies/Standards (17) EM Measurement (18)   Wireless Power Transfer & Energy Harvesting
(19)   Electronic Warfare & EM Security (20) Broadcasting Technologies/Applications (21)   Technologies for 5G & Beyond, AI & Deep Learning for EM Applications

* Papers from other electromagnetic-related fields are also acceptable.
* Presentation Time       - Oral presentations : 15 minutes (Including Q&A)       - Poster presentations : 70 minutes

Submission Details
•  All papers (general/special sessions, invited and undergraduate student papers) can be written in Korean or English. The length is restricted to one page (A4). 
※�It is requested to choose the presentation type as oral presentation to apply for the Best Paper Award. Note that this guideline is not applicable to undergraduate students.  

The poster presentation type is only available option for undergraduate students.
•  Submission Method : Please visit the webpage of the KIEES (https://www.kiees.or.kr) and log in with your credentials. You can submit the paper(s) at “Detailed Information for the 

Conference”
• Writing Form (Template) : Download this form from the submission page on the KIEES’s website. → Use the template available from the submission page of the webpage of the KIEES.
•  Presentation Form : Either oral or poster presentation can be chosen during the online submission. The presenter’s choice will be considered as a top priority, however, please note that the 

presentation type might be changed by TPC due to the limited session time and space.   
※It is requested to join the membership of the KIEES to submit the papers. 

Additional Information
•  Best Paper Award (AP/EMC/MTT/Radar/Others)

Prepare your paper in two pages (A4) to apply for the Best Paper Award. The authors can choose one field among AP, EMC, MTT, Radar and others during the submission. The papers will 
be evaluated by the award committee, and the selected papers will be presented in the best paper presentation session for the final decision. 
※It is requested to choose the presentation type as oral presentation to apply for the Best Paper Award.

•  Best Paper Award (Poster Sessions) 
Submit your paper as same template in one page (A4) and then present it by posters.  
Also, the submitted papers will be evaluated for Best Paper Award by session chairs and the award committee at KIEES Winter Conference.

•  Poster Sessions for the Undergraduate Students  
Submit your paper as same template in one page (A4) and then present it by posters.  The undergraduate students can only present papers at the poster session for the Undergraduate 
Students and the best papers will be selected by the session chairs at KIEES Winter Conference. 

•  The 2nd Undergraduate Exhibition Competition
The participants are advised to submit a poster A0 or twelve pages (A4). It is also possible for a first year graduate student to get involved. 

•   Special issues of the JKIEES* and the JEES** 
Papers recommended by the session chairs and those selected for the Best Paper Award can be published in a special issue of the JKIEES and the JEES after the regular peer-review 
process. A further development of the article is requested. 
*JKIEES (Journal of Korean Institute of Electromagnetic Engineering and Science) in Korean
**JEES (Journal of Electromagnetic Engineering and Science) in English - SCIE, Scopus

•  Special Sessions 
Please contact secretariat (KIEES office) for the information to organize the special sessions. Research groups, branches, research institutes, businesses corporations, and other 
organizations are welcome to apply.

KIEES office (Secretariat)
•  Tel. +82-2-337-9666          •  Fax. +82-2-6390-7550          •  E-mail : kees@kiees.or.kr

9-12 February, 2022 
Phoenix Park, PyeongChang, Republic of Korea

2022 KIEES Winter Conference/ 
 International Symposium on Advanced Electromagnetic Engineering and Science

※ Hybrid (In-Person and Virtual) Conference

KIEES Winter Conference / ISAEES 2022 Call for Papers

Korean Institute of Electromagnetic
Engineering and Science



The 14th Global Symposium on Millimeter-Waves & Terahertz 
May 18 - 20, 2022 • Seoul, Korea  

www.GSMM2022.org 

GSMM 2022 

Welcome to  
the Global Symposium on Millimeter-Waves & 
Terahertz (GSMM) to be held on May 18 - 20, 2022 in 
Seoul, Korea. GSMM is an annual forum for researchers, 
engineers and practitioners to present and discuss recent 
breakthroughs, innovations and emerging techniques in 
the fields of millimeter-wave and terahertz sensing and 
communications. Millimeter-waves & terahertz 
technologies sited at the borderline between electronics 
and photonics are electromagnetic waves just like 
microwaves, radio waves, and visible and infrared light. 
This waveband is very important in various applications 
to improve industry and the advancement of the human 
life. Millimeter-waves & terahertz technologies are 
applied widespread to 5G networks, communications, 
measurements, medical care, biochemistry, and other 
fields.  Under the symposium theme, “New Wave 
Technology for New Normal Life”, it will cover 
millimeter-wave and THz electronics, antennas, circuits, 
devices, systems and applications. For more information 
on paper submission, please visit the website, 
www.gsmm2022.org. 
 
Important Dates 
February 5, 2022   
• Preliminary paper submission due (2 pages in PDF) 
• Abstract submission due (200 words to 1-page) 
• Tutorial/Workshop proposal due 
March 6, 2022          
Notification of Acceptance 
March 31, 2022          
Final Manuscript & Pre-registration 

Symposium Topics 
Millimeter-Wave Antennas and Passive Devices 
• Antennas and propagation 
• Waveguides (DRWs, SIWs, etc.) and their  
  components 
• Filters and transmission lines  
• Phased array antennas  
• Substrates and packaging (LTCC, LCP, etc.) 
Millimeter-Wave Active Devices and ICs  
• Devices (MMICs, PAs, LNAs, mixers, multipliers,   
  VCOs, detectors, etc.)  
• Technologies (HEMT, CMOS, HBT, GaN, BiCMOS,  
  SiGe, Schottky, HBV, etc.)  
• On-wafer and advanced measurements  
Sub-Millimeter-Wave and THz Technologies  
• Sub-millimeter-wave and THz devices and systems  
• Photonic devices and systems  
• Integration technologies 
Millimeter-Wave and THz Communications  
• Wireless LANs and PANs  
• 5G wireless communications  
• Wireless access systems  
• Satellite communications  
• Wireless power transfer and energy harvesting 
Millimeter-Wave and THz Sensing 
• Instruments for radio astronomy  
• Radar and remote sensing  
• Earth observation, ESA MetOp SG  
• Millimeter-wave and THz imaging  
• Millimeter-wave and THz systems and sub-systems 
Other Related Topics 

Call for Papers 

Organizing Committee  
General Chairs  
Ikmo Park, Ajou University 
Songcheol Hong, KAIST 
Bomson Lee, Kyung Hee Univ. 
Technical Program Chairs 
Moon-Que LEE, Univ. of Seoul 
Ho-Jin Song, POSETC  
Jae-Young Chung, SeoulTech 
Special Session Chair  
Wonbin Hong, POSTECH 
Short Course Chairs   
Jungsuek Oh, SNU 
Jae-Sung Rieh, Korea Univ. 
Award Chair  
EunMi Choi, UNIST  
Finance Chair   
Sanggeun Jeon, Korea Univ. 
Exhibition Chair  
Jangsun Kim, Panoptics Corp. 
Publication Chairs   
Jung-Il Kim, KERI 
Seung Jae Oh, Yonsei Univ. 
Local Arrangements Chairs  
Hyunchul Ku, Konkuk University 
Byung-Wook Min, Yonsei Univ. 
Dongho Kim, Sejong Univ. 
Secretaries 
Dongha SHIM, SeoulTech 
Youngcheol Park,  HUFS 
 
Contact us 
Email: info@gsmm2022.org 
Website: www.GSMM2022.org 



2022 

Call for Papers 

August 29 – 31 • Busan Korea • www.RFIT2022.org 

Welcome to  
the 2022 IEEE International Symposium on Radio-Frequency Integration Technology (RFIT 2022) to be 
held on August 29 – 31, 2022, in Busan, Korea. The RFIT meeting has been held annually since 2005. 
This is the 14th RFIT that is sponsored by the IEEE MTT Society and organized by the KIEES. RFIT is an 
advanced interdisciplinary forum dealing with microwave and microelectronics technologies. It has 
provided an opportunity to build the RF integration technology community and to meet and present 
the latest developments in RF integrated circuit design, technology, and system integration. 
    
Paper Submissions 
We call for high-quality papers  containing the latest results in RF integration technology, along with 
novelty, originality, and key findings. Accepted papers will be published in the conference 
proceedings and IEEE Xplore Digital Library. To encourage timely reporting of the latest results and 
have better opportunities to expand papers for possible journal publications, prospective authors are 
invited to submit a 2- or 3-page manuscript. For more submission details, please visit the website, 
www.rfit2022.org. The topics of interest are listed below but not limited to the following technical 
areas. 
 
Symposium Scope  

• Device Technologies 
  CMOS, SOI, LDMOS, SiGe, GaAs, InP, GaN,  
  MEMS, reliability, characterization 
• Modeling and CAD 
  active/passive device modeling, CAD, EM  
  simulation, co-simulation, AI techniques for  
  modeling and simulation 
• Packaging Technology 
  MCM, SiP, TSV, flip-chip assembly, wire  
  bonding, anisotropic conductive film 
• Passive Circuits and Antenna 
  on-chip antennas, integrated passive devices,  
  ferrite, piezoelectric material 
• Frequency Generation and Conversion ICs 
  VCOs, PLLs, synthesizers, ADPLLs, frequency  
  dividers/multipliers, mixers 
• Front-end RFICs 
  LNAs, VGAs, phase shifters, RF switches 
• Power ICs 
  power amplifiers, linearization circuits, drivers 
• Millimeter-wave and THz ICs  
  circuits operating at mm-wave (30-300 GHz)  
  and sub-mm-wave (>300 GHz) bands 

• Analog and Mixed-Signal ICs  
  ADCs, DACs, comparators, filters, VGAs, AGC 
• High-Speed Data Transceivers  
  wireless/wireline/optical transceivers, CDRs for  
  high-speed data links 
• Power Transmission ICs  
  RFIDs, electric coupling, electromagnetic  
  induction, magnetic resonance, wireless power  
  transmission ICs 
• Emerging ICs  
  power management, digital RF circuits/  
  architectures, RF BIST, reconfigurable and  
  tunable ICs, automotive ICs, AI/ML-assisted  
  communication ICs, quantum-computing ICs 
• Radio-Integrated Systems  
  IoT/ M2M, automotive radars, wearable  
  devices, security, biomedical and healthcare  
  applications 
• 5G/B5G/6G Systems  
  MIMO systems, smart radio systems, cube  
  satellite and satellite communication systems 

Organizing Committee 
General Chair  
Jae-Sung Rieh, Korea Univ. 
Technical Program Committee 
Chair Minkyu Je, KAIST 
Technical Program Committee  
Co-chair Ho-Jin Song, POSTECH 
Tutorial/Workshop Chair 
Sanggeun Jeon, Korea Univ. 
Finance Chair 
Hyunchul Ku, Konkuk Univ. 
Publications Chair  
Wonbin Hong, POSTECH 
Publicity Chair 
Byung-Wook Min, Yonsei Univ. 
Local Arrangements Chair 
Ockgoo Lee, Pusan National Univ. 
Exhibition Chair 
Franklin Bien, UNIST 
Award Chair 
Jong-Ryul Yang, Yeungnam Univ. 
 
ExCom Committee 
ExCom Chair 
Huei Wang, NTU, Taiwan 
ExCom Members 
Jae-Sung Rieh, Korea Univ, Korea 
Mohammad Madihian, Drexel Univ., USA 
Wei Hong, SEU, China 
Kamran Ghorbani, RMIT U., Australia 
Noriharu Suematsu, Tohoku U., Japan 
Goutam Chattopadhyay, NASA, USA 
 
 
 
 
 
 
 
 
 
 
 
 
Sponsored by 
IEEE Microwave Theory and 
Techniques Society (MTT-S) 
 
Organized by 
The Korean Institute of 
Electromagnetic Engineering and 
Science (KIEES) 
 
RFIT 2022 Secretariat 
info@rfit2022.org 
www.RFIT2022.org 

IMPORTANT DATES 
April 4, 2022 
Paper submission due 
May 20, 2022 
Acceptance notification 
June 20, 2022 
Final paper submission due 

Gwangan Bridge 



AUTHOR CHECKLIST 
 

Title :                                                                                   

 
General  
□ This paper has not been and will not be published in any other journal.  

□ This paper follows the format of the KIEES paper submission guideline, is less than 12 pages long, including figures 

and tables (3 pages for a letter), and has a two-column layout. 

□ This paper includes a cover page, an abstract, keywords, main text, appendix, and references in the correct order. 

Each page has a consecutive page number.  

 
Cover page 
□ The cover page includes the title, authors, affiliation of all authors, identifier of the corresponding author, and provides 

contact information for the corresponding author (phone number, e-mail address, and mobile number).  

 
Abstract and key words 
□ An abstract is provided and is less than 500 words long.  

□ Fewer than 5 keywords are provided. 

 
Main text 
□ The reference number is written next to the quote.  

□ The chapter numbers are written in Roman numerals (I, II, III, IV…) and subheading numbers are written in Arabic 

numerals (1, 2, 3, 4…).  

 
References 
□ Sufficient Korean as well as international literature is referenced in the paper.  

□ Only the references used in the main text are included in the reference list and these are numbered according to their 

order of appearance. 

□ All reference citations follow the correct format indicated in the submission regulations. 

 
Figures and tables 
□ For the figures and tables, the first letter of the very first word is capitalized.  

□ All figure legends include both a title and a detailed explanation to help in understanding what the figure depicts.  

□ All tables are self-explanatory and do not repeat the content from figures or sources included in the main text.  
* Check each box after confirming that the statement is true.  

 
The authors of this paper have confirmed the above items, following the paper submission regulations of the Korean 

Institute of Electromagnetic Engineering and Science (KIEES), and are requesting publication of this paper.  

 

                       

                                                                                  /       / 2021 

Representative author: ____________________ (signature) 
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