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I. INTRODUCTION 

Currently, optically transparent antennas applications are con-

siderably attractive not only in both theoretical researches but 

also in practical applications owing to their transparency [1, 2]. 

The existing optical transparent antennas generally have solid 

metallic transparent electrodes (TEs) [3–10]. The wireless local 

area network (WLAN) band is one of the bands that is becom-

ing increasingly popular with transparency-related studies and 

practical applications. The National Aeronautics and Space 

Administration (NASA) created a transparent microstrip patch 

antenna using AgHT-8 as a conductive coating [4]. A transpar-

ent microstrip patch antenna made of fluorine-doped tin oxide  

 

showed low efficiency [5]. Additionally, many types of trans-

parent conductive films use widely studied solid materials, such 

as indium tin oxide [6], graphene [7], AgHT-4 [8], or a metal 

mesh [9, 10]. Indium tin oxide has a crystalline structure and 

therefore becomes brittle. It has a high sheet resistance of 7 

Ω/sq, and it is expensive due to the cost of the rare-earth indium 

component [6]. The sheet resistance of graphene is extremely 

high, leading to poor performance in transparent antenna appli-

cations [7]. In our previous work, we designed and analyzed the 

performance of a transparent patch antenna with a metal mesh 

using a metal-mesh film (MMF) [10] and a multilayer film [10]. 

However, in another study [10], a microchip patch antenna 

made of MMF (copper) and multilayer film (IZTO/Ag/IZTO)  
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Abstract 
 

This paper presents the design, fabrication, and measurement of a novel transparent patch antenna using saltwater with high-optical-

transparency applications for wireless local area networks (WLANs) at 2.4–2.5 GHz. The most important reason for using saltwater for 

transparent antenna applications is its superior average optical transparency (OTav >90%) compared to other typical transparent electrodes, 

such as indium tin oxide (ITO; OTav >80%) or metal-mesh film (MMF; OTav >60%). This study designs three types of antennas: an antenna 

with a conductive part made of copper sheet (CS) for both the radiator and ground plane (case 1) to compare the performance with two 

types of proposed transparent antennas that use saltwater as the conductive parts; an antenna with saltwater for the radiator and MMF for 

the ground plane (case 2); and an antenna with saltwater for both the radiator and ground plane (case 3). The case 1, case 2, and case 3 

antennas have peak gains of 6.87, 4.4, and 1.91 dB, respectively, and have corresponding radiation efficiencies of 93.5%, 62%, and 34%. 

To the best of our knowledge, this is the first demonstration of a transparent patch antenna using saltwater. 

Key Words: Liquid Antenna, Patch Antenna, Saltwater, Transparent Antenna, WLAN Band. 
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showed relatively low average optical transparency (OTav <68 %) 

in the visible light band from 400 to 700 nm. Therefore, antennas 

constructed with such TEs are inefficient, which is one of the 

most significant barriers preventing the widespread use of trans-

parent antennas. 

Currently, owing to its excellent average optical transparency 

(OTav >95%, salinity level of 40 parts-per thousand [ppt]), 

widespread accessibility, and low fabrication cost, saltwater (SW) 

has been investigated as a viable option for developing a new 

field of high-transparent antennas. The conductive part of a 

transparent antenna is SW, which carries electric charges in the 

form of ionic particles. Thus far, many types of SW antennas 

have been studied and fabricated [11–14]. In one study [12], a 

high-efficiency sea-water monopole with an average radiation 

efficiency of 60% across a frequency range of 40–200 MHz was 

suggested for marine wireless communications. Another sea-water 

monopole, in one of our studies [13], introduces a sea-water 

monopole antenna with high radiation efficiency for WLAN 

applications. In both cases [12, 13], the performance of the 

antenna was analyzed by dissolving salt in pure water. In another 

work [14], we demonstrated a dipole antenna using SW with 

great optical transparency. Therefore, monopole and dipole an-

tennas with a radiated path using SW have been fabricated, and 

their performance capabilities have been determined experimen-

tally [12–14]. However, the SW has much lower conductivity 

compared to metal; therefore, to decrease the ohmic loss and 

increase the radiation efficiency, most existing transparent SW 

antennas use a cylindrical shape [12, 13].  

In this paper, we present optically transparent patch antennas 

with high optical transparency with SW as a transparent con-

ductive liquid for WLAN bands between 2.4 and 2.5 GHz. A 

conventional patch antenna (case 1) is designed for a perfor-

mance comparison with two types of proposed antennas. The 

proposed transparent patch antennas are fabricated as case 2 and 

case 3, using the same radiator component of the SW; however, 

they use different types of ground planes of the MMF and SW. 

On the other hand, given the high sheet resistance of SW, to 

improve the performance of the SW antenna, a thin metal strip 

was put onto a feed probe to increase the excitation and enhance 

the radiation efficiency, which does not affect the transparency 

of the antenna in cases 2 and 3. For a detailed comparison of the 

performance capabilities of the antenna, its gain, radiation effi-

ciency, and transparency of the TEs are measured. 

II. ANTENNA DESIGN AND FABRICATION 

1. Dimensions and Structure of the Patch Antenna 

Fig. 1 shows the structure and dimensions of the proposed 

microstrip patch antennas. The antennas are configured so that 

the top is the conductive radiator, represented by blue color, and 

the bottom is the conductive ground, represented by green color. 

There are acryl substrates represented by the gray color between 

these two conductive parts. There are three types of antennas: 

case 1, case 2, and case 3, each using CS/CS, SW/MMF, 

SW/SW as conductive radiator/ground parts (Table 1). The 

conductive part, CS, is a copper sheet coated with 18 μm thick 

copper [10], and the SW is realized by containing salt water 

(salinity 200 ppt) in a thin transparent acrylic plate with a 

thickness (𝑊 ) of 1 mm. Another conductive part, MMF, is 

implemented with a square metal mesh (200 μm × 200 μm) 

using a 21-μm wide copper wire on a thin polyethylene tereph-

thalate film (thickness 100 μm) [1]. In addition, the outer part of 

the radiator using the SW of cases 2 and 3 was made by attaching 

a thin metal strip (thickness, 𝑡  = 18 μm; width, ℎ  = 5 mm) 

to the acrylic plate to improve antenna performance. Moreover, 

the signal line of the RF connector was connected to this metal 

strip of the radiator. The thickness of the ground (𝑡 ) varies 

depending on the material used in CS (𝑡  = 18 μm), MMF (𝑡  

= 105 μm), and SW (𝑡  = 5 mm). The detailed dimensions of 

the proposed antennas are shown in Table 2. The substrate used 

for all antennas is clear acrylic (𝜀  = 2.8, tan𝛿 = 0.008). The 

thickness (ℎ ) of the acryl is 20 mm with dimensions of 𝑊   𝐿  = 50 mm × 50 mm. 
The dimensions of the patch antenna are determined by the 

width (𝑊  and length (𝐿 ) with 𝑊   𝐿  = 44 mm × 33 

mm to have a fundamental resonance frequency at 2.45 GHz. 

The impedance matching of the input feeding line is 50 Ω, the 

feeding line’s width and length are correspondingly 𝑊   𝐿  

= 24 mm × 6.5 mm, and the distance from the input edge is 𝐿  = 0.5 mm. In addition, the recessed lines starting from both 

Table 1. Composition of antennas 

Radiator parts  Ground parts 

Case 1 Copper sheet Copper sheet

Case 2 Saltwater Metal-mesh film

Case 3 Saltwater Saltwater

(a) (b)

Fig. 1. Dimensions of the patch antenna: (a) top view and (b) side 

view. 
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sides of the input feeding line are used for better impedance 

matching. All antennas use recessed lines of the same size with 𝑊   𝐿  = 1 mm × 13 mm. In addition, the thickness of the 

radiator part (ℎ  for the proposed antenna varied from 18 μm 

(case 1) to 5 mm (case 2, case 3). 

 

2. Electrical and Optical Analyses of Saltwater 

The salt water used in this article is made from common salt 

dissolved with purified water at room temperature by the 

following two steps: (1) pour 100 mL purified water into a 300 

mL glass beaker; (2) add 𝒎𝒔 gram salt to the beaker and stir 

until dissolved. The salinity of SW (S) is determined through 

the amount of salt added to the glass beaker: S = 1000𝒎𝒔/(100 

+ 𝒎𝒔), where 𝒎𝒔 is the amount of salt in grams, and S is the 

salinity of the SW solution in ppt [15].  

Fig. 2(a) displays the measured conductivity and optical 

transparency (OT) of SW with different salinities generally 

ranging from 35 to 200 ppt at room temperature. In fact, both 

the electrical conductivity and permittivity of SW depending on 

temperature and frequency were carefully studied. However, 

when salinity exceeds 50 ppt, conductivity is almost constant 

with frequency [16]. The conductivity of salt water is 5, 10, and 

20 S/m, corresponding to salinities of 35, 80, and 200 ppt, respec-

tively. Fig. 2(b) shows the measured OT of Acrylic/SW/Acrylic 

(ASA) in the visible wavelength to investigate the OT for varying 

conductivity. The OT is higher than 90% and increases with 

decreasing conductivity. The electrical conductivity of the SW 

was measured using a multi-range conductivity meter (HI-8633) 

by dissolving salt in pure water. The optical transparency of the 

proposed antennas was determined using a UV-visible spectro-

photometer (T60 model) connected to a computer. In Fig. 2(a), 

the electrical conductivity of SW increases even as the salinity 

level increases, and the transparency of the SW decreases slightly. 

It is also important to note that, at room temperature, the highest 

salinity of SW is 263 ppt. Due to the higher ohmic loss of a 

liquid antenna, it typically has a lower radiation efficiency than a 

typical metal antenna. For the proposed antenna design with SW 

as a conductive substance, we selected a salinity level of 200 ppt to 

ensure that the antenna’s ohmic loss was reduced and its stability 

was maintained over time. SW has an effective conductivity of 20 

S/m and an extremely high OT at 91% with 200 ppt salinity. 

III. SIMULATION AND MEASUREMENT RESULTS OF  

THE ANTENNA 

The simulated and measured results of the reflection coeffi-

cients (𝑆 ) of patch antennas with different conductive parts 

covering the center frequency for WLAN band (2.4–2.5 GHz) 

applications are shown in Fig. 3. The measured (𝑆 ) was evalu-

ated using a network analyzer (E5071B), and the measured re-

sults were found to be in good agreement with the simulation 

results. The reflection coefficient measurement (𝑆 ) shows 

good agreement with the simulation; there is less change in the 

bandwidth when changing the conductive component. There-

fore, the results (𝑆 ) of the three cases demonstrate a -6 dB 

bandwidth ranging from 2.25 to 2.6 GHz (of 350 MHz; 14%). 

Table 2. Dimensions of the proposed transparent patch antenna

Parameter Value (mm) 

Ws 50 

Ls 50 

Wp 44 

Lp 33 

Wrl 1 

Lrl 13 

Wf 24 

Lf1 6.5 

Lf2 0.5 

hs 20 

 

 
(a) 

 
(b) 

Fig. 2. (a) Measured conductivity and OT of the saltwater. (b) 

Measured OT of Acrylic/SW/Acrylic (ASA) in the visible 

wavelength. 
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Cases 1 and 2 show similar reflection coefficients and good im-

pedance matching over the observed frequency range. However, 

case 3 exhibits losses in the measured frequency band, as it has a 

ground plane using SW, and SW has a higher sheet resistance 

than CS (case 1) and MMF (case 2) as a ground plane. 
Fig. 4(a) shows the measurement setup of the fabricated an-

tenna in an anechoic chamber. The inset photo in Fig. 4(a) depicts 

the fabricated optical transparent patch antenna using only SW 

(case 3) as a conductive part. The fabricated patch antennas are 

depicted in Fig. 4(b), which demonstrates an actual photo of the 

fabricated antenna over text, displaying extremely high optical 

transparency for case 2 and case 3 antennas. We observed that 

the fabricated antennas retained a high level of transparency. 

The measured optical transparency (𝑇) of the antenna struc-

ture can be explained using the Fresnel formulas [17]: 

𝑇 2𝑛 𝑐𝑜𝑠𝛾𝑛 𝑐𝑜𝑠𝛾 𝑛 𝑐𝑜𝑠𝛾  (1)

 

where the refractive indexes of mediums 1 and 2 are denoted by 𝑛  and 𝑛 , respectively; the angles of incidence and refraction 

are represented by 𝛾  and 𝛾  when the incident wave comes 

from medium 1 to 2. 
When the incident wave is coming from a normal direction 

(the same conditions as the measurement), thus, 𝛾   𝛾  0. 

The refractive indexes of SW (conductivity 20 S/m) and acrylic 

(at wavelength 600 nm) are 1.37 and 1.5, respectively [15]. 

The average transmittance in the visible light band and sheet 

resistance of MMF is 62.1% and 0.18 Ω/sq, respectively [10]. 

The calculated OT of the antenna in case 3 (OTav >91%) is 

higher compared to that in case 2 (OTav >60%) because the case 

3 antenna uses SW as the radiator and ground part. The measured 

result is slightly lower than the calculated result due to the 

imperfect measurement. 

Fig. 5 depicts the simulated and measured results of the gain 

and total radiation efficiency of the antenna. The measurement 

results of the three antenna types show good agreement with 

the simulation results. The antennas in case 1, case 2, and case 3 

have peak gains of 6.87 dBi, 4.4 dBi, and 1.91 dBi, respectively, 

and a corresponding total radiation efficiency of 93.5%, 62.8%, 

 
(a) 

 
(b) 

 
(c) 

Fig. 3. Simulation and measurement results of the reflection coeffi-

cients (S11): (a) case 1, (b) case 2, and (c) case 3. 

 

 
(a) 

 
(b) 

Fig. 4. (a) Measurement setup of the transparent antenna in an 

anechoic chamber. (b) Fabricated patch antennas over text. 
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and 34% at the center frequency of the WLAN band (2.45 GHz). 

As expected, case 1, which consists of a CS, has the strongest 

gain and total radiation efficiency of the three different types of 

antennas. In addition, case 2 shows higher antenna performance 

in terms of the gain and radiation efficiency than the case 3 

antenna, given that SW has high sheet resistance compared to 

MMF. Sheet resistance is dependent on material conductivity, 

which impacts antenna losses. These results demonstrate the 

significance of sheet resistance when using TEs for antennas. 
The simulated and measured far-field radiation patterns of 

antennas with different conductive part configurations are depicted 

in Fig. 6. The radiation pattern is measured at a center frequency 

at 2.45 GHz of the WLAN service band. The radiation patterns 

of the proposed antennas are in good agreement with the simu-

lated results. In Fig. 6(a), all three configurations exhibit direc-

tional radiation characteristics on the yz-planes. However, case 2 

and case 3 use conductive components at the ground as MMF 

and SW, respectively; the conductivity of MMF and SW are 

lower than CS; therefore, there is a small difference between the 

back lobes of the proposed antenna (cases 2, 3) with case 1. 

Table 3 compares the performance of the proposed SW patch 

antenna to that of the transparent patch antennas reported thus 

far. All the antennas listed in Table 3 are patch antennas with 

basic parameters listed as percentage frequency bandwidth (FB) 

with a -6 dB bandwidth, gain, radiated efficiency, and OT. The 

conductive parts used to design the transparent antennas are 

fluorine-doped tin oxide (FTO) [5], AgHT-4 [8], a wire metal 

mesh (WMM) [9], MMF (copper) [10], multilayer film (MLF; 

IZTO/Ag/IZTO) [10], and water [18], represented as solid 

TEs. As shown in Table 3, the proposed antenna shows more 

improvements than the antennas with solid TEs in the gain, 

radiated efficiency, and OT. 

IV. CONCLUSION 

This study presented transparent patch antennas that use SW 

and have high OT for applications on the WLAN band. Three 

types of antennas were studied based on the component changes of 

 
(a) 

 
(b) 

Fig. 6. Simulation and measurement results of the radiation patterns 

at 2.45 GHz: (a) yz-planes and (b) xy-planes. 

 
Fig. 5. Simulation and measurement results of the gain and radia-

tion efficiency of the proposed antennas. 

 

Table 3. Performance comparison of the proposed antenna with 

the transparent patch antennas in previous works 

Study 

Frequency 

bandwidth 

(GHz)

Gain 

(dBi) 

Radiated  

efficiency 

(%) 

Optical 

transparency 

(%)

Transparent 

electrodes

Sheikh et al. 

[5]

15.6 1.72 <33 <85 FTO 

Song et al.  

[8]

13.9 1.1 <68 <80 AgHT-4

Kang and 

Jung [9] 

12.5 4.5 <52 <74 WMM 

Hong et al. 

[10]

N/A 2.63 42.7 <61.2 MMF 

 N/A -4.2 7.76 <80.7 MLF

Sun and Luk 

[18] 

>42 1.56 78 - Water 

This work  

Case 1 16.6 6.87 93.5 - CS

Case 2 16.6 4.4 62.8 >60 SW/MMF

Case 3 16.6 1.91 34 >91 SW
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the conductive radiator/ground parts: CS/CS (case 1), SW/MMF 

(case 2), and SW/SW (case 3). The measurement results reveal 

that the proposed antennas in case 2 and case 3 have gains of up 

to 4.4 dBi and 1.91 dBi, respectively, and maintain corresponding 

high transparency levels exceeding 91% and 60% in the visible 

light band. The material property of the MMF has lower sheet 

resistance than SW; therefore, the antenna with MMF used as 

a ground plane (case 2) shows higher antenna performance in 

terms of the gain and radiation efficiency than the antenna using 

SW as a ground plane (case 3). In contrast, SW has higher OT 

than MMF. In terms of efficiency, the case 2 antenna showed 

superior performance compared to the conventional transparent 

antennas. This study, given that research on different materials 

from transparent electrodes is extremely significant to improve 

the optical and performance capabilities of transparent antennas, 

will be attractive in the near future to ensure the production of 

high-quality transparent devices. 
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I. INTRODUCTION 

With the rapid increase in the operating frequency of RF de-

vices, research on the application of dielectrics in RF technology 

has been actively conducted. In particular, the extraction of 

complex permittivity in a millimeter-wave (mmWave) band is 

necessary for the development of new 5G communication de-

vices. There are several ways to extract the complex permittivity 

of dielectrics, including resonant methods, open-ended methods, 

free-space methods, and transmission/reflection methods [1]. 

Among these, resonant methods use the Q-factor of a resonator 

to extract complex permittivity [2, 3]. However, although these 

methods are the most accurate, their bandwidth is very limited.  

For resonant methods, it is necessary to manufacture many 

resonators at different interested frequencies, leading to consider-

able manufacturing costs and time consumption. Meanwhile, 

open-ended methods [4] use a waveguide or a coaxial cable to 

extract the complex permittivity based on the reflection coeffi-

cient S11. Such methods can extract the complex permittivity of 

non-destructive materials that have electrically large thicknesses. 

However, to extract the complex permittivity of an electrically 

thin material, an additional metal plate needs to be attached 

precisely to the material under test (MUT). Moreover, while 

measurement errors are susceptible to the contact conditions of 

the open-ended device, the MUT, and the metal plate, they are 

significantly increased in the case of a mmWave band. 
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Free-space and transmission/reflection methods extract the 

complex permittivity of the MUT using a two-port network. 

Generally, S11 and S21 are measured, following which the 

complex permittivity is extracted using the Nicolson-Ross-Weir 

(NRW) technique [5, 6]. Free-space methods measure S-

parameters by placing the MUT between two antennas [7]. 

Notably, free-space measurement is possible without additionally 

processing the MUT in a wide bandwidth. However, its accuracy 

is relatively low due to multiple reflections/diffractions, besides 

the requirement for expensive measurement equipment. Another 

method that uses a two-port network is the transmission/ 

reflection method [5, 6, 8], which extract the complex permittivity 

by inserting the MUT inside a waveguide or a coaxial cable. 

Although these methods can extract the complex permittivity in 

a wide frequency range, they require highly refined processing of 

the MUT, since it must be inserted precisely into the waveguide 

or the coaxial cable. Moreover, although a time-gating technique 

may be used in the case of a non-destructive MUT, this 

methodology would require very large flanges [9, 10].  

This study proposes a novel measurement technique for deter-

mining the complex permittivity of a non-destructive MUT in a 

mmWave band. In the proposed measurement method, two 

commercial rectangular waveguide adapters are used, without any 

additional large flanges. The complex permittivity of the non-

destructive MUT is extracted using a combination of the NRW 

method, the Gaussian weighting moving average filtering tech-

nique, a full-wave electromagnetic analysis, and an optimization 

technique.  

The remainder of this manuscript is organized as follows. 

First, the NRW method is reviewed, following which our new 

measurement method for complex permittivity using two simple 

rectangular waveguide adapters is presented. Next, the complex 

permittivity measurement results of Rogers RO3003 in the Ka 

band (26.5–40 GHz) are provided to validate the proposed 

measurement technique. 

II. METHODOLOGY 

Fig. 1 depicts the conventional transmission/reflection meth-

od using two ports for the complex permittivity measurement of 

the MUT. As shown in Fig. 1, the measurement structure is 

divided into three subsections. Sections I and III represent an 

empty waveguide at the input and output ports, respectively, while 

Section II represents the region where the MUT is present. 

When measuring the S-parameters for the structure in Fig. 1 

using a vector network, the reference planes of the measured S-

parameters are Port 1 (in Section I) and Port 2 (in Section III). 

However, to extract the complex permittivity of the MUT, S-

parameters that consider only Section II are required. This de-

embedding process can be achieved by thru-reflect-line (TRL) 

calibration [11], leading to shifts in the S-parameter reference 

planes to Port 1' and Port 2'. In the following measurements, all 

S-parameters calibrated by the TRL technique are considered.  

The NRW method can easily calculate the complex electro-

magnetic properties of the MUT [5, 6]. First, the partial reflec-

tion coefficient (Γ) and the transmission coefficient (T) are re-

lated to the S-parameters, 
 Γ Χ Χ − 1 (1)T 𝑆 𝑆 − Γ1 − 𝑆 𝑆 Γ (2)

where 
 Χ 𝑆 − 𝑆 12𝑆 . 
 

Then, the complex permittivity and permeability are calculated 

using the following equations: 
 𝜇 1Λ 1 Γ1 − Γ 11𝜆 − 1𝜆  

(3)𝜀 𝜆𝜇 1𝜆 1Λ  (4)

where 
 1Λ − 12𝜋𝐿 ln 1Τ   

 

where 𝜆  indicates the free-space wavelength, 𝜆  refers to the 

cutoff wavelength, and L is the MUT length. 

The above-mentioned NRW method is highly suitable for 

cases in which the material is inserted precisely into a waveguide. 

However, it is difficult to fabricate the material so that it fits 

precisely inside the waveguide, especially in a mmWave band. 

The complex permittivity measurement of a non-destructive 

material using rectangular waveguides would be possible by in-

cluding two additional large flanges [9, 10]. 

Fig. 2 depicts a schematic diagram of the two proposed simple 

waveguide adapters for the complex permittivity measurement 

of a non-destructive MUT. Considering that the MUT is not 

inserted into the waveguide in the measurement configuration, Fig. 1. Transmission/reflection method.
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two main issues should be addressed. First, since electromagnetic 

scattering occurs in opened waveguide regions, unwanted ripples 

may exist in the S-parameters. To tackle this issue, we apply the 

Gaussian weighting moving average filter [12] to measure the 

S-parameters in this study. As an explanatory example, the 

measured S-parameters of Rogers RO3003 in the Ka band are 

considered to illustrate the effects of the Gaussian weighting 

moving average filtering technique. Fig. 3 demonstrates the 

magnitude and phase of S11, depending on whether the Gaussian 

weighting moving average filtering technique is applied or other-

wise. The black line indicates the original S11 result, while the 

red line shows the S11 result on the application of the Gaussian 

weighting moving average filter. In the case of the original 

unfiltered S11 result, noticeable ripples are observed in both the 

magnitude and phase because scattered electromagnetic fields 

deteriorate the result. On the other hand, these unwanted ripples 

are remarkably removed from the result when the Gaussian 

weighting moving average filter is employed. Similarly, the 

Gaussian weighting moving average filtering technique eliminates 

unpleasant ripple effects in the S21 result as well, as shown in 

Fig. 4. 
Second, the conventional NRW technique does not work 

properly in our measurement configuration, because the complex 

permittivity of the MUT in this method is determined by the 

closed waveguide condition. To address this issue, the combina-

tion of a full-wave electromagnetic analysis and an optimization 

technique is employed. Specifically, the full-wave electromag-

netic analysis is iteratively performed by optimizing the complex 

permittivity such that the calculated S-parameters (𝑆 ) are 

successfully curve-fitted to the measured S-parameters with the 

Gaussian weighting moving average filter (𝑆 ). In this study, 

the method of moment (MoM) [13, 14] with a parallel-plate 

Green’s function is employed to calculate the S-parameters [10]. 

It should be noted that MoM is highly suitable for the optimi-

zation-based approach because it is significantly faster than other 

 
Fig. 2. Schematic diagram of the two proposed simple waveguide 

adapters for complex permittivity measurement. 

 

 
(a) 

 
(b) 

Fig. 3. S11 results with and without the application of the Gaussian 

weighting moving average filtering technique: (a) magni-

tude and (b) phase. 

 
(a) 

 
(b) 

Fig. 4. S21 results with and without the application of the Gaussian 

weighting moving average filtering technique: (a) magni-

tude and (b) phase.
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full-wave electromagnetic analysis methods, such as the finite 

element method [15] or the finite-difference time-domain 

method [16–20]. The complex permittivity extracted by the 

NRW method is used as an initial value for the MoM solver in 

the optimization process. Furthermore, both the S11 and S21 

parameters are considered in the optimization, with the step 

tolerance δ set as 10 . The procedure of the complex permit-

tivity measurement method used in this study is as follows: 

- Measure the S-parameters. 

- Apply the TRL calibration. 

- Use the Gaussian weighting moving average filter for the 

TRL-calibrated S-parameters. 

- Extract the complex permittivity using the conventional 

NRW method for the S-parameters obtained from 3. 

- Use the complex permittivity extracted in 4 as the initial 

value of the MoM solver for optimization. 

- Calculate the S-parameters using the MoM solver. 

- Repeat the MoM calculation to optimize the complex per-

mittivity for |𝑆 − 𝑆 | ≤ δ. 

III. MEASUREMENT RESULTS 

This section presents the measurement results to validate the 

proposed method for measuring the complex permittivity of a 

non-destructive MUT in a mmWave band. Fig. 5 shows the 

measurement setup, which is composed of a vector network 

analyzer (Anritsu MS4647B), two commercial Ka-band wave-

guide adapters (Fairview Microwave UG-599), and a non-

destructive MUT. In this study, the complex permittivity of 

Rogers RO3003 (𝜀  = 3, 𝜀′  = 0.001, 0.77 mm) in the fre-

quency range of 26.5–40 GHz is measured by the conventional 

NRW method using the original measured S-parameters, the 

NRW method using the Gaussian filtered S-parameters, and 

our proposed method. 
Fig. 6 presents the complex permittivity for the three above-

mentioned cases. The extracted complex permittivity results 

using the conventional NRW method are observed to be very 

inaccurate due to the effect of electromagnetic scattering, and 

they change severely compared to the frequency. When the 

NRW method is applied to the measured S-parameters using 

the Gaussian weighting moving average filtering technique, the 

accuracy of the complex permittivity results shows an improve-

ment compared to the original NRW method. However, the 

presence of an active material is indicated by this approach (neg-

ative values in the imaginary part of the complex permittivity). In 

contrast to the above two methods, the measurement results of 

our proposed method agree well with the reference results for 

both the real and imaginary parts of the MUT’s complex per-

mittivity in the frequency range of interest. Notably, its root-

mean-square relative error (RMSRE) is 2.56%. 

IV. CONCLUSION 

This research proposes a novel technique for measuring the 

complex permittivity of a MUT. The proposed measurement 

technique utilizes two simple commercial waveguide adapters, 

without a requirement for any additional large flanges, to deter-

mine the complex permittivity of a non-destructive MUT. First, 

the Gaussian weighting moving average filtering technique is 

employed to alleviate the effects of electromagnetic scattering 

from the open structure. Next, the complex permittivity extracted 

 
(a) 

 
(b) 

Fig. 6. Complex permittivity results: (a) real part and (b) imaginary part. 

 

Fig. 5. Measurement setup. 
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by the conventional NRW method using the filtered S-parameters 

is used as the initial value for the MoM calculation. Finally, the 

complex permittivity is determined by curve fitting the calculated 

S-parameters with their filtered measurement counterparts. The 

experimental results validate our proposed non-destructive 

measurement method for complex permittivity in a mmWave 

band. 
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I. INTRODUCTION 

Recently, graphene materials have attracted great attention in 

antenna, microwave, and terahertz applications due to their elec-

tromagnetic characteristics. Many graphene antennas have been 

proposed using graphene conductivity tuning [1-5]. A major 

class of antennas using graphene materials is the leaky-wave 

antenna (LWA) introduced in the 1940s [6], whose radiation 

mechanism is based on a traveling wave inside the structure that 

leaks outside via a long slot [7]. In general, depending on the 

structure of the slot, LWAs can be classified into two categories: 

long slots or periodic apertures [8, 9]. Periodic apertures have 

been used to better control the leakage constant [10]. 

The main advantage of LWAs is that they provide a high-

directivity beam with no need for a complex and costly feed 

structure design [11]. Moreover, such antennas have a wide 

bandwidth capable of beam scanning with frequency, which 

makes them a suitable choice for 5G and radar applications [12]. 

However, improving their pattern bandwidth, defined as radia-

tion power density at a fixed observation angle, is an ongoing 

effort. 

Non-radiating microstrip structures can be utilized to create a 

planar and low-profile LWA. These structures are periodically 

modulated to create a radiating leaky mode [11]. Metamaterials 

have also been used to obtain broadside beam angle radiation 

[13], which could not be attained using a typical LWA. Low-

profile LWAs have been presented using substrate-integrated 

waveguide (SIW) technology [14–16]. In [17], a low cross-

polarization SIW-LWA was proposed by placing the slots on 

the centerline of the SIW.  

Recently, research attention has shifted toward working in the 

terahertz regime due to the demand for high bandwidths and 

low profiles in new communication networks. A low-loss, 

low-profile, wide-aperture radar was developed in [18] using a  
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terahertz LWA. More recently, in [19] and [20], two LWAs 

were presented having wide-angle beam scanning abilities at 

sub-THz frequencies. 

Graphene-based LWAs have also been proposed using the 

surface conductivity tunability feature of graphene sheets simply 

by using a DC voltage bias [21–23]. Esquius-Morote et al. [21] 

presented a leaky-wave terahertz antenna that could alter the 

radiation beam angle at a fixed frequency using electric tuning. 

This could be used to increase the pattern bandwidth. Later, 

Cheng et al. [22] presented a new sinusoidally modulated gra-

phene LWA that could scan the beam angle at a fixed fre-

quency while requiring only one biasing voltage. A graphene 

LWA that could alter the radiation pattern at a fixed frequency 

was presented in [23] based on a dielectric grating. 

Fuscaldo et al. [24–27] have been working on 2D graphene-

based LWAs since 2015. A graphene Fabry–Perot cavity (FPC) 

LWA has been proposed with the ability to beam steer along 

both the E-plane and H-plane simultaneously by affecting 

transverse electric (TE) and transverse magnetic (TM) modes 

via bias voltage [27]. Different configurations of LWAs based 

on graphene metasurfaces have also been studied [24]. A 

systematic approach for modeling homogenized metasurfaces 

in graphene-based LWAs was presented in [25]. Efforts have 

also been made to experimentally realize graphene-based FPC-

LWAs [28]. New formulas for the beam properties of 1D 

LWAs have been derived that could provide more accuracy in 

finite structures [29]. 

In this paper, a novel long-slot leaky-wave waveguide antenna 

based on graphene sheets in the terahertz regime is proposed. 

A novel transverse equivalent network (TEN) model is also 

presented for a graphene slot. The sidelobe level (SLL) of the 

antenna is controlled using graphene conductivity over the slot 

length. The antenna radiation characteristics are tunable across 

the entire working frequency of the antenna using DC biasing 

pads under the slot.  

Controlling the SLL and other radiation characteristics of the 

antenna is the main problem addressed in this paper, which is 

achieved by using graphene conductivity over the slot length 

instead of the typical way of providing an offset along the slot. 

This results in a more convenient and dynamic way of tuning 

the radiation characteristics. A design procedure for a lossy 

structure LWA with an unknown loss value, is also studied, 

which has not been previously reported. 
The rest of this paper is organized as follows. In Section II, 

the theory and design principles of LWAs are presented, in 

which a long-slot leaky-wave waveguide antenna, graphene 

conductivity, graphene slot TEN, and the antenna design 

method are discussed. An example of the antenna design and 

the simulation results are presented in Section III. Finally, con-

clusions are drawn in Section IV. 

II. THEORY AND DESIGN PRINCIPLE 

In this section, long-slot LWA design principles are dis-

cussed, and the variables upon which graphene conductivity is 

dependent are detailed. Finally, the TEN of a graphene-based 

slot in a waveguide as part of designing the proposed antenna is 

described. 

TE and TM wave modes are transformed inside a waveguide 

with dimensions a and b. Waves with frequencies higher than  

the waveguide cutoff frequency 𝑓 = , where 𝑐 is the velocity 

of light in free space, propagate in the waveguide. To make the 

wave radiate outside the waveguide, slots that disrupt the current 

distribution on the surface of the waveguide can be used. In a 

lossless structure, the leakage constant 𝛼 is directly dependent 

on the slot offset from the centerline of the waveguide broad 

wall [9]: 
 𝛼(𝑧) = 12 × |𝐴(𝑧)|1𝜂 |𝐴(𝑧)| 𝑑𝑧 − |𝐴(𝑧)| 𝑑𝑧, 

(1)
 

where η is the antenna efficiency derived from the ratio of the 

power radiated along the antenna length and the total power 

input, and 𝐴(𝑧) is the aperture distribution over the slot length. 

The total length of the slot is 𝐿. The main beam angle 𝜃  of 

an LWA can be calculated by 
 sin 𝜃 ≈ 𝛽/𝑘 , (2)

 

where 𝛽 is the phase constant of the waveguide and 𝑘  is the 

wavenumber of free space. 

In a lossy structure that includes ohmic losses due to non-

ideal metal parts or dielectric losses, Eq. (1) is no longer valid. 

To design such structures with a known loss constant 𝛼 (𝑧) 

over the waveguide length, the radiation constant over the 

length 𝛼 (𝑧) is obtained as follows [30]: 
 𝛼 (𝑧) = 12 × |𝐴(𝑧)| 𝑒 ( )1𝜂 |𝐴(𝑧 )| 𝑑𝑧 − |𝐴(𝑧 )| 𝑒 ( ) 𝑑𝑧 .

(3)
 

In the presence of ohmic losses, the maximum achievable 

antenna efficiency for any fixed antenna length 𝐿 is limited to 𝜂 , calculated as follows [30]: 𝜂 𝜂 = |𝐴(𝑧 )| 𝑑𝑧|𝐴(𝑧 )| 𝑒 ( ) 𝑑𝑧 . 
(4)

 

1. Long-Slot Leaky-Wave Waveguide Antenna 

The radiation of a waveguide slot LWA is based on the power 

leaking from the slot. The leakage rate is related to the offset of 

the slot from the center of the waveguide’s side. As the offset 

increases, more radiation leakage occurs. In a typical long-slot 
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LWA, the slot offset over the length is used to control the an-

tenna SLL.  

 

2. Graphene Conductivity 

Graphene is a 2D material whose electric conductivity is 

calculated as follows [31]: 
 𝜎 = −𝑗 𝑞 𝐾 𝑇𝜋ℏ 𝜔 − 𝑗𝜏 𝜇𝐾 𝑇 + 2 ln 𝑒 + 1 , 

(5)
 

where 𝑞  is the electron charge, 𝐾  is Boltzmann constant, 𝑇 

is the temperature, ℏ is reduced Planck constant, 𝜔 is the 

angular frequency, 𝜏 is the electron relaxation time, and 𝜇  is 

the chemical potential. The chemical potential is tunable by 

applying a variable DC bias voltage to the graphene sheet. The 

relationship between the bias voltage 𝑉  and chemical po-

tential is 
 𝜇 = ℏ𝑉 (𝜋𝜀 𝜀 𝑉 /𝑞 𝑡) / , (6)
 

where 𝑉  is the Fermi velocity in graphene, 𝜀 is the vacuum 

permittivity, 𝜀  is the relative permittivity, and 𝑡 is the thick-

ness of the dielectric. As can be seen from Eqs. (5) and (6), 

graphene conductivity can be tuned using the DC bias voltage. 

If we use a graphene sheet as a slot in the waveguide LWA, 

changing the conductivity of graphene would alter its leakage 

rate.  

 

3. Graphene Slot Transverse Equivalent Network 

To design a waveguide slot antenna, the value of the leakage 

rate of the slot over its length is required. A TEN model [32] is 

presented to calculate the 𝛽 and 𝛼 of the structure. 

To calculate the propagation and leakage parameters of a 

graphene slot, we present a transverse equivalent circuit (Fig. 1).  

The presented model consists of two parts: 

(i) The graphene slot on the upper wall of the waveguide, 

which is modeled with 𝐵 and 𝐵  admittances besides 

the 𝑇  transformer, transmission line ended by the gra-

phene conductivity 𝜎  and radiation admittance 𝑌 . 

(ii) The left and right sides of the waveguide with respect to 

the center of the slot; each side can be considered a wave-

guide and can be modeled with transmission lines with + 𝑑′ and + 𝑑  lengths and short-circuited at the 

end, where 𝑎′ is the slot width and 𝑑 and 𝑑′ are the 

distance of the slot from right and left sides of the wave-

guide. 

The model is created using the method presented in [33] for 

waveguide LWAs. To obtain the propagation behavior of the 

structure, it is reduced to a simple circuit, as displayed in Fig. 2. 𝑌  is the total admittance seen looking up from 𝑇  with 

graphene conductivity 𝜎  and radiation admittance 𝑌 . 𝑌  

and 𝑌  are the total admittance observed from the right and 

left sides of the slot center, respectively. Now, we have 
 𝑌 = 1𝑛 (𝑌 + 𝑌 ), (7)𝑌 = 𝑗𝐵 − 𝑗𝑌 cot 𝑘 𝑎2 + 𝑑 , 

(8)𝑌 = 𝑗𝐵 − 𝑗𝑌 cot 𝑘 𝑎2 + 𝑑 . (9)
 

Setting 𝑌 + 𝑗𝐵 + = 0  and normalizing to 𝑌  

results in 

 
(a) 

 
(b) 

Fig. 1. (a) The graphene slot waveguide antenna. Different pad 

colors represent different voltage levels. (b) TEN of the 

graphene slot antenna. 

 

 
Fig. 2. A simple form of the proposed TEN model.  
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1𝑛 𝑌𝑌 + 𝑌𝑌 + 𝑗 𝐵𝑌  

+𝑗 𝐵𝑌 − cot 𝑘 𝑎2 + 𝑑 𝐵𝑌 − cot 𝑘 𝑎2 + 𝑑2𝐵𝑌 − cot 𝑘 𝑎2 + 𝑑 + cot 𝑘 𝑎2 + 𝑑 ,
= 0 (10)

 

where , , 𝑛 , and  are defined in the appendix and  𝑌 = 𝜎  is graphene sheet conductivity. Now, the values of 𝛽 

and 𝛼 of the structure can be obtained as 
 𝑘 = 𝛽 − 𝑗𝛼 = 𝑘 − 𝑘 . (11)
 

The leakage of the structure consists of two losses: the radia-

tion loss, modeled using 𝑌  admittance, and the loss due to the 

real part of graphene conductivity. 

 

4. Antenna Design Method 

Designing a graphene slot antenna with a specific SLL requires 

the radiation leakage to be known. The leakage value calculated 

from the presented model contains both radiation loss and 

graphene loss. Assuming that the radiation fields near the slot 

are perpendicular to the graphene sheet with conductivity 𝜎 , 

reflection, transmission, and loss can be simply calculated: 
 𝑃 = |𝑆 | = 22 + 𝜎 𝑍 , 

(12)𝑃 = − 𝜎 𝑍2 + 𝜎 𝑍 , 
(13)𝑃 = 1 − 𝑃 − 𝑃 = 4𝜎 𝑍2 + 𝜎 𝑍  , 
(14)

 

where 𝑍  is the nominal impedance of the structure. 

In the proposed antenna, we have two radiation leakage control 

parameters: offset from the waveguide centerline and graphene 

conductivity.  

For a fixed offset distance, Fig. 3 depicts the variation of 𝛽/𝑘 

and 𝛼 /𝑘 versus the chemical potential in a graphene slot 

waveguide. The waveguide is air-filled, with a = 170 μm and 

b = 85 μm, so the cutoff frequency is < 1 THz, and the tunability 

range with the graphene conductivity change is clearly shown. 

The results obtained from the presented TEN and HFSS 

(High Frequency Structure Simulator) simulations show good 

agreement, except for the small values of 𝜇  due to which 𝛼 ≪ 𝛽 is not justified; therefore, the presented TEN is validated 

only for higher 𝜇  values. 

The offset is varied for a fixed chemical potential, and the re-

sults are presented in Fig. 4. This shows the tenability of leakage 

using offset variation. 

Varying  over the frequency shows beam direction scan-

 
(a) 

 
(b) 

Fig. 3. (a) Propagation constant versus the chemical potential of 

the graphene sheet in a graphene slot. (b) Leakage rate versus 

the chemical potential of the graphene sheet in a graphene 

slot. 𝐹 = 1 THz , 𝑤 = 10 μm , offset = 30 μm , 𝜏 =1 ps, 𝑇 = 300 𝐾. 

 

 
(a) 

 
(b) 

Fig. 4. (a) Propagation constant and (b) leakage rate versus offset 

variation of the graphene sheet in a graphene slot.
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ning with frequency. As demonstrated in Fig. 5, as the frequency 

is altered,  varies. At  = 0, the antenna’s main beam direc-

tion is broadside, and when = 1, the antenna’s main beam 

radiation direction is end-firing.  

To further simplify the design, we fix the offset of the slot 

over the length and change the graphene conductivity. This 

simplifies the manufacturing process. Graphene conductivity 

can be controlled using DC voltage pads placed under the 

graphene sheet. 

III. DESIGN EXAMPLE AND SIMULATION RESULTS 

A LWA is designed for a main beam angle 𝜃  toward 30° 
at 1 THz. The SLL and the required 3 dB beamwidth are set to 

−35 dB and 1°, respectively. The dimensions of the waveguide 

are calculated according to 𝜃  and the working frequency as 

follows [34]: 𝑎 = 𝜆2 × 𝜀 − sin 𝜃  (15)

 

where 𝑎 (as depicted in Fig. 1) is the waveguide’s broad wall 

and 𝜀  is the electrical permittivity of the waveguide fill material, 

which in our case is free space and equal to 1. The narrow wall 

of the waveguide is specified by the maximum power handling 

of the antenna and is usually defined as 𝑏 = 𝑎/2. Therefore, the 

waveguide dimensions are 𝑎 = 173 μm and 𝑏 = 86.5 μm. 

The length of the antenna is obtained according to the 3 dB 

beamwidth as follows [9]: 
 Δ𝜃 ≈ 𝑈 / (𝐿/𝜆 cos 𝜃 ) (16)
 

where 𝑈  is the aperture factor, which is dependent on the 

field amplitude distribution and is approximately 1. 𝑈  is lower 

for a constant aperture distribution and greater for a sharply 

peaked distribution, which results in a wider beamwidth. Con-

sidering 𝑈 = 1 , the antenna length is calculated as 𝐿 ≈19500 μm. Note that in our design, the distribution has a 

sharp peak due to the graphene loss effects; therefore, higher 

values for 𝑈  are expected, resulting in a wider beamwidth. 

However, a more accurate relationship is presented in [29], 

which requires the antenna leakage to be constant along the 

antenna length. As the leakage is not known at this step, the 

new formulation is not applicable. 

To obtain the desired SLL, a Taylor distribution with -35 dB 

SLL is to be followed. To avoid grating lobes, the distance 

between the biasing pads should be equal to or less than 𝜆 /2. 
Here, it is set to 𝜆 /2 = 150 μm which results in 130 biasing 

pads.  

The required leakage over the slot length should be obtained 

from Eq. (3). When 𝛼 (𝑧) is determined, the graphene con-

ductivity and the required chemical potential value under the 

pads are calculated using Eqs. (10) and (11), respectively. In 

Eq. (3), the loss constant over the antenna length is considered 

to be known. However, this is an invalid consideration here, as 

graphene loss is dependent on graphene conductivity. To over-

come such a problem, graphene loss is neglected and 𝛼  is 

calculated using Eq. (1). After that, an initial value for 𝛼  is 

calculated using Eqs. (12)–(14). Now, the calculation of Eq. 

(3) is repeated, and the new 𝛼  and, consequently, the new 𝛼  

are calculated. This procedure is repeated until 𝑎  and 𝛼  

converge. The main condition guaranteeing convergence is the 

value of antenna efficiency 𝜂, which should not exceed the 

maximum value calculated by Eq. (4). The exact value is not 

known at the onset of the design procedure, so we set it to 70%. 

The procedure is followed for four iterations, and the values 

of 𝛼  are illustrated in Fig. 6. The values obtained in iterations 

3 and 4 are approximately equal. The final values for the chemical 

potential along the slot are illustrated in Fig. 7.  

The proposed antenna is simulated using HFSS. Its return 

loss is presented in Fig. 8. The antenna is also simulated in CST 

using a different solution method to verify the results. The value 

of the maximum efficiency obtained is 74%. 

 
Fig. 5. 𝛽/𝑘  and beam angle variation with frequency. 

 

 
 Fig. 6. Calculated radiation leakage constant along the slot antenna 

at every calculation step. 
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The antenna contains a long slot covered by a graphene sheet. 

A total of 130 silicon pads are placed at equal distance under the 

graphene sheet to bias each part with different DC voltages. 
The antenna radiation pattern is also simulated using CST 

software and compared with the HFSS results (Fig. 9). At the 

center frequency, the main beam direction is 30° from the an-

tenna’s normal plane. By changing the frequency, the 𝛽 of the 

structure varies, and the beam direction will be altered. With a 

fixed chemical constant, the antenna’s main beamwidth changes 

with frequency. However, such a problem can be addressed by 

tuning the leakage constant. This is a beneficial characteristic of 

the designed antenna, in which the leakage constant can be 

tuned by changing the chemical potential values over the slot. 

The new values could be calculated again at each working fre-

quency. A comparison of the antenna patterns between the 

tuned and untuned values is illustrated in Fig. 10 for 0.9, 1.1, 

and 1.2 THz frequencies.  

A comparison between the presented graphene-based LWA 

and earlier works is provided in Table 1. 

Referring to Table 1, the presented graphene-based LWA is 

the only design which provides beamforming capability over the 

 
Fig. 9. Normalized radiation pattern of the proposed antenna at 1 

THz frequency. 

 
Fig. 7. Final values for chemical potential along the slot. 

 

 
Fig. 8. Return loss of the proposed LWA based on a graphene 

straight long slot. 

 

 
(a) 

 
(b) 

 
(c) 

Fig. 10. Normalized radiation pattern for (a) 900 GHz, (b) 1.1 THz, 

and (c) 1.2 THz.
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antenna’s entire working frequency range. In addition, it is the 

only antenna that considers graphene loss in the design procedure. 

IV. CONCLUSION 

A novel waveguide LWA using a graphene slot is presented. 

The proposed antenna consists of a straight long slot covered by 

a graphene sheet on a waveguide working in the THz frequency 

regime. A TEN model is introduced to model the structure. 

The conductivity tunability of graphene is used to control the 

aperture distribution along the slot by means of DC electric 

biasing pads under the slot. The design procedure is provided 

while considering graphene loss, and a design example is also 

presented. The aperture distribution tunability of the antenna 

over the frequency range is introduced as a beneficial character-

istic for controlling the radiation characteristics over the entire 

working frequency range.  

APPENDIX 

For the equivalent network depicted in Fig. 1 and for Eqs. 

(7)–(10), 
 𝐵𝑌 = − 𝜋16 𝑎𝑏 𝑘 𝑎2 𝐽 𝑘 𝑎2 , 
 

where 𝐽  is a Bessel function of order zero. 
 𝐵𝑌 = 1𝑛 𝑘 𝑏𝜋 ln 1.43 𝑏𝑎 + 12 𝑘 𝑏𝜋 − 12 𝐵 /𝑌 , 

𝑛 = sin(𝑘 𝑎 2⁄ )𝑘 𝑎 2⁄ , 𝑛 = 𝑛 (𝑎 /𝑏), 𝑌𝑌 = 𝐺𝑌 + 𝑗 𝐵𝑌 , 

𝐺𝑌 = 𝑘 𝑎2 − 𝑘 𝑎48  , 𝐵𝑌 = 𝑘 𝑎𝜋 ln ℯ𝛾 𝜋𝑘 𝑎 , 
 

where ℯ = 2.718 and 𝛾 = 1.781. 

REFERENCES 

[1] J. M. Jornet and I. F. Akyildiz, "Graphene-based nano-

antennas for electromagnetic nanocommunications in the 

terahertz band," in Proceedings of the 4th European Conference 

on Antennas and Propagation, Barcelona, Spain, 2010, pp. 1-5. 

[2] Y. Huang, L. S. Wu, M. Tang, and J. Mao, "Design of a 

beam reconfigurable THz antenna with graphene-based 

switchable high-impedance surface," IEEE Transactions on 

Nanotechnology, vol. 11, no. 4, pp. 836-842, 2012. 

[3] J. Perruisseau-Carrier, M. Tamagnone, J. S. Gomez-Diaz, 

M. Esquius-Morote, and J. R. Mosig, "Resonant and leaky-

wave reconfigurable antennas based on graphene plasmonics," 

in Proceedings of 2013 IEEE Antennas and Propagation Society 

International Symposium (APSURSI), Orlando, FL, 2013, 

pp. 136-137. 

[4] M. Tamagnone, J. S. G. Diaz, J. Mosig, and J. Perruisseau-

Carrier, "Hybrid graphene-metal reconfigurable terahertz 

antenna," in Proceedings of 2013 IEEE MTT-S Interna-

tional Microwave Symposium Digest (MTT), Seattle, WA, 

2013, pp. 1-3. 

[5] M. Dragoman, A. A. Muller, D. Dragoman, F. Coccetti, 

and A. R. Plana, "Terahertz antenna based on graphene," 

Journal of Applied Physics, vol. 107, no. 10, article no. 104313, 

2010. https://doi.org/10.1063/1.3427536 

[6] W. W. Hansen, "Radiating electromagnetic waveguide," 

U.S. Patent 2402622, June 25, 1946. 

[7] C. H. Walter, Traveling Wave Antennas. New York, NY: 

McGraw-Hill, 1965. 

[8] C. A. Balanis, Modern Antenna Handbook. Hoboken, NJ: 

John Wiley & Sons, 2007. 

[9] J. L. Volakis, Antenna Engineering Handbook, 4th ed. New 

York, NY: McGraw-Hill Education, 2007. 

[10] D. R. Jackson, P. Baccarelli, P. Burghignoli, W. Fuscaldo, 

A. Galli, and G. Lovat, "A history of leaky waves and 

leaky-wave antennas," in Proceedings of 2019 URSI Inter-

national Symposium on Electromagnetic Theory (EMTS), 

San Diego, CA, 2019, pp. 1-4. 

[11] D. R. Jackson, C. Caloz, and T. Itoh, "Leaky-wave antennas," 

Proceedings of the IEEE, vol. 100, no. 7, pp. 2194-2206, 2012. 

[12] M. S. Rabbani, J. Churm, and A. Feresidis, "Millimetre-

wave beam steerable leaky-wave antenna for 5G systems," 

in Proceedings of the 12th European Conference on Antennas 

Table 1. Comparison of graphene-based LWAs 

LWA 
f  

(THz) 

Radiation 

efficiency 

(%) 

Beam  

tunability 

Graphene loss 

consideration

Esquius-Morote 

et al. [21] 

2 19 At a fixed 

frequency 

No 

Cheng et al. 

[22] 

2 77 At a fixed 

frequency 

No 

Li et al. [23] 1.5 Not  

reported 

At a fixed 

frequency 

No 

Our work 1 74 Over the  

working  

frequency 

range 

Yes 



FARAHANI and MALLAHZADEH: DESIGN OF A TERAHERTZ LEAKY-WAVE LONG-SLOT ANTENNA USING GRAPHENE 

629 

  
 

and Propagation (EuCAP), London, UK, 2018, pp. 1-4. 

[13] D. R. Jackson, A. A. Oliner, and J. L. Volakis, "Surface-

wave and leaky-wave antennas," in Antenna Engineering 

Handbook. New York, NY: McGraw Hill, 2019, pp. 355-388. 

[14] J. Liu, D. R. Jackson, and Y. Long, "Substrate integrated 

waveguide (SIW) leaky-wave antenna with transverse 

slots," IEEE Transactions on Antennas and Propagation, 

vol. 60, no. 1, pp. 20-29, 2011. 

[15] A. J. Martinez-Ros, J. L. Gomez-Tornero, and F. Quesada-

Pereira, "Efficient analysis and design of novel SIW leaky-

wave antenna," IEEE Antennas and Wireless Propagation 

Letters, vol. 12, pp. 496-499, 2013. 

[16] A. Mallahzadeh and S. Mohammad-Ali-Nezhad, "Long 

slot ridged SIW leaky wave antenna design using trans-

verse equivalent technique," IEEE Transactions on Anten-

nas and Propagation, vol. 62, no. 11, pp. 5445-5452, 2014. 

[17] A. Mallahzadeh and S. Mohammad-Ali-Nezhad, "Periodic 

collinear-slotted leaky wave antenna with open stopband 

elimination," IEEE Transactions on Antennas and Propa-

gation, vol. 63, no. 12, pp. 5512-5521, 2015. 

[18] K. Murano, I. Watanabe, A. Kasamatsu, S. Suzuki, M. 

Asada, W. Withayachumnankul, T. Tanaka, and Y. Monnai, 

"Low-profile terahertz radar based on broadband leaky-

wave beam steering," IEEE Transactions on Terahertz 

Science and Technology, vol. 7, no. 1, pp. 60-69, 2017. 

[19] Y. Torabi, G. Dadashzadeh, M. Hadeie, H. Oraizi, and A. 

Lalbakhsh, "A wide-angle scanning sub-terahertz leaky-

wave antenna based on a multilayer dielectric image 

waveguide," Electronics, vol. 10, no. 17, article no. 2172, 

2021. https://doi.org/10.3390/electronics10172172 

[20] Y. Torabi, G. Dadashzadeh, A. Lalbakhsh, and H. Oraizi, 

"High-gain and low-profile dielectric-image-line leaky-

wave-antenna for wide-angle beam scanning at sub-THz 

frequencies," Optics & Laser Technology, vol. 150, article no. 

107968, 2022. https://doi.org/10.1016/j.optlastec.2022.107 

968 

[21] M. Esquius-Morote, J. S. Gomez-Diaz, and J. Perruisseau-

Carrier, "Sinusoidally modulated graphene leaky-wave 

antenna for electronic beamscanning at THz," IEEE 

Transactions on Terahertz Science and Technology, vol. 4, no. 

1, pp. 116-122, 2014. 

[22] Y. Cheng, L. S. Wu, M. Tang, Y. P. Zhang, and J. F. Mao, 

"A sinusoidally-modulated leaky-wave antenna with 

gapped graphene ribbons," IEEE Antennas and Wireless 

Propagation Letters, vol. 16, pp. 3000-3004, 2017. 

[23] J. Li, M. He, C. Wu, and C. Zhang, "Radiation-pattern-

reconfigurable graphene leaky-wave antenna at terahertz 

band based on dielectric grating structure," IEEE Antennas 

and Wireless Propagation Letters, vol. 16, pp. 1771-1775, 

2017. 

[24] W. Fuscaldo, P. Burghignoli, P. Baccarelli, and A. Galli, 

"Efficient 2-D leaky-wave antenna configurations based 

on graphene metasurfaces," International Journal of Mi-

crowave and Wireless Technologies, vol. 9, no. 6, pp. 1293-

1303, 2017. 

[25] W. Fuscaldo, S. Tofani, D. C. Zografopoulos, P. Baccarelli, 

P. Burghignoli, R. Beccherelli, and A. Galli, "Systematic 

design of THz leaky-wave antennas based on homoge-

nized metasurfaces," IEEE Transactions on Antennas and 

Propagation, vol. 66, no. 3, pp. 1169-1178, 2018. 

[26] W. Fuscaldo, P. Burghignoli, P. Baccarelli, and A. Galli, 

"Graphene Fabry–Pérot cavity leaky-wave antennas: 

plasmonic versus nonplasmonic solutions," IEEE Trans-

actions on Antennas and Propagation, vol. 65, no. 4, pp. 

1651-1660, 2017. 

[27] W. Fuscaldo, P. Burghignoli, P. Baccarelli, and A. Galli, "A 

reconfigurable substrate–superstrate graphene-based 

leaky-wave THz antenna," IEEE Antennas and Wireless 

Propagation Letters, vol. 15, pp. 1545-1548, 2016. 

[28] W. Fuscaldo, S. Tofani, P. Burghignoli, P. Baccarelli, A. 

Notargiacomo, S. Cibella, et al., "Graphene-based Fabry-

Perot cavity leaky-wave antennas: towards an experi-

mental validation," in Proceedings of 2018 48th European 

Microwave Conference (EuMC), Madrid, Spain, 2018, pp. 

276-279. 

[29] W. Fuscaldo, D. R. Jackson, and A. Galli, "General for-

mulas for the beam properties of 1-D bidirectional leaky-

wave antennas," IEEE Transactions on Antennas and Prop-

agation, vol. 67, no. 6, pp. 3597-3608, 2019. 

[30] C. Di Nallo, F. Frezza, A. Galli, and P. Lampariello, 

"Rigorous evaluation of ohmic-loss effects for accurate 

design of traveling-wave antennas," Journal of Electromag-

netic Waves and Applications, vol. 12, no. 1, pp. 39-58, 1998. 

[31] G. W. Hanson, "Dyadic Green’s functions and guided 

surface waves for a surface conductivity model of gra-

phene," Journal of Applied Physics, vol. 103, no. 6, article no. 

064302, 2008. https://doi.org/10.1063/1.2891452 

[32] A. A. Oliner, "Equivalent circuits for slots in rectangular 

waveguide," 1951 [Online]. Available: https://apps.dtic. 

mil/sti/pdfs/AD0653302.pdf. 

[33] F. Frezza, P. Lampariello, H. Shigesawa, M. Tsuji, and A. 

A. Oliner, "A versatile leaky-wave antenna based on stub-

loaded rectangular waveguide. II. Effects of flanges and 

finite stub length," IEEE Transactions on Antennas and 

Propagation, vol. 46, no. 7, pp. 1042-1046, 1998. 

[34] H. Faezi, S. Sadeghi, K. Mohammadpour-Aghdam, and 

M. Tayarani, "Computer aided design for rectangular 

waveguide leaky wave antenna with meandering longitu-

dinal slot," The Modares Journal of Electrical Engineer-

ing, vol. 14, no. 2, pp. 25-31, 2014. 

https://doi.org/10.1016/j.optlastec.2022.107968
https://apps.dtic.mil/sti/pdfs/AD0653302.pdf


JOURNAL OF ELECTROMAGNETIC ENGINEERING AND SCIENCE, VOL. 22, NO. 6, NOV. 2022 

630 
   

  

Ehsan Zarnousheh Farahani 
received his B.S. degree in electrical engineering 

from Arak University, Arak, Iran, in 2013, and his M.S. 

degree in communication engineering from Imam 

Khomeini International University (IKIU), Qazvin, 

Iran, in 2015. He is currently working toward a 

Ph.D. in communication engineering at Shahed 

University, Tehran, Iran. His main areas of interest 

are leaky-wave antennas, graphene-based antennas, 

and metamaterials. 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

Alireza Mallahzadeh 
received his B.S. degree in electrical engineering 

from Isfahan University of Technology, Isfahan, Iran, 

in 1999 and his M.S. and Ph.D. degrees in electrical 

engineering from Iran University of Science and 

Technology, in 2001 and 2006, respectively. He is a 

faculty member in the Faculty of Engineering, 

Shahed University, Tehran, Iran. He has participated 

in many projects related to antenna design, which 

resulted in him fabricating different types of antennas for various companies. 

He is also interested in numerical modeling and microwaves. 

 

 

 

 



631 

 
 

I. INTRODUCTION 

Dipole antennas have been widely used for various applica-

tions, including wireless communication systems, radar systems, 

and localization systems [1–6]. Recent developments in system 

design technologies have led such systems to become small in 

platform size and to include multiple functions, such that the 

systems have required a wide operating frequency band, high 

integration, size miniaturization, and high radiation perfor-

mance. In particular, the wide impedance-matching characteristics 

of dipole antennas are essential for operating multifunctional 

systems, and their directive radiation patterns are important for 

stably maintaining point-to-point communication links. To obtain 

wideband characteristics, 3D dipole antennas have been investi-

gated using a biconical structure [7, 8], an additional parasitic 

element [9], and an indirect feeding structure [10]. However, 

these studies have difficulties with high integration into systems 

due to the bulky structure size and nondirective radiation patterns. 

To overcome these problems, printed patch dipole antennas for 

directive patterns have been introduced by employing various 

shapes, such as an ellipse, a bow tie, and a polygon [11–13]. 

Although such antennas can achieve wideband characteristics 

with stable boresight gains, it is essential that additional bulky 

baluns are elaborately designed for differential feeding to excite 

each radiator with a 180° phase difference [14]. To account for 

the additional baluns, research on using a small chip balun has 

been conducted to achieve size reduction of the differential 

feeding structure [15, 16]. However, their matching bandwidth 

is still narrow, lower than 10%, and an in-depth study is needed 

to analyze patch dipole antennas with integrated circuit baluns. 
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This paper proposes a wideband printed patch dipole antenna with a simple on-board feeding network. The proposed antenna is composed of 
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In this paper, we propose a wideband printed patch dipole 

antenna with a simple on-board feeding network. The proposed 

antenna is composed of two dipole radiators, a transmission line, 

and an on-board feeding network with a chip balun. The dipole 

radiators are printed on a substrate, and the edges of the radiators 

in the center of the substrate are truncated to create a hexagonal 

shape for direct connection with the transmission line and for 

wide impedance-matching characteristics. In addition, the trans-

mission line is designed to operate as a quarter-wave transformer 

for impedance matching between the dipole radiators and the 

chip balun. The chip balun is embedded in an RO4003C printed 

circuit board (PCB) to excite differential feeding to each radiator 

with a 180° phase difference. This chip balun, which can reduce 

the size of the feeding network structure, is fed by a microstrip 

line and an SMA connector. The proposed antenna, including 

the chip balun circuit, is optimized using the CST Microwave 

Studio software tool [17]. To verify its feasibility, the proposed 

antenna is fabricated, and its antenna properties, such as reflection 

coefficients, radiation patterns, and gains, are measured in a full 

anechoic chamber. For antenna analysis, an equivalent circuit of 

the proposed antenna is modeled to analyze its impedance charac-

teristics, and parametric studies are conducted to achieve wide-

bandwidth characteristics. 

II. PROPOSED ANTENNA DESIGN AND MEASUREMENT 

Fig. 1 shows the geometry of the proposed antenna com-

posed of two dipole patch radiators, a parallel plate transmission 

line, and a feeding network with a chip balun. The patch dipole 

antenna is printed on a TLY-5 substrate (εr = 2.2, tanδ  = 

0.0009) having dimensions w3 × l3 × t1 (width × length × 

thickness). The dipole patches have a length l1 that can deter-

mine the resonant frequency, and its width w1 can enhance the 

impedance-matching characteristics at the resonant frequency. 

To achieve wideband characteristics, the radiator edges in the 

center of the substrate are truncated by width d1 and length d2. 

Note that a half-wavelength dipole antenna length generally has 

a single operating frequency with a narrow bandwidth [18], 

while a patch dipole can achieve a wideband characteristic by 

changing the width and length of the radiator, allowing a different 

current path for each operating frequency [19]. Thus, the geome-

try of the radiators becomes hexagonal, which can directly con-

nect to the transmission line. In addition, the wide impedance-

matching characteristics can be further improved by adjusting 

the slope of the truncated part for the radiators. The parallel 

plate transmission line printed on the TLY-5 substrate has a 

width w2 and a length l2. This transmission line is perpendicularly 

connected to the truncated part of the dipole radiators having a 

gap t2. In particular, l2 can be operated as a quarter-wave trans-

former to match the impedance between the dipole radiators 

and the chip balun. The feeding network is designed using an 

RO4003C (εr = 3.35, tanδ = 0.0027) PCB with a chip balun 

and differential microstrip lines to substitute for the bulky and 

complicated microstrip balun. The differential feeding lines 

having a length l4 and a width w4 are designed to have a line 

impedance of 100 Ω, and they are connected to each radiator by 

two via pins for a 180° phase difference excitation. An SMA 

connector is used to excite a signal for the chip balun through 

the microstrip line with width w5 and length l5. 

The proposed antenna is optimized using a CST Studio full 

electromagnetic (EM) software tool including 3D EM modeling 

and a circuit schematic, which are sequentially simulated to obtain 

the impedance characteristics of the antenna and the PCB 

feeding network. The antenna radiators and the parallel trans-

mission lines of the proposed antenna are simulated by 3D EM 

modeling of the structures. The PCB feeding network is designed 

based on a schematic layout, including the chip balun S-parameter, 

the microstrip feeding line, and the microstrip differential lines. 

Through the sequential simulations, the optimized design pa-

rameters and values are listed in Table 1. 

Fig. 2 presents photographs of the fabricated antenna consist-

ing of the dipole radiators, the transmission line, and the chip 

Table 1. Geometric parameters of the proposed antenna (unit: mm)

Parameter Value Parameter Value

w1 40 l3 45.2

w2 3 l4 3.5

w3 51 l5 13.4

w4 1.1 t1 0.8

w5 1.1 t2 3.2

l1 14 d1 18.5

l2 29.7 d2 7

 
(a) (b) 

Fig. 1. Geometry of the proposed antenna: (a) isometric view and 

(b) bottom view. 
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balun embedded in the PCB feeding network. It is essential to 

use a chip balun operating in a wide frequency band that incor-

porates the dipole radiator to achieve wideband characteristics. 

Thus, we employ the Johanson Technology chip balun (balanced 

impedance of 100 Ω from 2.8 to 6 GHz) [20] to excite differential 

feeding with a 180° phase difference to each dipole radiator. To 

verify its feasibility, the fabricated antenna is measured in a full 

anechoic chamber to observe antenna performances, such as 

reflection coefficients, gains, and radiation patterns. 

Fig. 3 represents the reflection coefficients of the proposed 

antenna; solid and dashed lines indicate the measured and simu-

lated results, respectively. The measured and simulated reflec-

tion coefficients are below −10.5 dB and −11 dB, respectively, in 

the frequency range from 2.7 to 5.8 GHz. The measured and 

simulated fractional bandwidths at the center frequency of 4 GHz 

are 79.5% and 83.4%, respectively. Fig. 4 shows the boresight 

gains of the proposed antenna according to frequency. The solid 

line and the "×" markers indicate the simulations and measure-

ments, respectively. Both simulated and measured gains are over 

3 dBi in the frequency range from 2.75 to 4.5 GHz. Fig. 5 illus-

trates the measured and simulated 2D radiation patterns of the 

proposed antenna in the zx- and zy-planes at 3.5, 4.5, and 5.5 

GHz. The measured cross-polarization levels at the boresight 

direction are lower than −17.5 dBi and −13.2 dBi in the zx- and 

zy-planes, respectively, at 3.5 GHz. The measured results agree 

well with the simulations. The measured half-power beam-

widths (HPBWs) are 107° and 86° in the zx- and zy-planes at 

3.5 GHz, and those at 4.5 GHz are 154° and 94°, respectively. 

Fig. 6 presents the total efficiency and the radiation efficiency 

according to frequency. The total efficiency of the proposed 

antenna considering the mismatch efficiency with frequency is 

simulated. The total efficiency is over 82% in the operating fre-

quency range from 2.75 to 5.8 GHz, and it is 90.8% at 5.5 GHz. 

The radiation efficiency value is obtained as more than 98.3% 

across the whole operating frequency range. 

The results demonstrate that the proposed antenna can achieve 

wideband impedance characteristics and maintain stable gain 

performance using an on-board balanced chip balun for a simple 

feeding network. The antenna performances including fractional 

bandwidth, gain at the center frequency, integrated balun type, 

and antenna size are listed in Table 2 for comparison with pre-

vious studies. The proposed antenna can reduce the antenna 

size by less than 63% compared with antennas that use Guanella 

and microstrip line baluns, which have a length and width 

greater than one wavelength. In addition, the dipole in our 

study can enhance the impedance-matching bandwidth by more 

than 79% compared with previous studies that integrated chip 

baluns. 

 
(a) 

 
(b) (c) 

Fig. 2. Configuration of the fabricated antenna: (a) dipole radiators 

and parallel plate transmission line, (b) PCB feeding network, 

(c) assembled antenna. 

 

 
Fig. 3. Simulated and measured reflection coefficients of the proposed 

antenna. 

 
Fig. 4. Simulated and measured bore-sight gains of the proposed 

antenna.
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(a) (b) 

 
(c) (d) 

 
(e) (f) 

Fig. 5. Simulated and measured 2D radiation patterns of the pro-

posed antenna: (a) zx-plane at 3.5 GHz, (b) zy-plane at 3.5 

GHz, (c) zx-plane at 4.5 GHz, (d) zy-plane at 4.5 GHz, (e) 

zx-plane at 5.5 GHz, (f) zy-plane at 5.5 GHz. 

 

 
Fig. 6. Total efficiency and radiation efficiency of the proposed antenna. 

Table 2. Comparison of antenna characteristics 

Study 
Band-

width (%)

Gain 

(dBi) 

Balun  

type 
Antenna size 

Wagner and 

Pham [11]

171 2.5 Guanella 

balun 

1.2λ × 1.2λ × 0.003λ

Toh et al. [14] 43 8 Microstrip 

line 

1λ × 1λ × 0.13λ 

Singh et al. 

[15]

3.9 2.8 Chip balun 0.48λ × 0.24λ × 0.01λ

Suh et al. [16] 4 - Chip balun 0.42λ × 0.05λ × 0.01λ

Proposed 

antenna

83 4.6 Chip balun 0.72λ × 0.64λ × 0.42λ

III. ANALYSIS 

To analyze the proposed antenna, an equivalent circuit is 

modeled, taking into account important antenna parts: the 

patch radiator, the transmission line, the chip balun, and the 

feeding port. Fig. 7(a) shows an equivalent circuit model of the 

proposed antenna including the transmission line, the chip balun, 

and the antenna resonant circuits to observe the input impedance 

characteristics. In the circuit model, the SMA port of 50 Ω is 

modeled as an inductance Lf to excite the 1:2 chip balun with a 

balanced impedance of 100 Ω. Through the chip balun, the 

parallel transmission line of the proposed antenna is connected 

to the parallel RLC element with R1, L1, and Cl representing 

the resonance of the dipole radiator. In particular, the parallel 

 
(a) 

 
(b) (c) 

Fig. 7. An equivalent circuit of the proposed antenna with a chip 

balun: (a) equivalent circuit model, (b) characteristic impedance 

responses of the parallel plate transmission line, (c) input 

impedance responses according to the frequency.
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plate transmission line is operated as a quarter-wave transformer, 

and its characteristic impedance can be obtained using an equa-

tion as follows [21]: 
 𝑍 = 𝑍 𝑍 , (1)
 

where 𝑍  is the characteristic impedance of the parallel plate 

transmission line from the equivalent circuit model, 𝑍  is the 

input impedance of the feeding network, and 𝑍  is the dipole 

patch radiator impedance based on parallel RLC elements. 𝑍  

is the characteristic impedance of the parallel plate transmission 

line obtained based on a full EM simulation. Fig. 7(b) shows 

the characteristic impedance responses of the parallel plate 

transmission line according to the frequency. The simulated and 

circuit-based characteristic impedance results are 96.45 Ω and 

96.41 Ω, respectively, at 2.72 GHz (l2 ≈ λ/4). The results con-

firm that the parallel transmission line of the proposed antenna 

works as a quarter-wave transformer for wideband characteristics. 

Fig. 7(c) illustrates the input impedance responses of the simu-

lation and the equivalent circuit model according to the fre-

quency, where blue and red lines indicate resistance and reac-

tance values. The results of the equivalent circuit are in good 

agreement with the simulated results. This shows that the 

equivalent circuit is well modeled and represented for each part 

of the proposed antenna. The detailed values of the lumped 

elements are listed in Table 3. 

In addition, parametric studies of w2 and l2 are conducted to 

observe the sensitivity of the reflection coefficients, as shown in 

Fig. 8. Parameter w2 can adjust the reflection coefficient levels 

at the high-end frequency band, and l2 can affect the operating 

bandwidth due to the change in the capacitive couplings between 

the dipole radiator and ground. The optimum w2 of 3 mm and 

l2 of 29.7 mm are then obtained considering the stable reflection 

coefficient below −10 dB in the operating frequency band. 

To further analyze the proposed antenna, parametric studies 

are conducted considering essential design parameters such as 

the radiator width (w1), length (l1), and truncated part (d2). In 

this analysis, we focus on the observation of the fractional 

bandwidth, and the maximum reflection coefficient. The maxi-

mum reflection coefficient is defined as Γmax to observe the 

stability of the wideband operation for the proposed antenna in 

the operating frequency band from 2.75 to 5 GHz. Fig. 9(a)–9(c) 

 
(a) 

 
(b) 

Fig. 8. Parametric study results according to the transmission line 

width and length: (a) w2, (b) l2. 

 

 
(a) 

 
(b) 

 
(c) 

Fig. 9. Simulated parametric study results: Fractional bandwidth 

and Γmax according to (a) l1, (b) d1, and (c) w1. 

Table 3. Parameters of the lumped elements 

Parameter Value 

R1 167 Ω 

L1 3.53 nH 

C1 6.45 pF 

Lf 0.015 nH 
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show the simulated parametric study results of the fractional 

bandwidth, and the maximum reflection coefficient. Results are 

obtained while varying the parameters in the ranges 4 mm ≤ l1 ≤ 

24 mm, 0 mm ≤ d2 ≤ 10 mm, and 30 mm ≤ w1 ≤ 50 mm. 

Parametric studies indicate that the proposed antenna can 

achieve an over 80% fractional bandwidth with a Γmax of below 

−11.4 dB when using optimized parameters (dashed lines). 

IV. CONCLUSION 

In this paper, we proposed a wideband printed patch dipole 

antenna with a simple on-board feeding network. The proposed 

dipole antenna was printed on a substrate and was directly 

connected to the transmission line with the on-board balanced 

chip balun. The proposed antenna had measured and simulated 

fractional bandwidths of 79.5% and 83.4%, respectively. The 

simulated and measured gains were over 3 dBi in the frequency 

range of 2.75 to 4.5 GHz. The measured HPBWs were 107° 

and 86° in the zx- and zy-planes, respectively, at 3.5 GHz, and 

those at 4.5 GHz were 154° and 94°, respectively. To analyze the 

proposed antenna, an equivalent circuit was modeled, taking 

into account important antenna parts. The equivalent circuit 

results confirmed that the parallel transmission line of the pro-

posed antenna worked as a quarter-wave transformer to achieve 

wideband characteristics. In addition, through parametric 

studies, the proposed antenna achieved over 80% stable frac-

tional bandwidth with a Γmax of below -11.4 dB. For future 

work, additional or different designs will further be considered, 

such as a tapered transmission line and a cavity-backed ground 

to overcome the pattern distortion in the high-end frequency 

band. 
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I. INTRODUCTION 

With the increasing demand for high-capacity, high-

throughput and low-latency communication, the practical 

deployment of millimeter-wave (mmWave) 5G is being inten-

sively investigated to leverage the full potential of next-generation 

communications. Since the transmitter and receiver core archi-

tecture must undergo radical innovations in the mmWave spec-

trum, the unprecedented challenges in the wave transmission 

and propagation efficiency in the mmWave band must be 

thoroughly considered. To meet the required specifications of 

mmWave-5G applications, the conventional circuit fabrications 

with CMOS or GaAs technologies are no longer sufficient in 

terms of both performance criteria and power efficiency. In 

particular, the critical limitation of a GaAs HEMT is its relatively 

low power density, resulting in unsatisfactory output power gen-

eration for high power request. Owing to the need for high-

frequency high power amplifiers (PAs) and high-voltage devices 

in power electronics, the gallium nitride (GaN) technology has 

been rapidly growing with its capability in handling high power 

and continuous effort to reduce the fabrication cost. 

Since the primary advantage of GaN HEMT technology is 

emphasized by its high-power capability, many mmWave GaN 

PA MMICs (monolithic microwave integrated circuits) on both 

silicon carbide (SiC) and silicon (Si) substrates have been pre-

viously reported [1–5]. Furthermore, with the emergence of the  
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mmWave-5G market, high-performance and cost-effective 

multifunctional chips for both transmitter and receiver designs 

are in significant demand. Since GaN also provides good noise 

performance, GaN MMIC-based front end modules (FEMs) 

have been also proposed in different bands covering S-, C-, X-, 

and Ku-bands [6–10]. However, despite there being many indi-

vidual GaN MMICs, there have been few existing studies on a 

complete Ka-band component including switch, PA, and LNA 

MMICs, as an integrated module. Moreover, there are few GaN 

MMIC FEMs with practical 5G new radio (NR) measurement 

and verification. Thus, in this paper, a mmWave FEM configured 

by a GaN/SiC PA, a GaN/SiC LNA, and a GaN/Si single-pole 

double-throw (SPDT) switch MMICs is designed for n257 

band and verified with 5G NR test signals. 

II. DESIGN AND ANALYSIS 

Fig. 1 shows the proposed FEM based on a multichip con-

figuration including PA, LNA, and SPDT switch MMICs 

within a package. The proposed FEM MMICs are designed 

with two commercially available process technologies: WIN-

semi 150 nm GaN/SiC for PA and LNA MMICs and 

OMMIC 100 nm GaN/Si for SPDT MMIC. The PA and 

LNA are designed with GaN/SiC to consider the power 

handling capability and efficiency, whereas SPDT is designed 

with GaN/Si to consider the cost-effectiveness. The process 

technology features are summarized in Table 1. 

 

1. GaN/SiC LNA and PA MMIC Design 

Fig. 2 shows the DC characteristics of the different GaN/SiC 

HEMT sizes with a gate-source voltage step for 0.1 V from 

-2.5 V to 0 V. With the drain voltage of 20 V and gate biasing 

voltage of -1.2 V, the simulated power density of 480 μm 

HEMT is found as 4.81 W/mm. Also, with the drain voltage of 

5 V and gate biasing voltage of -1.5 V, the simulated power 

density of 100 μm HEMT is determined as 1.25 W/mm. Next, 

both HEMT devices are simulated to determine the optimized 

impedances for the maximum output power of PA and noise 

figure (NF) of LNA from 26.5 GHz to 29.5 GHz. Fig. 3(a) 

shows the simulated source and load impedances of 480 μm 

HEMT as a PA unit cell with drain voltage of 20 V and gate 

voltage of -1.2 V on the Smith chart at 28 GHz. The simulated 

source and load impedances of 0.84 + j1.21 Ω and 5.73 + 

j20.45 Ω, respectively are chosen to obtain the simulated maxi-

mum output power and PAE (power-added efficiency) of 32.4 

dBm and 52.37%, respectively. In addition, Fig. 3(b) show the 

simulated source and load impedances of 100 μm HEMT as an 

LNA unit cell with drain voltage of 5V and gate voltage of -1.5 V 

on the Smith chart at 28 GHz. The simulated source and load 

impedances of 13.1 + j39.17 Ω and 31.23 + j19.74 Ω are chosen 

to obtain the simulated NF and available gain of 0.95 dB and 

Table 1. Parameter summary of GaN HEMT processes

Parameter 
HEMT process values

GaN/SiC GaN/Si

Gate length (nm) 150 100

Substrate thickness (μm) 100 100

FT (GHz) 34.5 110–180

Power density (W/mm) 4 4

Transconductance (mS/mm) 435 800

Noise figure @ 40 GHz (dB)  2 1.5

Max. drain current (A/mm) 0.985 1.2–1.7

Breakdown gate voltage (V) 120 36

 
Fig. 1. Configuration of the proposed FEM based on GaN PA, 

LNA, and switch MMICs. 

 
(a) (b) 

Fig. 2. DC characteristics of GaN/SiC HEMTs with (a) 480 μm 

and (b) 100 μm sizes.
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6.28 dB, respectively. Based on the source and load pull simula-

tions from 26.5 GHz and 29.5 GHz, the obtainable output 

power, gain, and PAE for the PA unit cell, and NF, gain, and 

PAE for the LNA unit cell are summarized in Table 2. 

Using the selected 100 μm HEMT cells, a three-stage single-

ended LNA is designed as shown in Fig. 4(a). The VDD and 

VGS for all stages are biased with 5 V and -1.5 V, respectively. 

Then, Fig. 4(b) shows the simulated S-parameters and NF of 

the designed LNA. The simulated minimum NF from 26.5 GHz 

to 29.5 GHz is about 1.62 dB, whereas the simulated minimum 

gain is about 20 dB. The gain variation is less than 1 dB within 

the operation band. In addition, Fig. 4(c) shows the simulated 

output P1dB from 26.5 GHz to 29.5 GHz. The minimum 

output P1dB of 10.5 dBm is observed at 29.5 GHz, while the 

 
(a) 

 
(b) 

Fig. 3. Source and load pull simulated impedances of (a) 480 μm 

and (b) 100 μm GaN/SiC HEMTs. 

Table 2. Simulated parameter summary of the HEMT cells

Freq. (GHz) Pout (dBm) Gain (dB) PAE (%)

480 μm (PA 26.5 32.4 16.47 52.39

unit cell) 28.0 32.4 16.96 52.37

29.5 32.4 16.67 47.45

100 μm (LNA 26.5 0.91 6.34 20.34

unit cell) 28.0 0.95 6.28 21.13

29.5 1.07 6.16 21.83

 
(a) 

  

(b) (c) 

Fig. 4. GaN/SiC LNA MMIC with (a) a design schematic and simulated (b) S-parameters and NF, and (c) gain and output P1dB.
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output P1dB variation within the operation band is less than 

1.5 dB. 

Next, a two-stage PA is designed with the selected 480 μm 

HEMT devices, as shown in Fig. 5(a). The VDD and VGS in 

all stages are biased with 20 V and -1.2 V, respectively. In the 

second stage, two HEMT cells are used for parallel power com-

bining to achieve the simulated output power of 35.4 dBm. Fig. 

5(b) and 5(c) show the simulated S-parameters and output 

P1dB from 26.5 GHz to 29.5 GHz. The maximum gain of the 

PA is about 22.4 dB at 26.5 GHz and the gain variation within 

the operation band is less than 2.5 dB. Also, the simulated 

minimum output P1dB of 27 dBm is observed at 29.5 GHz, 

while the P1dB variation within the operation band is less than 

3 dB. Furthermore, Fig. 5(d) shows the simulated PAE of the 

PA, and the maximum PAE of 31.5% is observed at 28 GHz. 

 
2. GaN/Si SPDT Switch MMIC Design 

Fig. 6(a) and 6(b) show the typical switch characteristics of 

the GaN/Si HEMT device having the size of 50 μm. As the 

operation frequency reaches the mmWave band, the parasitic 

reactance and resistive loss of the HEMT device increase drasti-

cally, resulting in poor ON-and-OFF performance. Thus, to 

ensure wideband operation and high isolation between the ON 

and OFF states, an artificial transmission line-based SPDT 

switch is designed, as shown in Fig. 7(a). The simulated S-

parameters are shown in Fig. 7(b). Here, the simulated insertion 

loss is always less than 0.97 dB, while the simulated isolation is 

 
(a) 

 
(b) 

Fig. 6. GaN/Si HEMT switch characteristics with simulated (a) on 

and off state impedances and (b) S-parameters.

(a) 

 

(b) (c) (d) 

Fig. 5. GaN/SiC PA MMIC with (a) a design schematic and simulated (b) S-parameters, (c) output P1dB, and (d) PAE.
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always better than 31.5 dB within the selected operation band-

width from 26.5 GHz to 29.5 GHz. Furthermore, the simulated 

input P1dB of the SPDT within the operation band is more 

than 40 dBm. 

 

3. Bonding Wire with Transmission Line Matching 

Since the proposed FEM is configured by multiple MMICs 

with bonding wire connections, the mismatch caused by the 

bonding wires must be considered. Thus, the printed circuit 

board (PCB) transmission lines with bonding wires are simulated 

as shown in Fig. 8(a). Specifically, the microstrip line with the 

bonding wire only is compared to the microstrip line with the 

boding wire compensated by a matching pad. In the simulation, 

a Taconic TLY-5 substrate with a relative permittivity of 2.2, 

loss tangent of 0.0009, and thickness of 2.54 mm is used. Then, 

Fig. 8(b) shows that the simulated insertion loss within the op-

eration band is always better than 0.35 dB with the matching 

capacitive pad. Furthermore, the insertion loss fluctuation over 

the frequencies is improved by adopting the matching pad. 

According to Fig. 8(b), the simulated loss variation is less than 

0.2 dB within the target operation band. 

 
(a) 

 
(b) 

Fig. 8. Analysis of the bonding wire by (a) microstrip transmission 

line (MSTL) with and without a matching pad, and (b) 

simulated S-parameters. 

 

III. FABRICATION AND MEASUREMENT 

1. Measurement of the Fabricated MMICs 

The LNA and PA MMICs are fabricated with the WIN-

semi 150 nm GaN/SiC process, as shown in Fig. 9(a) and 9(b), 

respectively. Also, the SPDT switch is fabricated with OMMIC 

100 nm GaN/Si process, as shown in Fig. 9(c). The fabricated 

MMIC sizes of LNA, PA, and SPDT including bonding pads 

are 3.18 mm × 1.745 mm, 6.15 mm × 2.36 mm, and 1.16 mm 

× 2.35 mm, respectively. Then, Fig. 10(a) shows the measured 

S-parameters and NF of the fabricated LNA MMIC in com-

parison with the simulated results. The measured NF is 2.49 dB 

at 28 GHz, while the measured NF is always better than 2.52 dB 

from 26.5 GHz to 29.5 GHz. The measured 10-dB input and 

output impedance bandwidths are about 14.3% and 17.6%, 

respectively. Further, the measured gain is always better than 

20 dB within the operation band. The measured output P1dB 

at 26.5 GHz, 28 GHz, and 29.5 GHz are 12 dBm, 12.6 dBm, 

and 12.6 dBm, respectively. Next, the simulated and measured 

S-parameters of the fabricated PA MMIC are shown in Fig. 

11(a). The measured 10-dB input and output impedance band-

widths are about 8% and 19.6%, respectively, with the center 

frequency of 28 GHz. The measured gain within the operation 

band is always better than 15.7 dB, as well. Also, the measured 

output P1dB at 26.5 GHz, 28 GHz, and 29.5 GHz are 26.6 dBm, 

26.6 dBm, and 26.7 dBm, respectively as shown in Fig. 11(b). 

Furthermore, the measured peak PAE at 26.5 GHz, 28 GHz, 

(a) 

 
(b) 

Fig. 7. GaN/Si HEMT-based SPDT MMIC with (a) schematic

design and (b) simulated S-parameters. 
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(a) 

 
(b) 

 
(c) 

Fig. 11. Simulated and measured (a) S-parameters, (b) output P1dB, 

and (c) PAE of the fabricated GaN/SiC PA MMIC. 

 
and 29.5 GHz are 35.47%, 34.93%, and 34.58%, respectively as 

shown in Fig. 11(c). The measured PAE is noted to be unusu-

ally higher than the simulated PAE. A mismatch is suspected 

between the simulation PDK model and real transistor model 

since we notice a difference between the simulated and meas-

ured drain currents. Specifically, the simulated drain currents are 

544.7 mA, 545.5 mA, and 543.8 mA, whereas the measured 

drain currents are 343.2 mA, 349.8 mA, and 354.6 mA at 26.5 

GHz, 28 GHz, and 29.5 GHz, respectively for the same output 

power. Consequently, the measured PAE is found to be higher 

than the simulated PAE. Finally, Fig. 12 shows the simulated 

and measured S-parameters of the fabricated SPDT switch 

MMIC as well as the input P1dB. The 10-dB impedance is 

 
(a) 

 
(b) 

 
(c) 

Fig. 9. Fabrication of (a) GaN/SiC LNA, (b) GaN/SiC PA, and (c) 

GaN/Si SPDT switch MMICs. 

 

 
(a) 

 
(b) 

Fig. 10. Simulated and measured (a) S-parameters and NF, and (b) gain 

and output P1dB of the fabricated GaN/SiC LNA MMIC.
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satisfied over the operation band and the measured insertion 

loss is always better than 1.92 dB with a variation less than 1 dB. 

Also, the measured isolation is always better than 24.2 dB within 

the operation band. 

Furthermore, the measured input P1dB is more than 40 dBm, 

resulting in a sufficient margin for handling PA output power in 

the target FEM. 

 

2. Implementation and Measurement of the FEM 

Before integrating the fabricated GaN MMICs as a single 

FEM, the conventional transmission lines and the lines with 

bonding wires are fabricated to verify the interstage line charac-

teristics, as shown in Fig. 13. Each line is fabricated with the 

TLY-5 substrate identical with the simulation. The microstrip 

line with the matching pad shows the stable insertion loss within 

the operation band. The length of the bond wire is 0.35 mm. 

Further, the dimensions of the matching pad and 50 Ω line are 

1.02 × 1.2 mm2 and 0.72 mm, respectively. Then, the complete 

FEM is implemented using the fabricated MMICs and inter-

stage matching lines on a Taconic TLY-5 PCB and a 1.0-mm 

CPC (Cu-MoCu-Cu) heatsink carrier, as shown in Fig. 14(a). 

To verify the performance of the complete FEM, both Rx-

mode and Tx-mode S-parameters are also measured, as shown  

 
Fig. 13. Measured insertion loss of interstage lines. 

 

 
(a) 

 
(b) 

 
(c) 

Fig. 14. Fabricated FEM with (a) a photograph and measured S-

parameters in (b) Rx-mode and (c) Tx-mode. 

 
(a) 

 
(b) 

Fig. 12. Fabricated GaN/Si SPDT switch MMIC with (a) simulated 

and measured S-parameters and (b) measured input P1dB. 
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in Fig. 14(b) and 14(c), respectively. For the Rx mode measure-

ment, 5 V and -1.55 V are applied to VDD and VGS. According 

to Fig. 14(b), the measured minimum input and output reflection 

coefficients are about -8.8 dB and -9.9 dB from 26.5 GHz to 

29.5 GHz, respectively, in the FEM Rx-mode. The measured 

small signal gain at 28 GHz is 15.8 dB, while the measured gain 

variation within the operation band is less than 14 dB. Also, the 

measured NF within the operation band is always better than 

5.47 dB. Next, for the Tx mode measurement, 22.5 V, and -1.5 V 

and -1.8 V are applied to VDD and each VGS, respectively. 

The measured minimum input and output reflection coefficients 

in the FEM Tx-mode are about -4.42 dB and -4.4 dB, re-

spectively, within the operation band, as shown in Fig. 14(c). 

The measured small signal gain at 28 GHz is 13.07 dB, while 

the measured gain variation within the operation band is less 

than 6.4 dB. Finally, the fabricated FEM in the Tx mode is 

verified with 5G NR 16 QAM and 100 MHz bandwidth test 

signals as shown in Fig. 15. The measured output powers are 

20.18 dBm, 21.03 dBm, and 21.06 dBm, whereas the measured 

PAEs are 3%, 3.3%, and 2.8% at 26.5 GHz, 28 GHz, and 

29.5 GHz, respectively. Furthermore, the measured EVMs are 

4.65%, 4.78%, and 4.14% at 26.5 GHz, 28 GHz, and 29.5 GHz, 

respectively. 

IV. CONCLUSION 

In this paper, the mmWave-5G FEM configured by GaN/ 

SiC LNA and PA MMICs, as well as a GaN/Si SPDT switch 

MMIC, is presented. Each MMIC is fabricated individually 

and shows a good agreement between the simulation and 

measurement. Then, all MMICs are integrated within a single 

carrier as an FEM and successfully verified by a 5G NR signal 

with 16-QAM, 100 MHz bandwidth, and 120 kHz source 

carrier spacing. 
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I. INTRODUCTION 

Microwave/millimeter wave bandpass filters (BPFs) with 

multifunctional capabilities are highly desirable for their potential 

to reduce circuit size and reduce the cost of next-generation 

wireless communication systems [1, 2]. So far, many designs 

have been proposed for tunable BPFs that employ different tuning 

elements such as varactor diodes, RF microelectromechanical 

systems (MEMS), or PIN diodes [3–5]. Among these, varactor-

diode based planar tunable BPFs are of particular interest for 

their ease of easy integration into microwave communication 

systems. Previous studies have proposed various planar tunable 

BPF designs, each with a different topology and functionality, 

including bandpass to bandstop switchable, multi-band, and 

bandwidth (BW) control [6–13]. A planar tunable BPF that 

used a switched varactor diode resonator over a wide frequency 

tuning range (FTR) was presented in [14], however, this BPF 

had poor frequency selectivity characteristics. In [15], a two-pole 

tunable BPF was presented over a wide FTR, however, this design 

required numerous tuning elements and dc-bias voltage control 

elements. 

Recently, tunable BPFs based on multi-mode resonators have 

attracted attention for their potential to reduce circuit size [16–

19]. In [20], a tunable BPF based on a synchronously tuned 

dual-mode resonator was tested. In addition, an electronically 

tunable planar BPF using a nonuniform Q-factor of dual-mode 

resonators was presented in [21] to enhance passband flatness. 

In [22], a wideband tunable BPF was designed with a multi- 
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mode step-impedance resonator (SIR), however, this design 

exhibited poor frequency selectivity characteristics. Similarly, a 

second-order quasi-elliptic tunable BPF with a constant 3-dB 

BW using varactor-tuned dual-mode resonators was presented 

in [23]. In [24], a tunable BPF based on an element-variable 

coupling matrix and dual-mode resonators was demonstrated; 

however, this design required numerous tuning elements and a 

dc-bias control voltage element. The wideband tunable BPF 

based on a tunable external Q-factor and the multi-mode reso-

nators presented in [25] also suffered same issues. In [26], a tuna-

ble BPF with a single dc-bias control was presented; however, 

this design exhibited high insertion loss and poor frequency 

selectivity characteristics. 

In recent years, various BPFs with arbitrarily terminated port 

impedances have been reported [27–30]. However, these arbi-

trarily terminated port impedances BPFs were reported at a 

fixed center frequency. Meanwhile, conventional tunable BPFs 

are limited to a 50-to-50 Ω (RS = RL = 50 Ω) termination im-

pedance design. Thus, designing a frequency-selective BPF 

capable of center frequency tuning and arbitrary termination 

impedance is an important step in the miniaturization of 

emerging next-generation wireless communication systems.  

This paper proposes a frequency selective tunable BPF with 

arbitrarily terminated port impedances based on a dual-mode 

tunable resonator. In this design, frequency selectivity is achieved 

by generating transmission zeros (TZs) located at the lower and 

upper frequencies of the passband. The proposed dual-mode 

tunable BPF with arbitrary port termination impedance is 

designed by modifying the coupling matrix of a 50-to-50 Ω 

frequency-fixed filter. 

II. DESIGN METHOD 

Fig. 1(a) depicts the proposed structure of a tunable BPF 

where the source and load ports are arbitrarily terminated with 

RS ±  jXS and RL  ±  jXL impedances, respectively. The proposed 

tunable BPF comprises a dual-mode resonator that provides the 

even- and odd-mode resonant frequencies. Fig. 1(b) presents 

the coupling diagram of the proposed BPF, where each node 

represents even-and odd-mode resonant frequencies. In this 

figure, the solid and dashed lines illustrate the direct coupling 

and cross-coupling paths, respectively. Using a lossless (N + 2) 

× (N + 2) filter model, the coupling matrix of the proposed 

tunable BPF is given as (1), where the source and load ports are 

normalized to 1 Ω. 
 

𝑀 = 0 𝑀 𝑀 𝑀𝑀 𝑀 + 𝑥 0 𝑀𝑀 0 𝑀 + 𝑥 𝑀𝑀 𝑀 𝑀 0 . 

(1)
 

The diagonal elements of the coupling matrix have nonzero 

values, which represent the susceptance of a dual-mode resona-

tor. The self-resonant frequencies (𝑓 , even-mode; 𝑓 , odd-

mode) of a dual-mode resonator can be calculated by as follows: 
 𝑓 / = 4 + 𝑀 / + 𝑥 𝛥 − 𝑀 / + 𝑥 𝛥 , (2)
 

where 𝑓 , Δ, and x indicate the center frequency, fractional BW, 

and tuning element of the filter, respectively. 

For a tunable BPF with a normalized arbitrary source im-

pedance (rS±jxs) and load impedance (rL ± jxL), the (N + 2) × 

(N + 2) coupling matrix of filter is evaluated as follows:  
 

𝑀 = ⎣⎢⎢
⎡ 0 𝑀 𝑀 𝑀𝑀 𝑀 + 𝑥 0 𝑀𝑀 0 𝑀 + 𝑥 𝑀𝑀 𝑀 𝑀 0 ⎦⎥⎥

⎤
, 

(3)
 

where 
 𝑀 = 𝑀𝑟 − 𝑥𝑟 𝑀 ,  𝑀 = 𝑀𝑟 + 𝑥𝑟 𝑀  

(4a)𝑀 = 𝑀√𝑟 + 𝑥𝑟 𝑀 ,  𝑀 = 𝑀√𝑟 + 𝑥𝑟 𝑀  (4b)𝑀 = 𝑀 − 𝑥𝑟 𝑀 ,  𝑀 = 𝑀 − 𝑥𝑟 𝑀  (4c)𝑀 = 𝑀𝑟 𝑟 , 𝑟 = 𝑅50 , 𝑥 = 𝑋50 , 𝑟 = 𝑅50 , 𝑥 = 𝑋50 
(4d)

 

Similarly, RS and RL are the real parts and XS and XL are the 

imaginary parts of the source and load port impedances, respec-

tively, which are normalized with reference to 50 Ω. The S-

parameters of an arbitrary impedance terminated BPF can be 

obtained as.  
  𝑆 = 1 + 𝐴 , , 𝑆 = − 𝐴 , , (5)

where 𝐴 = 𝑀 − 𝑗𝑅 + 𝜔𝑊  (6a)

 
         (a)                         (b) 

Fig. 1. Structure of the proposed tunable BPF with arbitrarily ter-

minated port impedance: (a) proposed BPF and (b) coupling 

diagram. 
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𝜔 = 𝑓𝑓 − 𝑓𝑓𝛥  (6b)
 

[R] is the (N + 2) × (N + 2) is zero matrix, except for the non-

zeros entries of 𝑅 = 1 𝑟⁄  and 𝑅 , = 1 𝑟⁄ . Similarly, 

[𝑊 ] is the (N + 2) × (N + 2) identity matrix except for  𝑊 = 0 and 𝑊 , = 0. 

Let us consider a case in which 𝑓  and Δ are 2.50 GHz and 

4.40%, respectively, for a Chebyshev filter with a ripple of 0.043 

dB. The synthesized (N + 2) × (N + 2) coupling matrix of the 

proposed tunable BPF with source and load ports of 1 Ω can be 

determined as.  
 𝑀 = 0 −0.8597 0.8146 0.0630−0.8597 1.6619 + 𝑥 0 0.85970.8146 0 −1.6675 + 𝑥 0.81460.0630 0.8597 0.8146 0 .

(7)
 

The (N + 2) × (N + 2) coupling matrix of the arbitrarily 

terminated BPF can be calculated using (3) and (7).   

Fig. 2 shows the synthesis result of a tunable BPFs using a 

coupling matrix. The center frequency is tuned from 2.10 GHz 

to 3 GHz by varying x from -8.2 to 8.2. The TZs are located at 

the lower and higher frequencies of the passband. The location 

of the TZs can be controlled by changing the source-load 

coupling (MSL). Similarly, the TZs are also moved while tuning 

the center frequencies. These results indicated that even though 

the source and load termination impedances (RS and RL) of 

BPF are chosen arbitrarily, the response remans identical.      

 

1. Proposed Dual-Mode Resonator 

Fig. 3 shows the structure of the proposed dual-mode resona-

tor, which comprises of series transmission lines (TLs) with 

characteristics impedance of Z2 and Z1, electrical lengths of θ2, 

θ1, and θ0; and a shunt short-circuited stub with a characteristic 

impedance of Zk and an electrical length of θk. Fig. 3(b) and 3(c) 

depict the even- and odd-mode equivalent circuits. Using these 

circuits, the even- and odd-mode input admittances are derived as 

follows: 
 𝑌 = 𝑗𝑌 𝑌 + 𝑌 𝑡𝑎𝑛 𝛽 𝐿𝑌 − 𝑌 𝑡𝑎𝑛 𝛽 𝐿  

(8a)𝑌 = 𝑗𝑌 𝑌 + 𝑌 𝑡𝑎𝑛 𝛽 𝐿𝑌 − 𝑌 𝑡𝑎𝑛 𝛽 𝐿  
(8b)

 

where 
 𝑌 = 𝑌 , 𝑌 = 𝑌  (9a)𝑌 = 𝜔𝐶 𝐴𝜔𝐶 2𝑌 + 𝑌 𝑐𝑜𝑡 𝛽 𝐿 𝑡𝑎𝑛 𝛽 𝐿 + 𝐴  (9b)𝐴 = 2𝑌 𝑡𝑎𝑛 𝛽 𝐿 − 𝑌 𝑌 𝑐𝑜𝑡 𝛽 𝐿 , 𝑌 = . (9c)

 

The even- and odd-mode resonant frequencies (𝑓  and 𝑓 ) 

can be calculated by equating 𝑖𝑚 𝑌 = 0 and 𝑖𝑚 𝑌 = 0.  

Fig. 4(a) shows the calculated resonant frequencies for differ-

ent values of Cv. The frequencies 𝑓  and 𝑓  are tuned by 

changing the varactor diode capacitance from 1 pF to 20 pF. 

Similarly, Fig. 4(b) shows the simulated resonant frequencies for 

different values of Lk. Here, the value of Cv is maintained at 1 pF. 

As highlighted in this figure, the even-mode resonant frequency 

moves lower as the Lk increases, however, the odd-mode reso-

nant frequency remains constant. These results confirm that the 

separation between the even- and odd-mode resonant frequencies 

can be controlled by Lk. 

 
2. External Quality Factors 

Fig. 5 shows the configuration of even- and odd-mode external 

Q-factors that are controlled by the series TL physical parameters 

Ws and Ls, as well as the coupled line physical parameter g2. 

The external Q-factors can be extracted using the method 

 
Fig. 2. Synthesis results of a tunable BPF using a coupling matrix 

with Δ = 4.4% and fc = 2.50 GHz. 

 
(a) 

 

 
   (b)    (c) 

Fig. 3. (a) Proposed structure of the dual-mode resonator, (b) even-

mode equivalent circuit, and (c) odd-mode equivalent circuit. 



JOURNAL OF ELECTROMAGNETIC ENGINEERING AND SCIENCE, VOL. 22, NO. 6, NOV. 2022 

650 
   

  

proposed in [20] as follows: 
 𝑄 = , 𝑄 = , (10)
 

where 𝑄  and 𝑄  indicate for even and odd-mode external 

Q-factors, respectively. Similarly, 𝜏  is the group delay at 𝑓  

and 𝑓 . 

Fig. 6(a) and (b) show the extracted even- and odd-mode ex-

ternal Q-factors as functions of Ws and g2, respectively. The 

external Q-factors increases with the values of Ws and g2 and 

the desired external Q-factors are therefore obtained by con-

trolling Ws and g2. Similarly, Fig. 6(c) shows the extracted Q-

factor as a function of the center frequency. As indicated in this 

figure, the extracted Q-quality factors are nearly constant across 

a wide range of center frequencies. A summary of the step-by-

step design method for the proposed BPF is provided in Fig. 7.  

To validate the proposed arbitrary port-terminated tunable 

BPF, the simulation results of 50-to-50 Ω, 25-to-50 Ω and 20 

+ j10-to 50 Ω microstrip line BPFs as shown in Figs. 8 and 9, 

are compared with the coupling matrix synthesis results. The 

two TZs located at the lower and upper sides of the passband 

are generated by source-load coupling, which is implemented 

through a coupled line. The simulation results of microstrip line 

BPFs are consistent with the coupling matrix synthesis results.  

 
(a) 

 
(b) 

Fig. 4. Resonant frequencies of the dual-mode resonator with Y1 = 

Yk = 1/70, Y2 = 1/60, L0 = 4.1 mm, L1 = 8.3 mm, L2 = 12.3 

mm and various (a) Cv and (b) Lk. Substrate: Taconic with a 

dielectric constant of 2.2 and thickness of 0.787 mm. 

 

 
 (a)                  (b) 

Fig. 5. External Q-factor implementations: (a) even-mode and (b) 

odd-mode.  

 

 
(a) 

 
(b) 

 
(c) 

Fig. 6. External Q-factors with Ls = 10 mm, L0 = 3.86 mm, L1 = 

8.26 mm, L2 = 12.3 mm, W1 = 1.36 mm, W2 = 1.20 mm, 

Wk = 0.25 mm, and Lk = 2 mm: (a) Ws, (b) g2, and (b) f0. 

Substrate: Taconic with a dielectric constant of 2.2 and 

thickness of 0.787 mm.  

 

 
Fig. 7. Design flow chart of the proposed tunable BPF with arbi-

trarily terminated port impedances. 
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(a) 

 
(b) 

Fig. 8. Simulation results of the tunable BPFs: (a) 50-to-50 Ω BPF 

and (b) 25-to-50 Ω BPF. Solid line indicates coupling matrix 

and dashed line indicates transmission line circuit simulation. 

 

 
Fig. 9. Simulation results of tunable 20 + j10-to-50 Ω BPFs. Solid 

line indicates coupling matrix and dashed line indicates 

transmission line circuit simulation. 

These results indicate that the tunable BPF with input/output 

complex port impedances can be designed by modifying the 

input/output external quality factors and even-mode resonant 

frequency of the dual-mode resonator. The center frequency is 

tuned from 2.08 GHz to 3 GHz by varying the value of Cv 

from 1.16 pF to 60 pF. Moreover, the two TZs are also tuned 

as the center frequency is tuned. 

To investigate the effect of source-load coupling, the simula-

tion results obtained with a different gap (gc) between the coupled 

lines, as shown in Fig. 10, are analyzed. As shown in the figure, 

the TZs move slightly away from the passband as the value of gc 

increases. 

III. SIMULATION AND MEASUREMENT RESULTS 

To experimentally validate the proposed BPF, three tunable 

BPF prototypes (50-to-50 Ω, 25-to-50 Ω and 20 + j10-to-50 Ω) 

are fabricated and measured using the Taconic substrate (die-

lectric constant εr = 2.20 and thickness h = 0.787 mm, and loss 

tangent tanδ = 0.0009). Each tunable BPF was designed using 

a Chebyshev response with a passband return loss of 20 dB for 

an FTR between 2.10 GHz and 3 GHz. Variable capacitances 

are implemented using varactor diode SMV 1233-079LF 

(Skyworks Corporation), which provides diode capacitance be-

tween 1.1 pF and 60 pF at 2 GHz by varying the reverse bias-

voltage between 15 and 0 V. The physical dimensions of the 

fabricated the BPFs are shown in Table 1. 

Fig. 11 shows the simulated and measured results of the 50-

to-50 Ω (RS = RL = 50 Ω, Xs = XL = 0 Ω) tunable BPF. The 

measurement results are consistent with those of the simulation 

results, confirming that the center frequency is tuned from 2.1 

GHz to 3.02 GHz (920 MHz or an FTR of 35.94%), while the 

insertion loss varies from 2.82 dB to 1.66 dB and the 3-dB BW 

varies from 238 to 265 MHz. Similarly, the measured return 

losses are better than 12.5 dB in the overall FTR.  

Fig. 12 shows the simulation and measurement results of the 

25-to-50 Ω (RS = 25 Ω, RL = 50 Ω and Xs = XL = 0 Ω) tunable 

BPF. The measured center frequency is tuned from 2.2 GHz to 

3.02 GHz (820 MHz) with an FTR of 31.42%. Similarly, the 

 
Fig. 10. Simulation results with different transmission zero (TZ) 

locations according to gc. 



JOURNAL OF ELECTROMAGNETIC ENGINEERING AND SCIENCE, VOL. 22, NO. 6, NOV. 2022 

652 
   

  

Table 1. Physical dimensions of fabricated BPFs 

50-to-50 Ω BPF (RS = 50 Ω, RL = 50 Ω, XS = XL = 0 Ω) 

Ws Ls W2 L2 g2 W1

1.50 5 1.32 12 0.13 1.50

L1 L0 Wk Lk W3 L3

9 1.5 1.36 1.58 1.32 12

g3 WL LL WsL gsL LsL

0.13 1.2 5 0.6 0.13 4.8

25-to-50 Ω BPF (RS = 25 Ω, RL = 50 Ω, XS = XL = 0 Ω)

Ws Ls W2 L2 g2 W1

1.80 10 1.34 12 0.27 1.50

L1 L0 Wk Lk W3 L3

9 1.5 1.36 1.62 1.32 12

g3 WL LL WsL gsL LsL

0.14 1.20 5 0.4 0.13 4.8

20 + j10-to-50 Ω BPF (RS = 20 Ω, RL = 50 Ω, XS = 10 Ω, XL = 0 Ω)

Ws Ls W2 L2 g2 W1

2.1 8 1.30 12 0.30 1.50

L1 L0 Wk Lk W3 L3

9 1.5 1.36 1.62 1.32 12

g3 WL LL WsL gsL LsL

0.14 1.20 5 0.4 0.13 4.8

The dimensions are in millimeters. 

 

 
(a) 

 
(b) 

Fig. 11. Simulation and measurement results of the 50-to-50 Ω 

BPF: (a) S-parameters, and (b) measured insertion loss 

and 3-dB bandwidth. 

 
(a) 

 
(b) 

Fig. 12. Simulation and measurement results of 25-to-50 Ω BPF: 

(a) S-parameters, and (b) measured insertion loss and 3-dB 

bandwidth. 

 

 
(a) 

 
(b) 

Fig. 13. Simulation and measurement results of 20 + j10-to-50 Ω 

BPF: (a) S-parameters, and (b) measured insertion loss and 

3-dB bandwidth. 

 

measured insertion loss varies from 2.4 dB to 1.67 dB whereas 

the 3-dB BW varies from 249 to 277 MHz. The measured 

return losses in the overall FTR are better than 12.5 dB.  

Fig. 13 shows the simulation and measurement results of the 

20 + j10-to-50 Ω (RS = 20 Ω, Xs = 10 Ω and RL = 50 Ω, XL = 

0 Ω) tunable BPF. The center frequency is tuned from 2.10 GHz 
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to 3.01 GHz (910 MHz) with an FTR of 35.62%. Similarly, 

the measured insertion loss varies from 2.55 dB to 1.76 dB 

whereas 3-dB BW varies from 242 to 282 MHz. The measured 

return losses in the overall FTR are better than 12 dB. Photo-

graphs of the fabricated filters are shown in Fig. 14. 

Table 2 compares the proposed tunable BPF with those de-

scribed in previous studies. As observed from Table 2, the pre-

viously reported tunable BPFs have limited to a 50-to-50 Ω 

termination impedance filter design [11–26]. Similarly, in [27] 

presents a direct coupling matrix synthesis of arbitrary input and 

output port impedances. In [28], a second-order all pole (without 

TZs) BPF with only one port complex impedance is demonstrated 

using substrate-integrated evanescent mode (EVA) cavity reso-

nators. The work in [29] presents an active N + 3 coupling based 

BPF design by incorporating a transistor model for small-signal 

as input conjugately matched input impedance. In [30], the 

arbitrary input and output port complex impedances BPF with-

out any TZs is designed and fabricated using an SIR. However, 

since these previous studies [27–30] have experimentally demon-

strated arbitrarily terminated BPF at a fixed center frequency, 

they might have faced difficulty in the physical realization of 

arbitrary input and output port impedance tunable BPFs. In 

contrast, the present study demonstrates arbitrarily terminated 

port impedance tunable BPFs (real-to-real and real-to-complex 

port impedances BPFs) over a wide FTR as well as two TZs. 

The result shows that the impedance transformer and frequency-

selective tunable BPF can be integrated within a single circuit. 

   
(a)                 (b)               (c) 

Fig. 14. Photographs of the fabricated tunable BPFs: (a) 50-to-50 Ω 

and (b) 25-to-50 Ω BPF, and (c) 20 + j10-to-50 Ω BPF.

Table 2. Performances comparison between the proposed design and those proposed in previous studies 

Study Frequency (GHz) RS/RL (Ω) IL (dB) 3-dB BW (MHz) RL (dB) TZs NVR NCV

Gao and Rebeiz [11] 0.97–1.53 50/50 4.2–2.0 48–92a >10 Yes 7 4

Chiou and Rebeiz [12] 1.5–2.20 50/50 5.1–3.2 50–170a >10 Yes 9 3

Chiou and Rebeiz [13] 1.75–2.25 50/50 7.2–3.2 70–100a >10 Yes 5 2

Jung and Min [14] 0.255–0.455 50/50 1.8–1.40 70–76 >10 No 10 4

Chi et al. [15] 1.7–2.70 50/50 4.9–3.8 50–110 >10 Yes 7 4

Lu et al. [16] 0.70–1.78 50/50 4.5–2.0 70–98a >10 Yes 2 1

Chaudhary et al. [17] 2.36–2.85 50/50 3.52–1.45 NA >12 Yesb 3 2

Tang and Hong [18] 0.60–1.03 50/50 2.2–1.40 80–90 >10 Yesb 4 2

Lu et al. [20] 1.15–2 50/50 3.6–2.40 110–118a >10 Yes 2 1

Guo et al. [21] 1.35–1.60 50/50 4.90–2.30 NA >10 Yes 10 5

Chen et al. [22] 0.77–1.42 50/50 3.10–1.0 184–360 >10 No 6 3

Athukorala and  

Budi mir [23] 

1.45–1.96 50/50 1.6–2.50 210–220 >10 Yes 2 2 

Lu et al. [24] 0.8–1.21 50/50 3.8–1.8 130–140 >10 Yes 10 4

Lim et al. [26] 1.52–2.91 50/50 3.2–1.70 412–878 >10 No 3 1

Chen et al. [28] 3 3 - 5j/50 NA NA >12 No NA NA

Gao et al. [29] 10 NA NA NA >13 No NA NA

Kim and Jeong [30] 2.60 30 + 10j/50 0.89 140 >19.33 No NA NA

This work 2.10–3.02 50/50 2.82–1.66 238–265 >12.5 Yes 2 1

 2.20–3.02 25/50 2.40–1.67 249–277 >12.8 Yes 2 1

 2.10–3.04 20 + j10/50 2.55–1.80 242–285 >12 Yes 2 1

IL = insertion loss, RL = return loss, NVR = number of varactor diode, NCV = number of control voltage. 
a1-dB BW, TZs on both sides of passband frequency. bTZs at only one side of passband frequency.
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IV. CONCLUSION 

In this paper, we demonstrated an arbitrarily terminated port 

impedances tunable BPF with transmission zeros. The proposed 

tunable BPF is based on a coupling matrix and a dual-mode 

tunable resonator. The designed tunable BPF with arbitrary 

termination impedance modified couplings between source/load 

and resonators of a 50-to-50 Ω BPF design. To validate the 

proposed design, three microstrip line tunable BPFs prototypes 

(50-to-50 Ω, 25-to-50 Ω, and 20+j10-to-50 Ω BPF) are de-

signed and fabricated. The measurement results revealed that 

the center frequency is tuned across a wide frequency range. 
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I. INTRODUCTION 

Recently, the use and application of electromagnetic (EM) 

materials, devices, and systems have become more popular. Their 

operating frequency ranges have tended to be broader and higher 

in basic and applied science fields (e.g., communication, military, 

security, transportation, aerospace, astronomy, and medical). The 

electrical parameters of EM materials, such as permittivity [1–3], 

permeability [4, 5], and reflectivity [6], are indispensable for 

analyzing and designing EM materials, devices, and systems. 

The resonator material measurement method [2, 4] can pro-

vide accurate material parameters at some discrete resonance 

frequencies from the measurement of a shift of the resonance 

frequency and a change of the quality (Q) factor of a resonator. 

The transmission/reflection (T/R) material measurement 

method [7–9] based on a transmission line is widely used for 

characterizing material parameters from the measurement of 

the transmission and reflection properties of a material under 

test (MUT) in the transmission line. One may divide the T/R 

material measurement method into categories: the type of 

transmission line, and the number of measurement ports of a 

material measurement system. 

The closed guided-wave T/R material measurement method 

using a coaxial line [10] and a waveguide [8, 9] is suitable for a 

low-frequency range for which the precise machining of an 

MUT for insertion into the guided-wave structure is available. 

The open guided-wave T/R material measurement method 

[11–14], which uses an antenna as the radiating device in free  
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The scattering parameters of a material under test (MUT) are prerequisites for characterizing the material parameters of the MUT. This 

paper describes a free-space two-tier one-port calibration method using a planar offset short as a free-space calculable reflect standard for 

measuring the scattering parameters of an MUT from the two successive one-port calibrations of a free-space material measurement sys-

tem without a precise positioning system in free space. The two-tier one-port calibration method is validated by comparing the measure-

ment results with those of the thru-reflect-line (TRL) calibration method for two reciprocal MUTs (glass plates of 2.780 mm and 4.775 

mm thickness) in the W-band (75–110 GHz). Good agreement between the measurement results from the two calibration methods 

demonstrates that the free-space two-tier one-port calibration method using a planar offset short can be a feasible and effective alternative 

to the conventional free-space two-port calibration methods. 

Key Words: Free-Space Measurement, Material Measurement, One-Port Calibration, One-Port Measurement, Reflect Standard. 

 

 

Manuscript received March 6, 2022 ; Revised June 7, 2022 ; Accepted July 21, 2022. (ID No. 20220306-027J)  

Safety Measurement Institute, Korea Research Institute of Standards and Science (KRISS), Daejeon, Korea. 
*Corresponding Author: Jin-Seob Kang (e-mail: jinskang@kriss.re.kr) 
 

 

This is an Open-Access article distributed under the terms of the Creative Commons Attribution Non-Commercial License (http://creativecommons.org/licenses/by-nc/4.0) which permits 

unrestricted non-commercial use, distribution, and reproduction in any medium, provided the original work is properly cited. 

ⓒ Copyright The Korean Institute of Electromagnetic Engineering and Science. 



KANG: FREE-SPACE TWO-TIER ONE-PORT CALIBRATION USING A PLANAR OFFSET SHORT FOR MATERIAL MEASUREMENT 

657 

  
 

space, is typically used in a high-frequency range for which the 

antenna has a manageable size. This method is appropriate for 

non-destructively testing an MUT without precise machining 

and physical contact at varying temperatures. On the other hand, 

the T/R material measurement method, which uses a waveguide 

and an antenna, can provide a frequency-banded material pa-

rameter due to the limit of the operating frequency range of the 

waveguide and antenna. In contrast, the T/R material measure-

ment method, which employs a coaxial line, can provide a 

broadband material parameter because the coaxial line can sup-

port the propagation of the transverse electromagnetic (TEM) 

mode. 

The two-port material measurement method, which utilizes 

the scattering parameters (i.e., transmission and reflection co-

efficients) of an MUT, is adequate for simultaneously determin-

ing the permittivity and permeability of the MUT. In contrast, 

the one-port material measurement method, which uses the 

reflection property of an MUT, can determine only one of the 

two material parameters of the MUT [15]. To obtain both 

material parameters from a one-port material measurement, one 

would need two independent reflection measurements with, for 

example, two MUTs of different thickness [16] or one MUT 

placed at different positions [5] in a transmission line.  

In general, one-/two-port T/R material measurements consist 

of the following steps [7–9]: 

Step 1: To remove the systematic errors of a material measure-

ment system, one calibrates the measurement system at 

either one reference plane corresponding to one side of an 

MUT for a one-port measurement or two reference 

planes corresponding to both sides of an MUT for a two-

port measurement [17]. 

Step 2: One measures either the reflection coefficient of the 

MUT for a one-port measurement or the scattering pa-

rameters of the MUT for a two-port measurement using 

the calibrated material measurement system. 

Step 3: One extracts the material parameters of the MUT from 

the measured data using EM theory. 

To accurately and precisely measure the transmission and re-

flection properties of an MUT, a calibration method is required 

that uses well-characterized calibration standards traceable to 

the national measurement standard [17, 18]. This calibration 

method reduces uncertainty in the measurements of the extracted 

material parameters of the MUT.  

Several free-space two-port calibration methods, such as the 

thru-reflect-line (TRL), thru-reflect-match (TRM), and gated-

reflect-line (GRL) methods, are widely used for material meas-

urement. These conventional free-space two-port calibration 

methods need: 

 A precise positioning system for varying the separation 

distance between an antenna and a reflect standard in the 

calibration and between the antenna and an MUT in the 

measurement in the TRL method [11, 12], 

 A well-matched broadband EM absorber in the calibration 

in the TRM method [19], and 

 A time-gating measurement and a planar metal plate as 

thick as an MUT in the calibration; a de-embedding pro-

cess that compensates for the effect of differences in thick-

ness between the metal plate used in the calibration and the 

MUT used in measurements with the GRL method [20].  

The TRM and GRL methods can apply to cases in which an 

MUT and the measurement port of a material measurement 

system are stationary. In these cases, one can ignore the uncer-

tainty caused by movements of the RF cable in the calibra-

tion/measurement.  

Generally, the one-port calibration/measurement is preferred 

over the two-port calibration/measurement due to the simplicity 

and low-cost implementation of the measurement system and 

operating scheme of the former. The two-tier one-port calibra-

tion method [21], which is widely used to measure the scattering 

parameters of an adapter (e.g., coaxial to waveguide adapter), 

can be applied to a waveguide material measurement [22]. To 

do so, it needs at least three independent reflect standards—

e.g., short, open, load for a coaxial case and short, offset short, 

load for a waveguide case [17, 18]—for two successive one-port 

calibrations in the measurement. This method can apply to a 

free-space material measurement provided an independent re-

flect standard is available. If a free-space material measurement 

system can precisely vary the separation distance between an 

antenna and a reflect standard, a free-space independent reflect 

standard is readily implemented by changing the separation 

distance. If not, then applying the two-tier one-port calibration 

method to a free-space material measurement will be challeng-

ing because it is not easy to realize an independent reflect 

standard in free space. 

Recently, a planar offset short has been proposed as a free-

space calculable reflect standard with a simple structure [23]. A 

two-tier one-port calibration method using the planar offset 

short has demonstrated its feasibility in measuring the scattering 

parameters of an MUT without a precise positioning system 

in free space [24]. This paper extends this previous work by 

adding an in-depth description of the calibration procedure 

and measurement results. To the best of our knowledge, our 

work is the first realization of a two-tier one-port calibration 

method for a free-space material measurement. 

In this paper, Section II briefly describes a planar offset short 

[23] for the purpose of providing sufficient background infor-

mation. Section III describes a free-space two-tier one-port 

calibration using the planar offset short and its advantages. In 
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Section IV, the two-tier one-port calibration method is validated 

by comparing its measurement results with those of the TRL 

method for two reciprocal MUTs (glass plates of 2.780 mm and 

4.775 mm thickness) using a quasi-optic-based free-space 

measurement system in the W-band (75–110 GHz). Finally, 

Section V summarizes this paper. 

II. FREE-SPACE CALCULABLE REFLECT STANDARD 

Assume that a Gaussian beam, as a localized plane wave, is 

incident upon the central area of a planar metal plate, as shown 

in Fig. 1. The central area is planned by an offset (l) from the 

reference plane. Its diameter (𝐷) is suggested to be at least three 

times larger than the waist (𝑑) of the Gaussian beam incident 

upon the central area such that the edge diffraction effect caused 

by the metal plate in a quasi-optic-based free-space measure-

ment can be ignored [25]. In this case, a planar metal plate with 

a simple structure works similarly to an infinite metal plane il-

luminated by the plane wave [23] whose reflection coefficient at 

the reference plane may be expressed as 
 

      Γ 𝑙) = −𝑒 , (1)
 

where j and k denote the imaginary unit and wavenumber, 

respectively. Eq. (1) implies that the planar offset short of an 

offset (l) is suitable for utilization as a free-space calculable 

reflect standard due to the following reflection properties: (i) the 

magnitude of the reflection coefficient is unity regardless of the 

offset and signal frequency; (ii) its phase is linearly proportional 

to the offset and frequency; (iii) the reflection property is cal-

culable and traceable to the national length standard because it 

is characterized by only the physical dimension (i.e., offset) of 

the planar offset short. 

This paper uses a planar offset short of 125 × 125 mm2 square 

and 8 mm thickness, where the diameter (D = 125 mm) of its 

central area is five times larger than the waist (d = 25 mm) of 

the Gaussian beam incident upon the central area in the W-

band [23]. 

III. FREE-SPACE TWO-TIER ONE-PORT CALIBRATION 

USING PLANAR OFFSET SHORT 

1. Free-Space One-Port Calibration and Measurement 

A free-space one-port material measurement may be repre-

sented as a three-term error model [22], as shown in Fig. 2. The 

test port of a reflectometer, such as a vector network analyzer 

(VNA), is connected to the front side of an MUT at reference 

plane #1 via an error adapter describing an antenna and an air 

region between the test port and the front side of the MUT. 

The reflection coefficient Γ  of the MUT measured at the test 

port may be expressed as 
 

       Γ = , (2)
 

where 𝛤  denotes the reflection coefficient of the MUT, 

(𝐸 , 𝐸 , 𝐸 ) are three one-port systematic errors of the error 

adapter related to reflection tracking, directivity, and port match, 

and α denotes an arbitrary constant.  

The one-port systematic errors can be determined using at 

least three independent reflect standards in the one-port calibra-

tion at reference plane #1. Provided that both the measured 

(𝛤 ,𝛤 ,𝛤 ) and theoretical (𝛤 ,𝛤 ,𝛤 ) reflection coeffi-

cients of the three reflect standards are given, one may deter-

mine the systematic errors by using the following matrix equa-

tion [18]: 
 

       
𝐸𝐸𝐸 = Γ 1 Γ ΓΓ 1 Γ ΓΓ 1 Γ Γ ΓΓΓ . 

(3)
 

The systematic errors constitute the cascade matrix of the 

error adapter, which is given by 
 

      𝑇 = 𝐸 𝐸−𝐸 1 . (4)
 

Once the systematic errors are determined, one can obtain 

Fig. 1. Schematic of a planar offset short illuminated by a Gaussian 

beam in a free-space one-port material measurement.

 
Fig. 2. Three-term error model of a free-space one-port material 

measurement.
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the reflection coefficient of an MUT from its correction measured 

at the test port, which is given by 
 

       Γ = . 
(5)

 

2. Free-Space Two-Tier One-Port Calibration Using Three Reflect 

Standards 

The measurement procedure of a free-space two-tier one-

port calibration using three reflect standards consists of the 

following steps, as shown in Fig. 3. 

Step 1: One determines the cascade matrix 𝑇  of an error 

adapter from the measured Γ , 𝑖 = 1,2,3) and theo-

retical Γ , 𝑖 = 1,2,3) reflection coefficients of three 

planar offset shorts of different offset 𝑙 , 𝑖 = 1,2,3) 

by performing the one-port calibration—Eqs. (3) and 

(4)—at reference plane #1, which is located in the far-

field region of the antenna of a material measurement 

system, as shown in Step 1 in Fig. 3. The theoretical 

reflection coefficients are calculated by substituting the 

measured offset of the planar offset shorts into Eq. (1). 

Step 2: After placing an MUT at reference plane #1, one de-

termines the cascade matrix 𝑇  of the cascade of 

the error adapter and the MUT from the measured Γ , 𝑖 = 1,2,3) and theoretical Γ , 𝑖 = 1,2,3) reflec-

tion coefficients of the same three planar offset shorts 

in Step 1 by performing the one-port calibration at 

reference plane #2, as shown in Step 2 in Fig. 3. The 

front and back sides of the MUT correspond to refer-

ence planes #1 and #2, respectively. 
Step 3: One calculates the scattering matrix 𝑆  of the 

MUT from the cascade matrices 𝑇  and 𝑇  ob-

tained in Steps 1 and 2 using Eqs. (6) and (7), as 

shown in Step 3 in Fig. 3. 
 

      𝑇 = 𝑇 𝑇 , (6)

       𝑆 = T det 𝑇 )1 −T . 
(7)

 

The scattering parameters of a reciprocal MUT may be ex-

plicitly expressed [22] as 
 

       𝑆 = , (8)

       𝑆 = , (9)

𝑆 = 𝑆 = . (10)
 

The superscripts "e" and "t" denote the systematic errors 

obtained in Steps 1 and 2, respectively. 

The free-space two-tier one-port calibration method using a 

planar offset short has the following advantages: 

 A free-space material measurement system can be easily 

one-port-calibrated by using a planar offset short without 

an expensive precision positioning system in free space. 

 The free-space two-tier one-port calibration can be more 

easily implemented than the conventional free-space two-

port calibration due to the simplicity and low-cost imple-

mentation of the measurement system and operating scheme 

of the former. 

 The measured scattering parameters of an MUT are trace-

able to the national length standard because the property of 

the reflect standard used in the calibration is characterized 

by only the physical dimension of the planar offset short. 

IV. MEASUREMENT RESULTS 

The scattering parameters of two reciprocal MUTs (glass 

plates of 2.780 mm and 4.775 mm thickness) are measured 

using a quasi-optic-based free-space material measurement sys-

tem [26] calibrated by a free-space two-tier one-port method 

for 500 Hz IF bandwidth and 801 frequency sweep points in 

the W-band. The measured results are compared with those [27] 

of TRL calibration method. 

A quasi-optic-based free-space material measurement system, 

as shown in Fig. 4, is composed of the following parts [26]: 

 A millimeter-wave scattering parameter measuring instru-

ment consisting of a VNA as a mainframe and two frequency 

extenders. 

 A free-space quasi-optic instrument consisting of two linearly 

moveable benches and an MUT holder between the two 

benches, where each bench has a Gaussian-beamforming 

corrugated horn antenna and an ellipsoidal refocusing mirror 

on the bench and is capable of independently varying the 

separation distance between the bench and the MUT holder 
Fig. 3. Procedure of a free-space two-tier one-port material measure-

ment. 
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for supporting TRL calibration. 

The free-space two-tier one-port and TRL calibrations are 

performed as follows:  
 The free-space two-tier one-port calibration is carried out 

with the two successive one-port calibrations. (i) The first 

one-port calibration is performed at reference plane #1, as 

shown in Fig. 4, by using three planar offset shorts—𝑙 = 

0 mm, 0.550 mm (λ/6, 120°), 1.100 mm (2λ/6, 240°), 

where λ denotes the wavelength of the signal, and the angle 

denotes the phase difference from the phase of the reflection 

coefficient of the planar flush short (𝑙 = 0 mm) at the center 

frequency of the W-band. (ii) After placing an MUT at 

reference plane #1, the second one-port calibration is re-

peated in the same manner at reference plane #2, as shown 

in Fig. 4, by using the same planar offset shorts as those 

employed in the first one-port calibration. 

 The TRL calibration is carried out with measurements of (i) 

zero-length "Thru" by directly connecting the two refer-

ence planes, #1 and #2, of a material measurement system; 

(ii) "Reflect" by using a metal plate of 4.671 mm thickness 

inserted between the two reference planes separated by the 

metal plate thickness; (iii) "Line" of a quarter-wavelength 

delay of 0.82 mm length by separating the two reference 

planes by the delay, where the quarter-wavelength delay is 

calculated at the center frequency of the W-band. Reference 

plane #1 of the measurement system is stationary during 

the calibration. 

The scattering parameters of a glass plate of 2.780 mm thick-

ness are measured five times to compare the repeatability of the 

measured results obtained from the free-space two-tier one-port 

and TRL calibration methods. The average and standard devia-

tion of the measured magnitude and phase data are shown in 

Fig. 5. Solid and empty characters of the measured data denote 

data obtained from the free-space two-tier one-port and TRL 

calibration methods, respectively. Fig. 5 shows some peaks in 

the measured magnitude and phase data due to external multiple 

reflections between the MUT and antennas and multiple 

reflections within the MUT inherent in a free-space material 

measurement. 

 
(a) 

 
(b) 

 
(c) 

 
(d) 

Fig. 5. Average and standard deviation of the magnitude and phase 

of the scattering parameters of a glass of 2.780 mm thick-

ness, measured five times, obtained from free-space two-tier 

one-port (TO, solid character) and TRL (empty character) 

calibration methods without a smoothing process: (a) average 

and (b) standard deviation of the magnitude, and (c) average 

and (d) standard deviation of the phase. 

Fig. 4. Photograph of a W-band free-space material measurement 

system. 
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(a) 

 
(b) 

 
(c) 

 
(d) 

Fig. 6. Average and standard deviation of the magnitude and phase 

of the scattering parameters of a glass of 2.780 mm thick-

ness, measured five times, obtained from free-space two-tier 

one-port (TO, solid character) and TRL (empty character) 

calibration methods with a 9-point smoothing process: (a) 

average and (b) standard deviation of the magnitude, and (c) 

average and (d) standard deviation of the phase. 

Usually, one can remove the multiple reflections by taking the 

smoothing (i.e., moving average) and time gating of the measured 

results as a post-signal processing. Applying 9-point smoothing 

to the measured results has the following effects: (i) The multiple 

reflections on the magnitude and phase data are reduced, as 

shown in Figs. 5 and 6. (ii) The averages of the magnitude and 

phase obtained from the two calibration methods agree with 

each other, as shown in Fig. 6(a) and 6(c). These results confirm 

the validity of the free-space two-tier one-port calibration 

method using a planar offset short. (iii) For the magnitude, the 

standard deviation obtained from the TRL calibration method 

is better than that obtained from the two-tier one-port calibra-

tion method, as shown in Fig. 6(b), and vice versa for the phase, 

as shown in Fig. 6(d). 

As the MUT becomes thicker from 2.780 mm to 4.775 mm, 

the measurement results show as follows: (i) The reduction of 

the multiple reflections on the measured magnitude and phase 

data is repeated, as shown in Figs. 7 and 8. (ii) The period of 

the magnitude of the reflection and transmission coefficients 

becomes shorter, as shown in Figs. 6(a) and 8(a). (iii) The 

magnitude of the transmission coefficients becomes smaller, as 

shown in Figs. 6(a) and 8(a), and the phase slope becomes 

steeper, as shown in Figs. 6(c) and 8(c). (iv) The standard 

deviation of the magnitude and phase increases with the fre-

quency and the thickness of the MUT, as shown in Figs. 6(b), 

6(d), 8(b), and 8(d). 

One can enhance the standard deviation (i.e., repeatability) of 

the measurement results by accurately aligning the reflect 

standard and MUT with the propagation direction of a Gaussian 

beam, and accurately placing the side of the reflect standard and 

MUT at the reference plane of a material measurement system. 

V. CONCLUSION 

The scattering parameters of an MUT are prerequisites for 

characterizing the material parameters of the MUT. This paper 

describes a free-space two-tier one-port calibration method 

using a planar offset short as a free-space calculable reflect 

standard for measuring the scattering parameters of an MUT 

from two successive one-port calibrations of a free-space material 

measurement system without a precision positioning system in 

free space. 

The two-tier one-port calibration method is validated by 

comparing the measurement results with those of the TRL 

calibration method for two reciprocal MUTs (glass plates of 

2.780 mm and 4.775 mm thickness) in the W-band (75–110 

GHz). The measurement results from the two calibration 

methods agree well with each other. This implies that this cali-

bration method can be a feasible and effective alternative to the 

conventional free-space two-port calibration methods, such as  
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(a) 

 
(b) 

 
(c) 

 
(d) 

Fig. 7. Average and standard deviation of the magnitude and phase 

of the scattering parameters of a glass of 4.775 mm thick-

ness, measured five times, obtained from free-space two-tier 

one-port (TO, solid character) and TRL (empty character) 

calibration methods without a smoothing process: (a) average 

and (b) standard deviation of the magnitude, and (c) average 

and (d) standard deviation of the phase. 

 
(a) 

 
(b) 

 
(c) 

 
(d) 

Fig. 8. Average and standard deviation of the magnitude and phase 

of the scattering parameters of a glass of 4.775 mm thick-

ness, measured five times, obtained from free-space two-tier 

one-port (TO, solid character) and TRL (empty character) 

calibration methods with a 9-point smoothing process: (a) 

average and (b) standard deviation of the magnitude, and (c) 

average and (d) standard deviation of the phase. 
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the TRL, TRM, and GRL calibration methods, due to the 

simplicity and low-cost implementation of its measurement 

system and operating scheme. 

The scattering parameters of an MUT measured from this 

calibration method are traceable to the national length standard 

because the reflection property of the planar offset short used in 

the calibration is determined by only its physical dimension (i.e., 

offset). This calibration method can be used at a high-frequency 

range such that the machining accuracy of the planar offset 

short is tolerable. The method can help characterize material 

parameters above a millimeter-wave frequency range. 
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I. INTRODUCTION 

Phase noise is the frequency-domain representation of a ran-

dom fluctuation in the phase of a waveform. More precisely, it is 

defined according to the IEEE [1] as 
 𝐿(𝑓 ) = 𝑃𝑃  (1)

 

where 𝑃 , 𝑃 , and 𝑓  represent the total signal power, the 

power density in one phase noise modulation sideband per Hz, 

and the offset frequency, respectively. When constructing a 

communication system, the phase noise performance of a source 

is generally an important specification that must be considered 

[2–4]. However, accurate phase noise measurement remains an 

extremely challenging task. 

Analog phase noise measurement methods can be classified 

into three: direct spectrum method, frequency discriminator 

method, and phase detector method [5, 6]. The direct spectrum 

method, the simplest method for measuring phase noise, uses a 

spectrum analyzer [5]. This method is unsuitable for measuring 

oscillators with ultra-low phase noise performance, as the noise 

floor of the instrument is comparatively high. In the frequency 

discriminator method, the frequency fluctuations of a signal are 

translated to low-frequency voltage fluctuations that can then be 

measured using a baseband analyzer. The phase noise is thus 

measured from the frequency fluctuations. This method is suit-

able for free running oscillators, such as LC oscillators or cavity 

oscillators [5]. 

In the phase detector method [5, 6], the most widespread  
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method for measuring phase noise, a voltage-controlled oscillator 

with a low phase noise is necessary for the reference source, 

which is phase locked to an SUT (source under test) using a 

narrowband feedback loop. In the locked state, the reference 

source has the same frequency as the SUT and maintains a 

phase quadrature. The phase detector detects the phase difference 

of the SUT from the reference source, which corresponds to the 

phase noise. The phase detector method can measure extremely 

low phase noise with a good reference source. Using two-

channel correlation, the phase noise floor of the phase detector 

method can be further improved: it can be further lowered by 

about 20 dB [5]. Today, combining the previous methods, state-

of-the-art phase noise measurement equipment—that shows a 

phase noise floor close to -180 dBc/Hz at a far-out offset fre-

quency of >1 MHz [7, 8]—is available on the market. 

Digital phase noise measurement systems began gaining 

interest for their suitability as a cheap automatic test equipment 

in mass-production tests [9]. In a digital phase noise measure-

ment system, the SUT signal is digitally sampled, and its phase 

is detected using a digital quadrature demodulator. A simple fast 

Fourier transform (FFT) operation on the SUT’s detected 

phase results in the phase noise. However, the phase noise floor 

of digital phase noise measurement systems is generally quite 

higher than that of the best analog phase noise measurement 

system. Furthermore, the frequency range of the digital phase 

noise measurement system is basically limited to low frequencies 

of about tens of MHz range.  

Significant improvement in the phase noise floor of the digital 

phase noise measurement systems can be achieved by removing 

the ADC clock jitter noise [10]. The work in [10] used four 

identical ADCs characterized by 14 bits or more, and the two-

channel cross correlation technique was applied to suppress the 

ADC noise after the ADC clock jitter removal. The work, im-

plemented using FPGAs and DSPs, achieved a phase noise 

floor of about -170 dBc/Hz. However, the SUT frequency 

range of the work is still limited to the frequency range of 1–30 

MHz. Due to the low-frequency range, it must be used in con-

junction with a down converter to measure the phase noise of 

SUTs at higher frequencies. Several studies have been conducted 

to extend digital phase noise measurement systems to higher 

frequencies using subsampling or downconverters [11–13]. 

In this study, we aimed to measure phase noise using a 

digital oscilloscope. It offers easier hardware implementation 

than FPGA and DSP implementation for a digital phase noise 

measurement system. Moreover, it may allow the realization of 

cheap automatic solutions that can be released as a software 

option. Furthermore, the ADCs in the digital oscilloscope 

usually have a wide bandwidth up to several gigahertz, and the 

phase noise of a high frequency SUT for communication systems 

can be measured without external downconverters. However, a 

digital oscilloscope has nominally a 10-bit resolution, which 

inevitably results in poor phase noise floor. The phase noise sen-

sitivity using the digital oscilloscope is usually poor and is above 

-110 dBc/Hz [14]. In this paper, we provide a digital noise 

measurement system using a 10-bit digital oscilloscope with a 

phase noise sensitivity of about -160 dBc/Hz.  

Second, we present a novel analysis of the measured phase 

noise. As a result, the ADC clock jitter noise and the thermal 

phase noise floor—the phase noises added by an ADC—can be 

identified. The analysis leads to the novel cross correlation 

method capable of extracting the true SUT phase noise alone. 

Consequently, the true SUT phase noise can be obtained by 

removing the phase noises added by the ADC. In addition, the 

proposed method, unlike the previous works, does not need a 

reference signal whose phase noise is low enough compared to 

the SUT phase noise. The proposed method alleviates the 

choice of the reference source, and the optimal reference source 

frequency can be freely selected. In this paper, under the previ-

ously explained motivation, we present a novel phase noise 

measurement method using the digital oscilloscope MXR608A 

[15] from Keysight Technologies. 

II. PHASE NOISE MEASUREMENT SYSTEM 

1. Configuration 

Fig. 1 shows our phase noise measurement system configu-

ration. The analog time domain signals 𝑠(𝑡) and 𝑠 (𝑡) in 

Fig. 1 represent the SUT and reference signals. The four 

ADCs represent the four channels of the digital oscilloscope 

 

Fig. 1. Phase noise measurement system. The analog time domain 

signals 𝑠(𝑡) and 𝑠 (𝑡) represent the SUT and reference 

signals. The four ADCs represent four channels of the digital 

oscilloscope. Using the LabView program from National 

Instruments, the sampled channel data are read into the PC 

and their phases 𝜙 , 𝜙 , 𝜙 , and 𝜙  are detected.
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MXR608A from Keysight Technologies. The two power dividers, 

ZFRSC-183-S+ from Mini Circuits, divide 𝑠(𝑡) and 𝑠 (𝑡). 

The divided 𝑠(𝑡) and 𝑠 (𝑡) are applied to channels 1, 3 

and 2, and 4 of the digital oscilloscope, respectively, and they 

are sampled at every ∆𝑡. The sampling frequency 𝑓  is thus (∆𝑡) . 

The USB device port of MXR608A is connected to the host 

PC. The sampled channel data is first stored in the memory of 

MXR608A, and the stored data is read into the PC using the 

LabView of National Instruments. The length 𝑁  of the 

sampled channel data that can be read into a PC is limited by 

both the memory size and the Labview data processing capacity. 

In our setup, 𝑁  is limited by the LabView data processing 

capacity, and the maximum 𝑁  is about 4M samples. Both 𝑁  

and 𝑓  determines the frequency range and resolution of the 

Fourier transform of the data read into PC. The frequency  

range is given by 𝑓 , while the frequency resolution or the  

frequency spacing ∆𝑓 is determined by ∆𝑓 = 𝑓 /𝑁 . The fre-

quency resolution also becomes the lowest frequency of the 

Fourier transform. Therefore, the phase noise below ∆𝑓 cannot 

be measured. 

Fig. 2 shows the detailed CORDIC (coordinate rotation 

digital computer) [16, 17] receiver in Fig. 1. The CORDIC 

receiver is implemented using LabView and it detects the phase 

of the data read into the PC. The digital-down converters 

(DDC) is a multiplier that takes the product of two waveforms. 

The 𝜔 of 𝑠 (𝑛∆𝑡) was detected using Extract Single Tone 

Information.vi (virtual instrument) of LabView. The orthogonal 

LO signals cos 𝜔(𝑛∆𝑡)  and sin 𝜔(𝑛∆𝑡) , where 𝜔  is 

equal to that of 𝑠 (𝑛∆𝑡) were generated using Sine Wave-

form.vi of LabView. The two DDCs produce cos𝜙 and sin𝜙. 

The phase 𝜙 is obtained by taking the tan  operation. In 

FPGA programming, 𝜙 is obtained from cos𝜙 and sin𝜙 by 

iterative calculation using the CORDIC algorithm. However, in 

LabView implementation, 𝜙 is simply obtained using a tan  

operation, and implementing the CORDIC algorithm is un-

necessary. 

At the DDC output, the second harmonic appears. In addition, 

since cos𝜙 and sin𝜙 change slowly, the decimation of the 

higher input sample rate is necessary. The lowpass filter (LPF) 

in Fig. 2 both removes the second harmonic and decimates the 

input sample rate. The digital infinite impulse response (IIR) 

elliptic LPF is then added for the second harmonic rejection. 

After the digital IIR elliptic LPF, decimation is achieved using 

Waveform Resample.vi of LabView. Fig. 3 demonstrates the phase 

noise measurement system. 

 
2. Phase Spectrum 

In Fig. 2, 𝜙 is a time domain signal, and the phase spectrum 𝑆 (𝑓 ) [1] can be obtained from the power spectral density 

(PSD) of 𝜙. Finally, the phase noise 𝐿(𝑓 ) in (1) can be ob-

tained from 𝑆 (𝑓 ) as 
 𝐿(𝑓 ) = 12 𝑆 (𝑓 ). (2)

 

The cross-power spectrum for the two selected phase fluctua-

tions from 𝜙 , 𝜙 , 𝜙 , and 𝜙  in Fig. 1 is frequently neces-

sary to obtain the phase noise. The cross-power spectrum is 

obtained using the Cross Spectrum (Real-Im).vi in LabView. The 

cross-power spectrum of two random signals results in a complex 

number in the frequency domain, one having real and imaginary 

parts. Moreover, in this paper, the cross-power spectral density 

of 𝜙  and 𝜙  and its real and imaginary parts are denoted as 𝑋(𝜙 , 𝜙 ; 𝑓 ) = 𝑅 + 𝑗𝐼 . Thus, 𝑋(𝜙 , 𝜙 ; 𝑓 ) is 
 

 

Fig. 2. The configuration of the CORDIC receiver in Fig. 1. The 

DDC is a digital multiplier and its LO frequency 𝜔 is 

equal to that of 𝑠 (𝑛∆𝑡). The LPF filters out the second 

harmonic appearing at the output of the DDC and decimates 

appropriately the input sampling rate at the same time. The 

phase 𝜙 is obtained through tan  operation from cos𝜙 

and sin𝜙. 

 

Fig. 3. Photograph of the measurement setup. The USB device port 

of the digital oscilloscope MXR608A is connected to the 

USB port of the host PC. 
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𝑋(𝜙 , 𝜙 ; 𝑓 ) = 𝑅 + 𝑗𝐼 = 𝐹(𝜙 )𝐹(𝜙 )𝑤 ⋅ 𝛥𝑓 . (3)
 

In Eq. (3), 𝐹(∙) represents the Fourier transform, and the 

top bar of 𝐹(∙) the complex conjugate of the Fourier transform. 𝛥𝑓 represents bandwidth, and 𝑤 the equivalent noise band-

width (ENBW) of window function. The real part 𝑅  corre-

sponds to the power spectrum due to the correlated parts of two 

random signals, while the imaginary part 𝐼  represents the 

power spectrum due to the uncorrelated parts. 𝑅  converges 

to a finite value, while 𝐼  converges to zero as the average 

number of the cross-power spectrum increases.  

The selected window in Eq. (3) is a seven-term Blackman 

Harris window and 𝑤 = 2.63191. The spectral leakage of the 

four-term Blackman Harris window is known to be below 

about -90 dB. Taking the dynamic range of phase noise meas-

urement into consideration, -90 dB may not be enough, and 

the seven-term Blackman Harris window, which yields a spec-

tral leakage of about -150 dB, is selected [18]. 

Phase noise 𝐿(𝑓 ) is usually plotted on a log scale 𝑓 . 

However, 𝑆 (𝑓 ) is usually computed from equidistant time 

domain samples. As a result, 𝑆 (𝑓 ) is uniformly spaced on fm 

defined over [𝑓 , 𝑓 ]. When 𝑆 (𝑓 ) is plotted on a log 

scale fm, it is densely spaced at a higher 𝑓 , which results in 

higher fluctuation. The way to reduce the fluctuation of 𝑆 (𝑓 ) 

at higher 𝑓  is to increase its average number, particularly at a 

higher 𝑓 . Since the average number of 𝑆 (𝑓 ) increases as 𝑓  increases, the successively decimating FFT structure [19] is 

efficient for reducing the fluctuation of 𝑆 (𝑓 ) at higher 𝑓 . 

This structure is appropriate for FPGA implementation.  

However, instead of using the successively decimating FFT 

structure, the fluctuation at higher 𝑓  can be efficiently re-

duced by increasing the averaging bandwidth as 𝑓  increases. 

Instead of linearly spaced 𝑓  defined over [𝑓 , 𝑓 ], a 

new set of log-spaced offset frequency, 𝑓 , (𝑛) can be de-

fined on [𝑓 , 𝑓 ]. The n-th element of log-spaced offset 

frequency 𝑓 , (𝑛) = 𝑓 10  for a constant k and n = 0, 

…, N, where N is the number of log-spaced offset frequencies. 

For a newly defined log-spaced 𝑓 , , the bandwidth BW can 

be defined to increase with 𝑓 ,  as 
 𝐵𝑊 = 𝑓 , (𝑛)𝑄  (4)
 

where 𝑄 is constant, specifying the number of uniformly spaced 

spectrums to be included for averaging at 𝑓 , (𝑛). Now, the 

value of 𝑆 𝑓 ,  can be computed as the average of the 

spectrums 𝑆 (𝑓 ) within BW. Consequently, 𝑆 𝑓 ,  will 

show the reduced fluctuation at higher 𝑓 , . Similar spectral 

estimation methods can be found in [20] and [21]. We named 

this the logarithmic bandwidth averaging (LBA), which is more 

efficient in LabView programming than the successively deci-

mating FFT structure. The LBA is programmed using MATLAB 

and implemented using the MATLAB Script Node.vi in Lab-

View. 

III. ADC PHASE NOISES 

The time domain phase fluctuations 𝜙 , 𝜙 , 𝜙 , and 𝜙   

in Fig. 1 can be modeled simply by the sum of the phase fluc-

tuations as follows: 
 𝜙 = 𝜙 + 𝑎𝜙 + 𝜙  (5a)𝜙 = 𝜙 + 𝑏𝜙 + 𝜙  (5b)𝜙 = 𝜙 + 𝑎𝜙 + 𝜙  (5c)𝜙 = 𝜙 + 𝑏𝜙 + 𝜙 . (5d)
 

In Eq. (5), 𝜙  and 𝜙  represent the SUT and reference 

signal phase fluctuations, while 𝜙  represents the phase fluc-

tuation due to the ADC clock jitter. The constants a and b 

represent the scaling constants of the phase fluctuation due to 

the ADC clock jitter. Since the frequencies of the SUT and 

reference signal are generally different, the phase fluctuation due 

to the ADC clock jitter differs, as in Eqs. (5a) and (5b). The 𝜙 , 𝜙 , 𝜙 , and 𝜙  represent the phase fluctuations originating 

from the quantization and thermal noises of the ADCs, which 

are almost white in the frequency domain. In addition, 𝜙 , 𝜙 , 𝜙 , and 𝜙  are uncorrelated. 

 

1. ADC Phase Noise Floor 

The phase fluctuations 𝜙 , 𝜙 , 𝜙 , and 𝜙  in Eq. (5) due 

to the ADC noises correspond to the phase noise floor for the 

digital phase noise measurement. Usually, instead of ADC 

phase fluctuations like 𝜙  (j = 1, 2, 3, or 4), ADC performance 

is characterized by signal-to-noise ratio (SNR). The ADC SNR 

is given by [22] as follows: 
 

SNR(dB) = 6.02𝐵 + 1.76 + 10 log( 𝑓 ) − 3 (6)
 

where B is the number of bits of the ADC, and 𝑓  is the 

sampling frequency (or sampling rate). The SNR in Eq. (6) can 

be used to estimate the measurable phase noise range at a higher 𝑓  because 𝐿(𝑓 ) in Eq. (1) can be interpreted as SNR. Thus, 

the SNR in Eq. (6) corresponds to the phase noise floor. In the 

case of the 10-bit digital oscilloscope, the value of the SNR is 

computed to be about -140 dBc/Hz for a sampling frequency 

of 𝑓  = 100 MHz. However, the real ADCs are imperfect and 

introduce additional noise and distortion. The SNR estimation 

by Eq. (6) shows a significant gap from the real SNR. The 

concept of the effective number of bits (ENOB) was introduced 

based on the measured SNR or SINAD. However, even the 

ENOB is not a true phase noise floor. In this paper, we propose 
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the measurement method of the true phase noise floor 𝑃 (𝑓 ) 

due to 𝜙  (j = 1, 2, 3, and 4) in Eq. (5) using the cross-

correlation. The true phase noise floor 𝑃 (𝑓 ) can be computed  

from the phase spectrum of 𝑆 (𝑓 ) as 𝑃 (𝑓 )  =  𝑆 (𝑓 ) 

and is only the function of the sampling frequency 𝑓 .  

In Eq. (5), the correlated part between (𝜙 − 𝜙 ) and 𝜙  is 

only 𝜙 . Similarly, the correlated part between (𝜙 − 𝜙 ) and 𝜙  is only 𝜙 . Therefore, 𝑆 (𝑓 ) and 𝑆 (𝑓 ) are given 

by 
 𝑆 (𝑓 ) = ⟨𝑋(𝜙 − 𝜙 , 𝜙 ; 𝑓 )⟩ →  (7a)𝑆 (𝑓 ) = ⟨𝑋(𝜙 − 𝜙 , 𝜙 ; 𝑓 )⟩ → . (7b)
 

Here, <·> represents the average operation and M is the aver-

age number. Now, the phase noise floors due to 𝜙  and 𝜙   

are determined as 𝑃 (𝑓 )  =  𝑆 (𝑓 ) and 𝑃 (𝑓 )  = 𝑆 (𝑓 ) from Eq. (7). Similarly, the phase noise floors due  

to 𝜙  and 𝜙  can be obtained. The measured phase noise 

floor 𝑃 (𝑓 ) due to 𝜙  is shown in Fig. 4. The average 

number M of the cross-power spectrum is set to M = 50. The 

effects of 𝜙  and 𝜙  on 𝑆 (𝑓 ) in Eq. (7a) are significant 

at lower 𝑓 , while their effects at higher 𝑓  rapidly decrease 

and become smaller. As a result, 𝑆 (𝑓 ) at a lower 𝑓  shows 

a significant fluctuation, while 𝑆 (𝑓 ) at a higher 𝑓  con-

verges to the phase noise floor value as shown in Fig. 4. There-

fore, the phase noise floor values can be found by reading their 

values at a far-out offset frequency.  

The measured phase noise floor values in Fig. 4 for 𝑓  = 1, 4, 

16 GHz are about -128 dBc/Hz, -134 dBc/Hz, and -139 

dBc/Hz (about -150 dBc/Hz, -156 dBc/Hz, and -162 

dBc/Hz by Eq. (6)), respectively. As expected, the phase noise 

floor value predicted by Eq. (6) shows a significant gap. Since 

the digital oscilloscope has a 10-bit resolution, the phase noise 

floor is poor, as shown in Fig. 4, even though 𝑓  is set to several 

gigahertz. As 𝑓  increases, the phase noise floor is lowered and 

is about 6 dB down per one octave increase in 𝑓 . The meas-

ured 𝑃 (𝑓 ) (j = 1, 2, 3, and 4) are almost equal. Thus, the 

phase noise floors at 𝑓  are denoted by 𝑃 (𝑓 )  =  𝑃 (𝑓 )  = 𝑃 (𝑓 )  =  𝑃 (𝑓 )  =  𝑃 (𝑓 ). 

The phase noise floor limits the practically measurable phase 

noise range of an SUT. To simplify the explanation, we assume 

that the phase fluctuation due to ADC clock jitter is 0. In this 

case, 𝜙  = 0 for 𝜙  and 𝜙  in Eqs. (5a) and (5c). Under the 

assumption, the SUT phase noise 𝑆 (𝑓 ) can be obtained 

from ⟨𝑋(𝜙 , 𝜙 ; 𝑓 )⟩ → . Note that the 𝑋(𝜙 , 𝜙 ; 𝑓 ) in-

cludes the cross-power spectrums of the uncorrelated terms as 

well as 𝑆 (𝑓 ). As M→∞, the cross-power spectrums of the 

uncorrelated terms converge to 0, and 𝑆 (𝑓 ) can be obtained. 

Therefore, the cross-power spectrums of the uncorrelated terms 

in 𝑋(𝜙 , 𝜙 ; 𝑓 ) become the phase noise floor. It is known 

that the cross-power spectrum of two uncorrelated signals 

decreases by about 5 dB per a decade increase of M [23]. 

However, it is impossible to increase the average number 

M→∞. The time necessary for the cross-power spectrum 

average number M = 10,000 is about a day for a PC with a 

3.6 GHz Intel i3 CPU and a RAM of 64 GB. We take the 

time necessary for the average number M = 10,000 as the prac-

tical time limit for the phase noise measurement. Therefore, the 

phase noise floor improvement using the cross-correlation tech-

nique is practically limited by 20 dB.  

Under the assumption 𝜙  = 0, the phase noise floor for 

the cross-power spectrum 𝑋(𝜙 , 𝜙 ; 𝑓 ) is determined by 𝑋(𝜙 , 𝜙 ; 𝑓 ), which decreases with M as follows: 
 ⟨𝑋(𝜙 , 𝜙 ; 𝑓 )⟩ ≈ 1𝑀 𝑃 (𝑓 ). 

(8)
 

Since 𝑃 (𝑓 ) in Fig. 4 is about -128 dBc/Hz at a sampling 

frequency of 𝑓  = 1 GHz, ⟨𝑋(𝜙 , 𝜙 ; 𝑓 )⟩  = 10,000 will be 

about -148 dBc/Hz. To decrease the phase noise floor further 

by 10 dB more requires a time of about 100 days, which is 

intolerable and impossible. Therefore, the phase noise of about 

-148 dBc/Hz for 𝑓  = 1 GHz is the limit value that can be 

measured using this setup. The SUT with the phase noise above 

-148 dBc/Hz at far-out offset frequencies can be measured, 

but the phase noise below -148 dBc/Hz cannot be measured. 

From Fig. 4, the measurable phase noise range for 𝑓  = 16 GHz 

is estimated to be about -160 dBc/Hz.  

Lower phase noise can be measured by increasing the sampling 

frequency 𝑓 . However, to measure the phase noise at a lower 

offset frequency 𝑓 , the length of the sampled data 𝑁  should 

be increased in proportion to the increase in 𝑓 . The minimum 

offset frequency 𝑓 ,  for a given sample data length 𝑁  is 

determined by 

 
Fig. 4. The measured phase noise floor of 𝜙 . The average number 

of the cross spectrums is M = 50. The measured phase noise 

floors of 𝜙 , 𝜙 , and 𝜙  are within ±1 dB.
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 𝑓 , = 𝑓𝑁 . (9)
 

As explained in Section II-1, the sample data length 𝑁  

cannot be increased without limit due to the LabView data 

processing capacity. As a result, a phase noise lower than the 

minimum offset frequency given by Eq. (9) cannot be measured. 

 

2. Phase Noise due to ADC Clock Jitter 

The ADC clock jitter also affects the phase noise of the 

sampled signal. To find this, the total phase 𝜙 (𝑡) of 𝑠 (𝑡) 

in Fig. 1 is represented by 
 𝜙 (𝑡) = 𝜔 𝑡 + 𝜙 . (10)
 

In Eq. (10), 𝜔  and 𝜙  are the frequency and phase of the 

SUT respectively. Note that 𝜙  randomly fluctuates. For an 

ADC sampling frequency 𝜔  = 2𝜋𝑓 , the time 𝑡  that sampling 

occurs is 
 𝑡 = 𝑛𝛥𝑡 + 𝜙𝜔 ,  for 𝑛 = 0,1, ⋯   . (11)

 

In Eq. (11), 𝛥𝑡  = 1/𝑓 , and 𝜙  is the phase fluctuation 

caused by the phase noise of the ADC clock signal. Eq. (11) 

means that the sampling time 𝑡  jitters due to the phase fluctu-

ation 𝜙 . Thus, 𝜙  in Eq. (5a) without 𝜙  due to the ADC 

clock jitter is 
 𝜙 = 𝜙 (𝑛𝑡 ) = 𝜔 (𝑛𝛥𝑡) + 𝜙 + 𝜔 𝜙𝜔 . (12)
 

The last two terms 𝜙  and  in Eq. (12) represent the 

phase fluctuation of the SUT and the added phase fluctuation 

due to the ADC clock jitter. Defining the frequencies of the 

SUT and reference signal by 𝜔  and 𝜔 , respectively, the 

constants a and b in Eq. (5) are given by 
 𝑎 = 𝜔𝜔  and 𝑏 = 𝜔𝜔 . (13)

 

In this paper, we propose a method to verify the relation 

given by Eq. (13) using the cross correlation. The phase noise 

due to the ADC clock jitter can be obtained by averaging the 

cross-power spectrum of 𝜙  and 𝜙  as follows: 
 ⟨𝑋(𝜙 , 𝜙 ; 𝑓 )⟩ →  

   = ⟨𝑅 + 𝑗𝐼 ⟩ → = 𝑎𝑏𝑆 (𝑓 ). (14)

 

Similarly, averaging the cross-power spectrum of 𝜙  and 𝜙  
 ⟨𝑋(𝜙 , 𝜙 ; 𝑓 )⟩ →  

   = ⟨𝑅 + 𝑗𝐼 ⟩ →  
   = 𝑆 (𝑓 ) + 𝑎 𝑆 (𝑓 ) ≅ 𝑎 𝑆 (𝑓 ). (15)

 

 

In Eq. (15), 𝑆 (𝑓 ) is the SUT phase spectrum. When the 

SUT with a low phase noise is selected, ⟨𝑋(𝜙 , 𝜙 ; 𝑓 )⟩ →  

can be approximated by 𝑎 𝑆 (𝑓 ) as in Eq. (15).  

 

Fig. 5. The averaged cross spectrums of 𝑋(𝜙 , 𝜙 ; 𝑓 )  =  𝑅  +  𝑗𝐼  

and 𝑋(𝜙 , 𝜙 ; 𝑓 )  =  𝑅𝐴𝐶 + 𝑗𝐼𝐴𝐶 in Eqs. (14) and (15). The 

SUT and reference signal frequencies are 1.4151 GHz and 

50 MHz, respectively. The average number is M = 10,000, 

and the sampling frequency is 𝑓  = 200 MHz. 

 

Fig. 5 shows 𝑅  and 𝑅  in Eqs. (14) and (15). The SUT 

and reference signal frequencies are 1.4151 GHz and 50 MHz, 

respectively. The synthesized signal generator E8257D [24] is 

used as the SUT signal, and 50 MHz OCXO from Wenzel 

Associates [25] is used as the reference signal. The sampling 

frequency is set to 𝑓  = 200 MHz, and the average number is 

set to M = 10,000. In Fig. 5, it can be found that the approxi-

mation holds because 𝑅  =  𝑎 𝑆 (𝑓 ) is sufficiently larger 

than 𝑆 (𝑓 ), the phase noise of 1.4151 GHz signal given in 

the datasheet.  

From 𝑅  and 𝑅  in Eqs. (14) and (15), they have the same 

frequency dependence. Note that the frequency dependence of 𝑅  and 𝑅  on 𝑓  in Fig. 5 are found to be almost equal. 

Their ratio should be b/a = (50 MHz /1.4151 GHz)-1
 = 

(28.3)-1
 = -14.5 dB. To confirm b/a, the phase noise values 

are read from Fig. 5 at 𝑓  = 10 kHz. The phase noise values 

are -122.3 dBc/Hz and -137.4 dBc/Hz, respectively, and the 

difference is about -15.1 dB, which is close to the predicted 

value of b/a = -14.5 dB.  

In the case of 𝑅 , M should be sufficiently increased to 

attenuate the uncorrelated components in 𝜙  and 𝜙 . For 𝑓  

= 200 MHz, the phase noise floor due to the ADC phase fluc-

tuation is about -124.5 dBc/Hz, as explained in Section III-1. 

The proper average number M is estimated to be more than 10  to measure the phase noise of about -150 dBc/Hz. Con-

sequently, the imaginary part of the cross-power spectrum is not 

sufficiently suppressed as shown in Fig. 5, and 𝑅  shows a 

significant fluctuation. 

IV. SUT PHASE NOISE EXTRACTION 

As explained in Section III, the SUT phase noise can be 
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determined by removing the added ADC phase noises in Eq. 

(5). However, the removal is not simple, and the removal 

method was first proposed in [10]. Fig. 6 shows the block 

diagram of the method presented in [10]. As a result, they 

achieved the digital phase noise measurement system with a 

phase noise floor about -170 dBc/Hz for the frequency range 

of 1–30 MHz. Based on the technique in [10], a digital phase/ 

amplitude modulation (PM/AM) noise measurement system 

[11] and a full digital phase noise measurement system [12] 

have been developed. To explain the pros and cons of our 

method, comparing it with the method in [10], which we refer 

to as the traditional method, is necessary. 

There may be several methods other than those shown in 

Fig. 6 to extract the SUT phase noise. When comparing the 

various methods, the question is about the properties of the 

cross-correlated output like 𝑆 (𝑓 ) in Fig. 6 and about the 

phase noise floor levels of 𝜙  and 𝜙  that are used to obtain 

the cross-correlated output. Note that the phase noise floor 

levels of 𝜙  and 𝜙  are different from those of 𝜙 , 𝜙 , 𝜙 , 

and 𝜙  as a result of the operation. Whether or not 𝑆 (𝑓 ) 

contains phase noises other than the SUT phase noise should be 

investigated because the phase noise contributions of the other 

phase noises should be subtracted to obtain the true SUT phase 

noise from 𝑆 (𝑓 ). In addition, as explained in Section III-1, 

the phase noise floor levels of 𝜙  and 𝜙  determine the 

measurable phase noise range. In this paper, the theoretical in-

vestigation on cross-correlated outputs and phase noise floor 

levels is presented. Based on the investigation, we propose a 

novel cross-correlation method for extracting the SUT phase 

noise. 

 

1. Traditional Method 

From Fig. 6, 𝜙  and 𝜙  are given by 

𝜙 = 𝜙 − 𝑎𝑏 𝜙 + 𝜙 − 𝑎𝑏 𝜙 = 𝜙 − 𝑎𝑏 𝜙 + 𝑈 (16a)𝜙 = 𝜙 − 𝑎𝑏 𝜙 + 𝜙 − 𝑎𝑏 𝜙 = 𝜙 − 𝑎𝑏 𝜙 + 𝑉 . (16b)
 

As shown in Eq. (16), the correlated term is 𝜙 − (𝑎𝜙 )/𝑏, 

while 𝑈  and 𝑉  are uncorrelated. Therefore, the phase spec-

trum 𝑆 (𝑓 ) in Fig. 6 obtained from 𝑋(𝜙 , 𝜙 ; 𝑓 ) →  is 
 𝑆 (𝑓 ) = 𝑆 (𝑓 ) + 𝑎𝑏 𝑆 (𝑓 ). (17)
 

Notably, 𝑆 (𝑓 ) in Eq. (17) includes the reference signal  

phase noise scaled by . Therefore, to determine the SUT  

phase noise using 𝑆 (𝑓 ), the reference signal phase noise 

should be sufficiently low. Reflecting the reference signal phase 

noise effect on 𝑆 (𝑓 ), a low phase noise signal source like a 

100-MHz low phase noise OCXO should be selected. The 

frequency of such a reference signal is usually fixed and not 

variable. The state-of-the-art phase noise is about -180 dBc/Hz.  

In addition, the phase noise floor for 𝑆 (𝑓 ) is determined 

by the cross correlation of 𝑈  and 𝑉 . From 𝑈  and 𝑉  in 

Eq. (16), the thermal phase noise floors are 𝜙 − (𝑎𝜙 )/𝑏 

and 𝜙 − (𝑎𝜙 )/𝑏. Thus, the cross correlation of 𝑈  and 𝑉  

for the average number of M is 
 ⟨𝑋(𝑈 , 𝑉 ; 𝑓 )⟩ = 1𝑀 1 + 𝑎𝑏 𝑃 (𝑓 ) 

(18)
 

where 𝑃 (𝑓 ) is the phase noise floor value of 𝜙  (j = 1, 2, 3, 

and 4) explained in Section III-1. It should be noted that the 

phase noise floor rises from 𝑃 (𝑓 ) by the factor 1 + .  

Consequently, the measurable phase noise range is reduced by  

the factor 1 +  from 𝑃 (𝑓 ). 

In case that the SUT’s frequency is lower than the reference 

signal’s frequency, the factor (a/b) is small and the rising factor 1 +  is negligible. However, if (a/b) is significantly large, 

which means that the SUT frequency is higher than the reference 

signal frequency, the measurable phase noise range explained in 

Section III-1 is significantly reduced due to the phase noise 

floor rise from 𝑃 (𝑓 ) in Eq. (18), and the SUT with a low 

phase noise cannot be measured. 

 

2. Proposed Cross-Correlation Method 

Fig. 7 shows the proposed method. In Fig. 7, 𝜙  and 𝜙  

are given by 
 𝜙 = 𝜙 + 𝑎𝜙 + 𝜙 = 𝜙 + 𝑈 (19a)𝜙 = 𝜙 − 𝑎𝑏 𝜙 + 𝜙 − 𝑎𝑏 𝜙 = 𝜙 + 𝑉 . (19b)
 

From (19a) and (19b), the only correlated term is 𝜙 . 

 
Fig. 6. The technique of the ADC clock jitter removal and the 

suppression of the phase noise floors in [10]. The ADC clock 

jitter does not appear at 𝜙  and 𝜙 . The cross-correlation 

operation suppresses the uncorrelated parts of 𝜙  and 𝜙  

and produces 𝑆 (𝑓 ). 
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Note that 𝑈  and 𝑉  are uncorrelated. Therefore, 𝑆 (𝑓 )  = 𝑋(𝜙 , 𝜙 ; 𝑓 ) →  is given by 
 𝑆 (𝑓 ) = 𝑆 (𝑓 ) (20)
 

In contrast to 𝑆 (𝑓 ) in Eq. (17), 𝑆 (𝑓 ) does not contain 

the reference signal phase noise. Similarly, the phase noise floor 

for 𝑆 (𝑓 ) is determined by the cross correlation of 𝑈  and 𝑉 . Note that 𝑈  at higher fm is determined by 𝜙  because 𝑎𝜙  rapidly decreases as fm increases, and 𝑉  at higher fm 

is determined by 𝜙 − (𝑎𝜙 )/𝑏. The phase noise floor for 𝑆 (𝑓 ) is determined by 
 ⟨𝑋(𝑈 , 𝑉 ; 𝑓 )⟩ = 1𝑀 1 + 𝑎𝑏 𝑃 (𝑓 ). 

(21)
 

The comparison of the traditional and proposed phase noise 

measurement methods from Eqs. (16) to (21) is summarized in 

Table 1.  

It is important that 𝑆 (𝑓 ) in Eq. (20) does not contain the 

reference signal phase noise. The 𝑆 (𝑓 ) in Eq. (20) makes it 

possible to obtain the SUT phase noise from 𝑆 (𝑓 ) even if 

the reference signal phase noise is not sufficiently low or if it is 

comparable to the SUT phase noise. In such a condition, the 

variable frequency signal generator with an appropriate phase 

noise can be chosen for the reference signal instead of a fixed 

frequency oscillator with an ultra-low phase noise like OCXO. 

Because the frequency of the reference signal generator can be 

freely chosen, the factor (a/b) can be made arbitrarily small. 

Consequently, the measurable phase noise range explained in 

Section III-1 can be preserved, and the phase noise of the SUT 

within the measurable phase noise range can be measured. In 

contrast, in the traditional method, the factor (a/b) is fixed, and 

the measurable phase noise range may be significantly reduced 

for a high frequency SUT. 

V. MEASURED PHASE NOISES 

1. Synthesized Signal Generator E8257D 

The first SUT is the synthesized signal generator E8257D 

[24], and its phase noise is measured using the proposed phase 

noise measurement method. The frequency and power are set to 

1.4151 GHz and 5 dBm, respectively. First, the phase noise of 

E8257D is measured using the signal source analyzer E5052B. 

The phase noise measured by E5052B at 𝑓  = 10 MHz is 

about -149 dBc/Hz. 

The phase noise of E8257D was measured using the pro-

posed phase noise measurement method. The sampling fre-

quency 𝑓  = 8 GHz is selected. The phase noise floor is about 

-136 dBc/Hz, and it will be lowered to about -156 dBc/Hz 

for M = 10,000 (Fig. 8). Due to higher 𝑓  = 8 GHz, the phase 

noise at lower 𝑓  cannot be measured. The minimum offset 

frequency is set to 𝑓 ,  = 8 kHz from Eq. (9). The frequen-

cy of the reference signal is selected as 𝑓  = 2.41 GHz. The 

reference signal is provided using the synthesized signal genera-

tor E4438C [26] from Keysight Technologies. The E4438C 

phase noise at 2.41 GHz is measured by E5052B, and it is 

higher by about 5 dB below 𝑓  = 1 MHz than the E8257D 

phase noise. From 𝑓  = 2.41 GHz, a/b = 𝜔 /𝜔  = 0.587. 

The phase noise floor rise is about 10 log √1 + 0.587 =0.64 dB. Therefore, the phase noise floor rise can be neglected. 

For 𝑓  = 8 GHz and 𝑓  = 2.41 GHz, the measured phase 

noise of E8257D for M = 10,000 is compared in Fig. 8, and it 

 
Fig. 7. The proposed technique of the ADC clock jitter removal 

involves the suppression of the uncorrelated parts of 𝜙 and 𝜙 . 

Table 1. Comparison of the traditional and proposed phase noise 

measurement methods 

Method 
Added reference signal 

phase noise 

Phase noise floor rise from 𝑃 (𝑓 ) (dB)

Traditional a2Sref(fm)/b2 10log(1 + a2/b2)

Proposed 0 5log(1 + a2/b2)

 
Fig. 8. The measured phase noise of E8257D from Keysight Tech-

nologies using the proposed phase noise measurement method 

for M = 10,000. The frequency and power of E8257D are 

1.4151 GHz and 5 dBm, respectively. The reference signal 

frequency 2.41 GHz is provided using E4438C from Keysight 

Technologies.
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shows remarkable agreement with that measured by E5052B. 

The imaginary part is also shown in Fig. 8, which is about 10 

dB lower than the real part. Therefore, the uncorrelated noise is 

found to be sufficiently attenuated compared with the correlated 

noises. 

To compare the proposed and traditional methods, the phase 

noise of E8257D is measured again using the traditional meth-

od. In the traditional method, the reference signal is the 50 MHz 

OCXO from Wenzel Associates [25], and its phase noise is 

shown in Fig. 9. The phase noise of Wenzel OCXO is measured 

using R&S FSPN, and it is about -184 dBc/Hz at 𝑓  = 100 

kHz. The measured phase noise for 𝑓  = 8 GHz using the tradi-

tional method shows a significant gap with that measured by 

E5052B. Even the measured phase noise for 𝑓  = 16 GHz, 

which is the maximum sampling frequency of MXR608A for 

the lower phase noise floor, shows a significant gap.  

This is because the phase noise floor rise is quite high to 

measure the phase noise of E8257D. Due to the significant 

phase noise floor rise, it can be seen that the two-phase noises 

measured using the traditional methods show a significant gap. 

For the selected 50 MHz reference signal, the phase noise floor 

rise and the added reference phase noise between the proposed 

and traditional methods are compared in Table 2.  
From Table 2, the reference phase noise in 𝑆 (𝑓 ) is -155 

dBc/Hz and the reference signal phase noise in 𝑆 (𝑓 ) can be 

neglected. However, the phase noise floor rise is 29 dB, and the 

resulting phase noise floor at 𝑓  = 8 GHz and M = 10,000 is 

about -127 dBc/Hz, which is quite high for measuring the 

SUT phase noise having a value of about -150 dBc/Hz. Even 

the improved phase noise floor obtained by altering 𝑓  = 16 

GHz and M = 10,000 is -130 dBc/Hz, which is still high for 

measuring the SUT phase noise. Thus, due to the significant 

phase noise floor rise, the correct value of the SUT phase noise 

cannot be measured. 

From Fig. 9, we can conclude that the correct SUT phase 

noise cannot be measured using the traditional method when 

the SUT frequency is higher than the reference signal frequency. 

A higher SUT frequency generates a higher phase noise floor. 

Consequently, the measurement of the correct phase noise for a 

higher-frequency SUT is not possible. It should be noted that 

the traditional method raises the phase noise floor in the course 

of the ADC jitter removal. Note that the phase noise floor of 

the digital oscilloscope is sufficiently low. In contrast, the 

proposed method almost preserves the phase noise floor of the 

digital oscilloscope, and the phase noise of E8257D can be suc-

cessfully measured. 

 

2. Function Generator 33600A 

The second SUT is the function generator 33600A [27] from 

Keysight Technologies. The frequency and power are set to 

49.1 MHz and 5 dBm, respectively. This is the case when the 

SUT frequency is close to the reference signal frequency. The 

phase noise of 33600A is measured using E5052B (Fig. 10). The 

phase noise at a frequency offset of 1 MHz is about -146 dBc/Hz. 

To measure the phase noise using the proposed method, the 

sampling frequency 𝑓  = 4 GHz is selected. The phase noise floor 

for M = 10,000 is about -153 dBc/Hz, which is low enough to 

measure the phase noise of 33600A with -146 dBc/Hz. The 

signal generator E8257D is used for the reference signal, and its 

frequency is set to 1.4151 GHz. For the selected reference signal, 

the phase noise floor rise and the added reference signal phase 

noise are computed in Table 3. From the table, it can be seen 

that the phase noise floor rise for the proposed method is 

negligible. The measured SUT phase noise using the proposed 

method for M = 10,000 is shown and compared in Fig. 10. The 

measured phase noise using the proposed method shows re-

Table 2. Comparison of the traditional and proposed phase noise 

measurement methods for E8257D 

 
Method

Traditional Proposed

Reference signal  

Frequency 50 MHz 2.41 GHz

Phase noise (dBc/Hz) at  

fm = 100 kHz

-184 -127 

Phase noise floor rise from 𝑃 (𝑓 ) 29 dB 0.64 dB 

Added reference signal phase 

noise (dBc/Hz)

-184 + 29 = -155 0 

 
Fig. 9. Comparison of the phase noise of E8257D measured using 

the traditional phase noise measurement method with that 

measured by E5052B. The frequency and power of E8257D 

are 1.4151 GHz and 5 dBm, respectively. The average number 

for M = 10,000, and the reference signal is 50 MHz Wenzel 

OCXO. 
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markable agreement with that measured by E5052B. The imag-

inary part of this work is shown in Fig. 10, which is about 10 dB 

lower compared with the real part. 
The phase noise of 33600A is measured again using the 

traditional method. The 50 MHz OCXO from Wenzel Asso-

ciates is the reference signal for the traditional method. The 

same sampling frequency 𝑓  = 4 GHz as the proposed method 

is used. For the 50 MHz reference signal, the phase noise floor 

rise and the added reference signal phase noise are computed 

and shown in Table 3. 

From Table 3, it can be seen that the 50 MHz reference sig-

nal adds a negligible reference signal phase noise to 𝑆 (𝑓 ), 

and the SUT phase noise can be directly determined from 𝑆 (𝑓 ). However, the phase noise floor rises by about 3 dB, and 

the resulting phase noise floor is about -150 dBc/Hz. The 

phase noise floor -150 dBc/Hz is close to the SUT phase noise 

-146 dBc/Hz. Fig. 11 shows the measured phase noises using 

the traditional method for 𝑓  = 4 GHz. It can be seen that the 

measured phase noise using the traditional method shows a 

close agreement with a lower 𝑓 , but it shows the gap at far out 𝑓 . The gap of 1.5 dB at a higher 𝑓  is due to the phase noise 

floor rise. Therefore, we can find that the traditional method 

yields the SUT phase noise close to the correct one for the SUT 

whose frequency is lower than the reference signal frequency. 

However, the method shows a significant gap for a higher-

frequency SUT. 

 

3. Phase Noise Floor 

The Wenzel 50 MHz OCXO was selected as the third SUT. 

The E8257D is used as the reference signal, and its frequency 

was set to 1.4151 GHz. The phase noise of the Wenzel 50 MHz 

OCXO is about -180 dBc/Hz as shown in Fig. 9. Therefore, 

the sampling frequency is set to 𝑓  = 16 GHz for the lowest 

phase noise floor. According to Section III-1, when 𝑓  = 16 GHz 

and M = 10,000, the phase noise floor is estimated to be about 

-160 dBc/Hz, which is the lowest phase noise floor value. 

Taking the phase noise value of about -160 dBc/Hz into 

consideration, the phase noise of the SUT, the Wenzel 50 MHz 

OCXO cannot be measured. The measured phase is inferred to 

show the phase noise floor value of -160 dBc/Hz. The measured 

phase noise of the Wenzel 50 MHz OCXO is shown in Fig. 12. 

As expected, it can be seen that it has a phase noise of about 

-160 dBc/Hz above 𝑓  = 100 kHz. The measurement in Fig. 

12 provides a way of measuring the phase noise floor value or 

the sensitivity of the phase noise measurement system. In other 

words, the system phase noise floor can be alternatively deter-

mined by measuring the phase noise of the SUT whose phase 

Fig. 10. The comparison of the phase noises of the function genera-

tor 33600A measured by the proposed method for M = 

10,000 and by E5052B. The frequency and power of 33600A 

are 49.1 MHz and 5 dBm, respectively. The reference signal 

frequency is set to 1.4151 GHz, and the sampling frequency 𝑓  = 4 GHz. 

 

 
Fig. 11. The phase noises of the function generator 33600A measured 

using the traditional method for M = 10,000 and Keysight 

E5052B. The frequency and power of 33600A are 49.1 MHz 

and 5 dBm, respectively. In the traditional method, the 

reference signal is the 50 MHz OCXO from Wenzel Asso-

ciates. 

Table 3. Comparison of the traditional and proposed phase noise 

measurement methods for 33600A 

 
Method 

Traditional Proposed

Reference signal 

Frequency 50 MHz 1.4151 GHz

Phase noise (dBc/Hz) at 

fm = 100 kHz 

-184 -132 

Phase noise floor rise from 𝑃 (𝑓 ) 

2.9 dB 2.4 × 10 
-4 dB

Added reference signal 

phase noise (dBc/Hz) 

-184 - 0.15 = -184.2 0 
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noise is below its phase noise floor value instead of the analysis 

explained in Section III-1. Therefore, the phase noise floor 

of the phase noise measurement system in this paper is about 

-160 dBc/Hz. 

VI. CONCLUSION 

In this paper, we proposed a phase noise measurement method 

using a 10-bit digital oscilloscope MXR608A from Keysight 

Technologies. In addition, we analyzed the ADC phase noise 

floors and the phase noise due to ADC clock jitter. To evaluate 

the proposed phase noise measurement method, the phase noises 

of the synthesized signal generator E8257D and the function 

generator 33600A from Keysight Technologies were measured. 

The phase noises measured using the proposed phase noise 

measurement method were compared with those measured using 

E5052B. The measured phase noises using the proposed phase 

shows close agreements with those measured with E5052B. 

To assess the proposed phase noise measurement method, 

the phase noise floors of the various general-purpose spectrum 

analyzers [28] and E5052B for the number of correlation (=100) 

are shown in Fig. 13. In the case of the spectrum analyzers, typ-

ical values instead of specification values were employed to plot. 

In addition, the phase noise floor of this work was shown for 

comparison. As shown in Fig. 13, the phase noise floor of this 

work is far below those of the spectrum analyzers. Therefore, 

although the phase noise floor of the proposed technique still 

does not reach that of E5052B, it can be used to measure the 

phase noise of various SUTs below the phase noise floors of 

general-purpose spectrum analyzers. 

Table 4 compares this work with other works on digital phase 

noise measurements. Although the number of the ADC bits of 

this work is smaller compared with other works (phase noise 

floor degradation of about 20 dB more), the phase noise floor is 

comparable or better. In particular, the bandwidth is wider than 

any other works, which is advantageous as a phase noise 

measurement equipment. We believe that the proposed method 

is valuable when considering future advances in the number of 

ADC bits and the bandwidth of digital oscilloscope hardware. 

 

This work was supported by research fund of Chungnam 

National University. 

  

 
Fig. 12. The phase noise of the Wenzel 50 MHz OCXO measured 

using the proposed method. The E8257D is used as the 

reference signal, and its frequency is set to 1.4151 GHz. 

 

 
Fig. 13. The phase noise floors of this work, the various spectrum 

analyzers, and SSA E5052B for the number of correlation 

(=100). The spectrum analyzer phase noise floors are plot-

ted using typical values, and option 503, 507 are assumed 

for the spectrum analyzers. 

 
Table 4. Comparison of this work with other digital phase noise 

measurements 

 
Grove et al. 

[10]

Imaike  

[13] 

D’Arco and 

de Vito [14]

This  

work

Oscilloscope No No Yes Yes

ADC bits 14–15 16 8 10

Bandwidth 

(MHz)

1–30 15a 6,000 6,000 

Hardware ADC, 

FPGA

Data capture - Data capture

Clock phase 

noise compen-

sation

Yes No No Yes 

Phase noise 

floor (dBc/Hz)

-173 -155 -106 -160b 

aBandpass filter of 15 MHz bandwidth is employed. 
b𝑓  = 16 GHz, M = 10,000. 
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I. INTRODUCTION 

In the past, radar receiver modules mostly used GaAs 

pHEMT (pseudomorphic high electron mobility transistor) 

low-noise amplifiers because they have a highly efficient power 

performance due to low voltage operation and a high driving 

current capability and exhibit high operation frequency from 

their inherent high electron mobility. RF input signals in a 

transmitter module are amplified in a high-power amplifier and 

are radiated through an antenna, but some of the transmitting 

signals are reflected from the antenna and enter a receiver module. 

Depending on their power level, such leaked or reentered signals 

may cause malfunctions in or fatal damage to the receiver 

module. To prevent these unwanted operation results and pro-

tect the receiver module from outside high-power signals, an 

additional protection circuit, such as a limiting circuit, is re-

quired to cut off the leaked signals from the transmitter or to at 

least reduce their signal magnitude. The additional circuit, 

placed in front of a low-noise amplifier in the receiver module, 

increases the module size and degrades the noise figure of the 

receiver system [1–4]. 

To overcome these limitations, many recent studies have been 

conducted on RF receiver modules using GaN HEMTs. Because 

a GaN HEMT has larger breakdown voltage, superior linearity 
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at a high-power operation mode, high electron mobility, and 

high thermal conductivity compared with Si and GaAs devices, 

we did not need additional protection circuits for receiver 

protection. In addition, using a GaN HEMT instead of Si or 

GaAs devices in the receiver module has sufficient merits in 

terms of module compactness and system noise performance 

[5–9]. In this paper, we present designed and measured results of 

a C-band GaN dual-feedback low-noise amplifier MMIC with 

high robustness based on the 0.2 μm GaN HEMT process of the 

Electronics and Telecommunications Research Institute (ETRI). 

II. DESIGN OF C-BAND GAN LOW-NOISE  

AMPLIFIER MMIC 

1. GaN HEMT 

In this work, S-parameter data for a GaN HEMT with gate 

fingers of 4 μm × 100 μm, which is measured up to 26 GHz at 

the bias conditions of 𝑉  = -3.5 V, 𝑉  = 20 V, and 𝐼  = 

40 mA, were used for simulations. The S-parameter data show 

that the maximum available gain is 15.5–18.4 dB and the 

minimum noise figure is 0.47–0.78 dB in the C-band frequency 

region, with the reference planes on the gate and drain pads. 

The cutoff frequency 𝑓  and the maximum oscillation frequency 𝑓  of the transistor were extrapolated from the S-parameter 

data and were estimated to be 31.7 GHz and 70.3 GHz, respec-

tively. 

Table 1 shows the design specifications of a C-band low-

noise amplifier MMIC that requires a linear gain of 21 dB or 

more and a noise figure of 2 dB or below in 5–6 GHz. We used 

measured noise parameters in the S-parameter data file for noise 

simulation, and, for linear simulation, applied an equivalent 

inductor model, which was extracted from electromagnetic 

momentum simulation, and an equivalent capacitor model, 

which was based on the dielectric properties of the ETRI 

HEMT process. 

 

2. Circuit Stabilization 

A low-noise amplifier requires a stability factor larger than 1 

both within and outside the design frequency band to prevent 

unwanted circuit instability. However, the S-parameter simula-

tion results of the transistor showed that it was unstable at the 

bias conditions of 𝑉  = -3.5 V, 𝑉  = 20 V, and 𝐼  = 40 mA. 

To measure the circuit with no oscillation, we first stabilized the 

transistor and then proceeded with a design and simulation 

procedure of the matching circuits for the noise/gain matching. 

The stabilized circuit for the transistor is shown in Fig. 1 and 

has a configuration of a source feedback inductor 𝐿  and a 

gate-drain shunt feedback RC circuit of the resistor 𝑅  and the 

capacitor 𝐶 . 
Fig. 2 shows the variation of input, output, and optimum 

noise impedance traces via the dual-feedback effect on a Smith 

chart when the transistor is stabilized with the help of the 

source inductive feedback and the RC gate-drain shunt feed-

back in Fig. 1. The source inductor 𝐿 , which was implemented 

using a microstrip line, improves circuit stability in a higher 

frequency region of the operation bandwidth and moves the 

impedances at the gate and drain ports of the transistor to the 

impedance region close to 50 Ω, thus making it easy to obtain 

 
Fig. 1. Circuit stabilization using the inductive source feedback and 

the gate-drain RC shunt feedback. 

 

 
Fig. 2. Variation of the input, output, and optimum noise impedance 

traces via the dual-feedback effect (① inductive source 

feedback, ② gate-drain shunt feedback).

Table 1. Design specifications of the C-Band GaN low-noise am-

plifier MMIC 

Parameter Value 

Frequency (GHz) 5–6 

Associated gain (dB) ≥21 

Noise figure (dB) ≤2 

Input return loss (dB) ≥10 

Size (mm) ≤1.7 × 1.7 
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compromised matching traces for the input impedance matching, 

optimum noise matching (𝑆 ), and output impedance match-

ing. The gate-drain shunt feedback circuit of 𝑅  and 𝐶  

improves stability in the lower frequency band and moves the 

impedance traces to the impedance region where the impedance 

matching is possible only with a small number of passive ele-

ments. Considering the trace of S22, the output impedance 

matching can be implemented only with an inductive shunt 

drain bias line and a blocking capacitor. The movement of the 

impedance traces via dual feedback makes it easier to achieve 

wideband matching and reduces the chip area by decreasing the 

number of passive matching elements. While the feedback 

circuits of the transistor provide advantages in terms of choosing 

the input impedance and optimum noise impedance and secur-

ing circuit stability, they degrade the available gain and noise 

figure. To reduce this degradation, we used a minimum-length 

microstrip line at the transistor source to provide a minimum 

stability factor in the design frequency range, and the same 

approach was applied to the gate-drain feedback circuit for the 

optimum combination of 𝑅  and 𝐶 . The width and length of 

the microstrip lines at the source ports of the transistors in the 

first stage and the second stage were 17 μm/250 μm and 25 

μm/130 μm, respectively, and the resistors and capacitors of the 

first and second stages were 0.5 pF/1.3 kΩ and 2.5 pF/0.5 kΩ, 

respectively. 

 

3. Input, Output, and Noise Matching Circuit Design 

To achieve the design specifications in Table 1, we used a 

dual-feedback two-stage configuration for a C-band amplifier 

MMIC.  
Fig. 3 shows a schematic circuit diagram of the proposed C-

band GaN low-noise amplifier. When the transistor was stabi-

lized by the dual-feedback structure in the C-band frequency 

region, the optimum source impedance for the maximum avail-

able gain and the optimum noise impedance for the minimum 

noise figure of the first-stage transistor were 𝑍 ,  = 14.87 + 

j38.23 Ω and 𝑍 ,  = 81.75 + j31.06 Ω at 5 GHz. The 

expected available gain was 14.9 dB at the optimum source 

impedance, and the expected noise figure was 1.03 dB at the 

optimum noise impedance. To proceed with the circuit design, 

we needed a compromised impedance for the gain, noise figure, 

and input return loss, which we found was 35.05 + j20.28 Ω at 

5 GHz. The simulation showed a linear gain of about 13 dB, a 

noise figure of 1.3 dB, and an input return loss of more than 

10 dB at the compromised source impedance. After the input 

impedance, the optimum gain impedance and optimum noise 

impedance of the second-stage transistor were investigated in 

the same manner, with a newly compromised impedance of 

34.61 + j25.93 Ω being drawn at 5 GHz. Using the source and 

load impedances extracted from each stage, we designed the 

input matching circuit of the first stage and the output match-

ing circuit of the second stage, and we then implemented the 

interstage matching circuit between the first stage and the second 

stage with the input and output matching circuits attached. 

To minimize the number of passive matching elements in the 

input and output matching circuits, the matching circuits were 

composed of inductive drain bias lines, DC blocking capacitors, 

and microstrip lines for the interconnection between passive 

elements. The interstage matching circuit can provide additional 

low-frequency stability by introducing an intentional low-

frequency mismatch, one which decreases the low-frequency 

gain while maintaining noise performance. 

Because the gate and drain bias conditions of the first stage 

were the same as those of the second stage, we used a gate bias 

pad and a drain bias pad for the two stages and added a gate bias 

resistor of 270 Ω and a drain bias resistor of 2.5 Ω to suppress a 

potential loop feedback oscillation through the pads between 

the stages. Also, to prevent unpredictable low-frequency oscilla-

tion, we inserted RC shunt traps into the bias lines. Fig. 4 shows 

the designed impedance traces of the input, interstage, and output 

matching circuits. 

III. MEASUREMENT RESULTS 

Fig. 5 shows a photograph of the C-band low-noise amplifier 

MMIC that was fabricated using the 0.2 μm GaN HEMT 

process of ETRI. The chip occupies an area of 1.62 mm × 1.62 

mm, including RF and DC pads whose positions were fixed for 

the direct connection of a whole transceiver chip. The bare chip 

was attached on an Al carrier using a silver epoxy for on-wafer 

measurement. 

Fig. 6 shows simulated and measured S-parameters at 𝑉  = 

20 V and 𝐼  = 41 mA. The on-wafer measurement was 

accomplished using a cascade on-wafer probe system and a  
Fig. 3. Schematic circuit diagram of the proposed C-band GaN 

low-noise amplifier. 
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Keysight network analyzer (model N5230). The measured S21 

was 23.9 dB at 6 GHz, which had a very small difference of 0.2 

dB compared with the simulated S21 of 24.1 dB. The measure-

ment demonstrated a linear gain of more than 21 dB, an input 

return loss of more than 9.5 dB, and an output return loss of 

more than 12.2 dB, from 4.3 GHz to 7.4 GHz. Overall, com-

pared with the simulated results, the measured gain and input 

return loss shifted upward by about 0.5 GHz, and the input 

return loss was slightly degraded. 
Fig. 7 compares the measured noise figure of the fabricated 

low-noise amplifier with its simulated noise figure. A Keysight 

noise analyzer (model N8975A) and noise source (model 

N4002A) were used for the noise measurement, and RF probes 

     (a) (b) (c) 

Fig. 4. Impedance traces of the input, interstage, and output matching circuits: (a) input impedance trace, (b) interstage impedance trace 

(𝑍 ,  = 62.2 - j23.2 Ω), and (c) output impedance trace. 

 

 
Fig. 5. Photograph of the fabricated C-band low-noise amplifier 

MMIC chip. 

 

 
Fig. 6. Comparison of the simulated and measured S-parameter results.

 
Fig. 7. Comparison of the simulated and measured noise figures.
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and cables for the measurement were de-embedded using their 

own S-parameters to extract the noise figure of the low-noise 

amplifier itself. The simulated and measured noise figures were 

1.63 dB and 1.65 dB at 6 GHz. The latter had a ripple of 

0.16 dB, which was caused partly by the measurement process 

in an open—not shielded—environment. Overall, the measured 

noise figure was less than 2 dB in the C-band frequency region. 

The measured noise figure exhibited frequency downshifts from 

the simulated results, which was a characteristic opposite to 

those of the gain and input return loss. This is because the input 

impedance trace moved closer to the optimum noise impedance 

rather than to the optimum gain impedance, which could be 

identified through the improvement of the noise figure in a 

lower frequency band. 
Fig. 8 shows the variation of the output power and power 

gain with the input power at 6 GHz, which had an output 1dB 

compression point (P1dB) of 19.4 dBm and a power gain of 

22.4 dB at P1dB.  

The third-order intermodulation distortion (IMD3) measure-

ment was performed using two Keysight signal generators (model 

E8267D and E8257D) and a spectrum analyzer (model E4446A) 

from 4.5 GHz to 6.5 GHz, with the frequency step of 0.5 GHz. 

Fig. 9 shows the measured IMD3 output power at 6 GHz, with 

two-tone input signals of 𝑓  = 6.05 GHz and 𝑓  = 6.1 

GHz applied. The output power at 𝑓  and the high-band 

IMD3 are not displayed because they are the same as those in 

Fig. 9. As shown in Fig. 9, the IMD3 measurement demon-

strated an output third-order intercept point (OIP3) of 25.9 

dBm, which corresponded to an input third-order intercept 

point (IIP3) of 2.5 dBm. 

Table 2 shows the measured results of the power gain, P1dB, 

IIP3, and OIP3 from 4.5 GHz to 6.5 GHz with the frequency 

step of 0.5 GHz. P1dB was measured to be 16 dBm or more, 

and OIP3 was measured to be 25.5 dBm or more, in a whole 

frequency region, except at 4.5 GHz.  

Table 3 compares our results with those of previously pub-

lished C-band low-noise amplifiers [10–15]. Our fabricated C-

band low-noise amplifier MMIC demonstrated better gain per-

formance than [12] and [14] while maintaining a similar size, 

and also showed performance similar to [11] and [13], but 

achieved a size reduction of 46% and 27%, respectively. There-

fore, our work shows comparable or superior performance in 

terms of the bandwidth, gain, noise figure, and chip area, com-

pared with other previously published works. 

IV. CONCLUSION 

In this work, a C-band low-noise amplifier MMIC was 

designed and fabricated using the ETRI’s 0.2 μm GaN HEMT 

MMIC process. By obtaining stability in both the low-frequency 

and high-frequency regions with the dual feedback of the in-

ductive source feedback and the RC gate-drain shunt feedback, 

and by implementing a simple matching circuit for the com-

promised impedance trace of the input/output gain matching 

 
Fig. 9. Measured third-order intermodulation (IMD3) results of the 

low-noise amplifier at 6 GHz with two-tone input signals 

(𝑓  = 6.05 GHz, 𝑓  = 6.1 GHz, ∆𝑓 = 50 MHz). 

 

Table 2. Measured results of the power gain, P1dB, IIP3, and OIP3 

with the frequency 

Frequency 

(GHz)

Power gain

(dB)

P1dB 

(dBm) 

IIP3 

(dBm)

OIP3 

(dBm)

4.5 21.1 14.3 2.2 23.3

5 22.8 16 2.7 25.5

5.5 23.7 17.5 2.4 26.1

6 23.4 19.4 2.5 25.9

6.5 22.5 20.1 5.6 28.1

 
Fig. 8. Variation of the output power and power gain of the low-

noise amplifier with the input power (𝑓  = 6 GHz).
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and optimum noise matching, we reduced the loss of the 

matching circuits and achieved wideband performance together 

with the small chip area. The fabricated low-noise amplifier 

MMIC had an operation bandwidth of 4.3–7.4 GHz, which is 

wider than the original design bandwidth of 5–6 GHz, and 

achieved a linear gain of 21.4–24.4 dB, a noise figure of 1.47–

1.91 dB, and an input return loss of 9.5–14.8 dB. The power 

measurement showed that the output P1dB was 14.3–20.1 dBm, 

while the IIP3 was 2.2–5.6 dBm. The fabricated amplifier can 

be effectively used for radar receiver components and modules 

that should be able to endure high input power and require a 

small form factor. 
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I. INTRODUCTION 

Radio and radar receivers can receive and process extremely 

small signals. Since the receivers must work well without dam-

age even with a significantly large incident signal, they must be 

protected by having a power limiter in front of the low-noise 

amplifier [1–3]. A power limiter consists of DC blocking capac-

itors, a radio frequency (RF) choke, and a positive-intrinsic-

negative (PIN) diode. The RF choke is connected parallel to the 

signal path of the power limiter. The anode and cathode of the 

PIN diode are connected to the signal path of the power limiter 

and ground, respectively. If a considerably large signal is applied 

to the power limiter, the PIN diode becomes on-state limits the 

signal, and protects the receiver. However, if a small signal is 

applied to the power limiter, the PIN diode becomes off-state 

and must pass through the power limiter without any signal loss.  

In this letter, we analyzed the characteristics of the power 

limiter based on the parasitic inductance generated when con-

necting the PIN diode. Thereafter, we proposed a structure of a 

power limiter to reduce parasitic inductance. 

II. ANALYSIS OF THE PIN DIODE CONNECTION METHOD 

Fig. 1 shows a simplified circuit diagram of a single-stage 

power limiter and an equivalent circuit model of a PIN diode in 

the off-state. LS represents the stray inductance of the bond wires. 
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(a) (b) 

Fig. 1. (a) A simplified single-stage power limiter circuit, and (b) 

an equivalent circuit of a PIN diode in off-state. 

 

When a small signal enters a power limiter, the PIN diode 

enters the off-state; a power limiter is thus crucial for the lossless 

transmission of the input signal to the next stage. Fig. 2 shows 

the simulation results of the insertion and reflection losses in 

both structures, as the LS is changed by a 0.2 nH interval from 

0.2 nH to 1.0 nH when the PIN diode is in the off-state. Here, 

with reference to Skyworks CLA-4605, CD and RD were ap-

plied 0.2 pF and infinity ohm, respectively [4]. CIN and COUT 

both were applied 100 pF, and RFC was applied 22 nH. We 

can observe that the smaller the LS, the better the insertion and 

reflection loss characteristics of the power limiter. 

III. RESULTS 

Typically, a packaged PIN diode [4] is applied to a power 

limiter. However, it adds parasitic inductance and capacitance 

due to the packaging, and it degrades the power limiter perfor-

mance. Therefore, we employed the bare die of the PIN diode 

directly into the power limiter and proposed a cavity structure to 

minimize parasitic components. Fig. 3 shows the cross-sectional 

views of the conventional and proposed structures to minimize 

the parasitic inductance caused by connecting a PIN diode to a 

power limiter. The proposed structure can minimize the length 

of the bond wire by equalizing the height to the signal path of 

the power limiter and the anode of the PIN diode [5, 6]. A 

700-μm hole was formed to embed a PIN diode in the PCB. 

The heights of the PIN diode and substrate were adjusted to the 

convex structure of the metal jig bonded under the substrate. 

The bond wire had a length of approximately 400 μm, which 

was approximately 200 μm less than that of the conventional 

structure (600 μm). 

The PIN diode used in the power limiter was made of a six-

inch silicon wafer using the Electronics and Telecommunica-

tions Research Institute’s infrastructure. Fig. 4 shows photo-

graphs of the six-inch silicon wafer and a bare die having a size 

of 460 μm × 460 μm, and the measurement results of the PIN 

diode’s bare die. The breakdown voltage of the PIN diode is 

73 V, and the junction capacitance (Cj) at a frequency of 1 MHz 

is 0.113 pF at a cathode voltage of 0 V. 
Two power limiters with conventional and proposed struc-

tures were fabricated using a 12-mil RO4003C substrate with a 

copper metal of 1/2 oz. Fig. 5 shows a photograph of the power 

limiter fabricated using the proposed structure. The PIN diode 

is embedded in the cavity of the substrate and then connected to 

a bond wire with a minimum length of 400 μm. Because the 

 
Fig. 2. Simulated S-parameters by change of LS when the PIN diode 

is in the off-state. 

 

(a) (b) 

Fig. 3. Cross-sectional view of (a) conventional and (b) proposed 

structure for a PIN diode connected to a power limiter.

 
Fig. 4. Photographs and measured junction capacitance and reverse 

breakdown voltage characteristics of the implemented PIN 

diode. 

 

 
Fig. 5. Measured S-parameters of the two power limiters and photos 

of the proposed power limiter. 
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anode diameter of the PIN diode is 40 μm, a gold bonding wire 

with a diameter of 20 μm was used to connect each side to the 

input and output, as shown in the enlarged photo in Fig. 5. 

Furthermore, Fig. 5 shows the measured S-parameters of the 

two power limiters, and it is evident that the parasitic inductance 

owing to the bond wires affects the insertion and return losses of 

the power limiter. 

Fig. 6 shows the characteristics of the output power as a func-

tion of the input power for the conventional and proposed power 

limiters. The pulsed-input signal has a pulse width of 10 μs and 

a duty cycle of 1% at a frequency of 3.5 GHz. The power limiters 

using the conventional and proposed structures have an insertion 

loss of 0.6 dB and 0.4 dB, respectively, and an output P1dB of 

20.4 dBm and 21.8 dBm, respectively. 

IV. CONCLUSION 

We analyzed the PIN diode connection structure in a power 

limiter to protect the RF receiver, and we proposed a structure 

to minimize the parasitic inductance. The power limiter using 

the self-developed PIN diode showed an insertion loss of less 

than 0.5 dB at S-band (2–4 GHz) and an output P1dB of 

21.8 dBm at 3.5 GHz. 

This material is based upon work supported by the Civil-

Military Technology Cooperation Program (No. 19CM50 

79) and by the National Research Council of Science & 

Technology (NST) grant by the Korea government (MSIT) 

(No. CRC-19-02-ETRI). 
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International System of Units (SI). All units must be preceded by one space except percentages (%) and 
temperatures (°C).
 Abbreviations must be used as an aid to the reader, rather than as a convenience of the author, and 
therefore their use should be limited. Generally, abbreviations that are used less than 3 times in the text, 
including tables and figure legends, should be avoided. Standard SI abbreviations are recommended. Other 
common abbreviations are as follows (the same abbreviations are used for plural forms): h (hour), min 
(minute), s (second), d (day), wk (week), mo (month), y (year), L (liter), mL (milliliter), μL (microliter), g 
(gram), kg (kilogram), mg (milligram), μg (microgram), ng (nanogram), pg (picogram), g (gravity; not g), nm 
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(microfarad), mH (millihenry), n (samplesize), SD (standard deviation of the mean), and SE (standard error of 
the mean).
 

VII. Accepted Manuscript
 Once the review process has been completed with a decision of acceptance, the final manuscript 
accommodating all of the reviewers’ comments should be submitted along with photos of the authors and 
their brief biographies (including major research areas). The accepted papers will be published, in principle, 
in the order of initially submitted dates subject to decision of the Editorial Board.
1. Page Proofs 
 Authors will be given an opportunity to review the laser printed version of their manuscripts before 
printing. One set of page proofs in PDF format will be sent by e-mail to the corresponding author. The 
review should be solely dedicated to detecting typographical errors.

2. Publishing Charge
The publishing charge for general publishing is KRW 450,000 (USD 450) for up to the first 6 pages. For 7 
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The Korean Institute of Electromagnetic Engineering and Science (KIEES)

2023 KIEES Winter Conference
 Hybrid (In-Person and Virtual) Conference

CALL FOR PAPERS

February 15 (Wed.) ~ February18 (Sat.), 2023 
Haevichi Hotel & Resort Jeju, Jeju Island, Republic of Korea

https://www.kiees.or.kr

Important Dates

•Paper Submission Deadline December 30 (Fri.), 2022  
•Acceptance Notification January      20 (Fri.), 2023 
•Early Bird Registration December 23 (Fri.), 2022 ~ February 8 (Wed.), 2023  

Topics of Interest

• EMI/EMC/EMP • EM Theory & Computational EM • Microwave/mmWave Passive Circuits • Microwave/mmWave Active Circuits

• EM Components and Materials • Radio Wave Propagation & Scattering • Antenna Theory & Design • THz/Optical Systems & Components

• IoT & Sensor Network • Radar & Remote Sensing • CR/SDR • EM Bio-effects & EMF

• Biomedical Applications • Satellite and Cosmic Radio Waves • Wireless Communication  Systems • Radio & Broadcasting Policies/Standards

• EM Measurement • Wireless Power Transfer & Energy Harvesting • Electronic Warfare & EM Security • Broadcasting Technologies/Applications

• Emerging Technologies (B5G, AI, Deep Learning, etc.)

* Presentation Time
- Oral presentations : 15 minutes (Including Q&A)       
- Poster presentations : 1 hour

Paper Submission Guideline
• The first author must be a member of KIEES to submit a paper.
• Paper submission website : https://www.kiees.or.kr/ → Login →	행사/행사안내	→	학술대회	상세정보 

- The paper template can be downloaded from the conference website.
• The paper length is limited to 1 page (size : A4) unless author applies for the Best Paper Award.

- For the Best Paper Award competition, the paper length must be 2 pages (1-page paper for industry or research institute).
- The author is required to choose a competition area among AP/EMC/MTT/RADAR/Others.

•  The author can choose a preferred presentation type (oral or poster) during the paper submission process. However, it might be switched to another by the 
technical program committee with notice.

• Only an in-person(offline) presentation is offered for poster sessions.
• All undergraduate student papers will be assigned to poster sessions.

Additional Informaiton 
•   All papers submitted for the Best Paper Award will be judged by the award committee in the first round. Selected papers will then be presented in 

competition sessions held by each expertise (AP/EMC/MTT/RADAR/Others)
•  The 3rd Undergraduate Exhibition Competition 
The participants are advised to submit a poster A0 or twelve pages (A4) without submission of a paper. It is also possible for a first-year graduate student 
to get involved.

•  Authors of award-winning and recommended papers (by session chairs) will be asked to publish their works in a special issue of JKIEES* or JEES**. 
*JKIEES : Journal of Korean Institute of Electromagnetic Engineering and Science 
**JEES : Journal of Electromagnetic Engineering and Science (SCIE)

• Organizing a special session is highly encouraged. Please contact the conference secretariat for more information.

KIEES office (Secretariat)
 • Tel. +82-2-337-9666      • Fax. +82-2-6390-7550      • E-mail : kees@kiees.or.kr



AUTHOR CHECKLIST 
 

Title :                                                                                   

 
General  
□ This paper has not been and will not be published in any other journal.  

□ This paper follows the format of the KIEES paper submission guideline, is less than 12 pages long, including figures 

and tables (3 pages for a letter), and has a two-column layout. 

□ This paper includes a cover page, an abstract, keywords, main text, appendix, and references in the correct order. 

Each page has a consecutive page number.  

 
Cover page 
□ The cover page includes the title, authors, affiliation of all authors, identifier of the corresponding author, and provides 

contact information for the corresponding author (phone number, e-mail address, and mobile number).  

 
Abstract and key words 
□ An abstract is provided and is less than 500 words long.  

□ Fewer than 5 keywords are provided. 

 
Main text 
□ The reference number is written next to the quote.  

□ The chapter numbers are written in Roman numerals (I, II, III, IV…) and subheading numbers are written in Arabic 

numerals (1, 2, 3, 4…).  

 
References 
□ Sufficient Korean as well as international literature is referenced in the paper.  

□ Only the references used in the main text are included in the reference list and these are numbered according to their 

order of appearance. 

□ All reference citations follow the correct format indicated in the submission regulations. 

 
Figures and tables 
□ For the figures and tables, the first letter of the very first word is capitalized.  

□ All figure legends include both a title and a detailed explanation to help in understanding what the figure depicts.  

□ All tables are self-explanatory and do not repeat the content from figures or sources included in the main text.  
* Check each box after confirming that the statement is true.  

 
The authors of this paper have confirmed the above items, following the paper submission regulations of the Korean 

Institute of Electromagnetic Engineering and Science (KIEES), and are requesting publication of this paper.  

 

                       

                                                                                  /       / 2022 

Representative author: ____________________ (signature) 
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